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and ŷ polarizations. . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 75

4.9 (a) Photograph of the fabricated polarization converter. (b) Side view of the fabricated
prototype. . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 75

4.10 (a),(c) Simulated and (b),(d) measured total transmission coefficients of the transmit-
ted wave passed through the polarization converter for an incident wave propagating
in (a),(b) y − z and (c),(d) x− z planes of incidence. . . . . . . . . . . . . . . . . . . 76

4.11 (a),(c) Simulated and (b),(d) measured axial ratios of the transmitted wave passed
through the polarization converter for an incident wave propagating in (a),(b) y − z
and (c),(d) x− z planes of incidence. . . . . . . . . . . . . . . . . . . . . . . . . . . 77

5.1 Schematic models of (a) right-handed and (b) left-handed circular-polarization selec-
tive surfaces. . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 82

5.2 (a) Schematic model of an RH-CPSS. This CPSS is composed of two LP-to-CP polar-
ization converters that are separated by a linear polarizer. (b) This structure is trans-
parent to left-handed circularly-polarized waves and (c) it reflects the right-handed
circularly polarized waves. . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 85



xv

Appendix
Figure Page

5.3 Topology of the proposed CPSS composed of two LP-to-CP polarization converters
and a linear polarizer. The polarization converters are composed of two-dimensional
arrays of sub-wavelength capacitive patches and inductive wire grids having different
dimensions along the x and y directions. The layers are separated from each other by
thin dielectric slabs. The linear polarizer is composed of an array of sub-wavelength
strips that are titled 45◦ with respect to x̂- and ŷ-directions and is sandwiched between
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10.6 Illustration of a potential implementation of a MÆMS-based reflectarray antenna with
dynamic beam steering. Four piezo-electric actuators are placed on the corners of the
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ABSTRACT

Miniaturized-element frequency selective surface (MEFSS) is a class of sub-wavelength periodic

structures that is entirely composed of non-resonant elements. This dissertation investigates the

application of MEFSSs in designing various wavefront-manipulating structures including spatial

filters, polarization converters, polarization selective surfaces, transmitarrays, and reflectarrays.

These structures are presented in four parts of this dissertation. The focus of the first part is primar-

ily on the design of low-profile spatial filters for reducing the radar signature of antennas mounted

on military platforms. Broadband harmonic-free operations and narrowband highly-selective fre-

quency responses are two important features of the presented spatial filters. These features are

highly desired in low-observable antenna systems. In the second part, anisotropic versions of MEF-

SSs were employed in designing linear-to-circular polarization converters and circular-polarization

selective surfaces (CPSS). Broad bandwidths and wide angular stability of the frequency responses

are some of the key advantages of the proposed devices compared to the current state-of-the-art.

The third part of this dissertation presents the design of wideband true-time-delay (TTD) transmi-

tarrays and reflectarrays. The proposed transmitarrays and reflectarrays exploit the unit cells of ap-

propriately designed MEFSSs as their spatial time-delay-units (TDUs), and are extremely suitable

for broadband pulsed applications. Finally, in the last part, several mechanical tuning techniques

are proposed as potential ways to make the presented wavefront-manipulating structures tunable.

The proposed techniques do not require any electronic tunable devices and only rely on exploiting

mechanical movements or deformations in the fabric of the structure to achieve tunability over a

wide range.
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Chapter 1

Introduction

1.1 Motivation

Frequency selective surfaces (FSS) are engineered surface constructions designed to control the

wavefront of the propagating electromagnetic waves. If illuminated by an electromagnetic wave,

these surfaces act as barriers for the propagating waves and can modify the spectral content of the

waves as desired. For instance, they can be designed to engineer the magnitude and/or the phase of

the transmitted or reflected waves in any desired fashion to obtain certain functionalities. Fig. 1.1

shows a conceptual depiction of an FSS and its frequency response. Due to their versatile function-

ality, FSSs have been employed in a wide range of applications in physics and engineering ranging

from low radio frequencies [2] to infrared [3–6] and optical frequencies [7]. These applications

include spatial filters [2, 8], metamaterials and metasurfaces [9, 10], artificial magnetic conduc-

tors [11, 12], transmitarrays [13–15], and reflectarrays [16]. All these applications play significant

roles in both civilian and military sectors. For instance, as spatial filters, frequency selective sur-

faces have been extensively used in various stealth applications such reducing the RF signature in

low-observable platforms [2], reducing interference in indoor wireless environment [17, 18], and

shielding sensitive electronic devices from unwanted interference and jamming signals. Reflectar-

rays and transmitarrays have also emerged as a potential replacement for the traditional reflectors

and dielectric lenses as well as the flat phase arrays in many high-gain, pencil beam antenna appli-

cations. With the ongoing proliferation of commercial and military systems, a significant amount

of research has been devoted to the development of these systems over the past few decades. How-

ever, as with any technology, there are still many challenges remain unsolved. The focus of this
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Figure 1.1 (a) A conceptual depiction of a transmitting bandpass frequency selective surface. (b)
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dissertation is to introduce novel approaches and techniques to address the existing limitations and

to advance the current state-of-the-art in various planar microwave devices. These devices are

all designed based on a new class of sub-wavelength frequency selective surfaces – referred to as

miniaturized-element frequency selective surfaces (MEFSS) [1, 19–27]. In the following section,

a brief background review on miniaturized-element frequency selective surfaces is presented. This

review is then followed up by the description of the current state-of-the-art and the proposed so-

lutions. Finally, in the last section, an overview of the dissertation and the following chapters is

presented.

1.2 Background on Miniaturized-Element Frequency Selective Surfaces

Traditionally, frequency selective surfaces are implemented using periodic arrangements of

resonant elements. The elements used in such FSS can generally be categorized into two major

types of dipole-type and aperture-type elements [28–32]. Because of the duality principle, the fre-

quency responses of these two structures are expected to be dual of each other as shown in Fig. 1.2.

The FSS with dipole-type elements demonstrates a bandstop filtering performance while that with

aperture-type elements shows a bandpass response. Despite the differences in their performance,

these two types of FSSs share the same feature that their elements are resonant near the frequency
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Figure 1.2 (a) Topology of a bandpass FSS with aperture-type elements. (b) Topology of a
bandstop FSS with dipole-type elements.

of operation. It means that the length of either dipole or aperture is around half of the wave-

length at the frequency of operation. The higher-order frequency responses of such structures are

also achieved through cascading of these single-resonant FSS panels with the quarter wavelength

spacing between adjacent panels. A major drawback of resonant-type FSSs is the poor angular

performance. This sensitivity to the angle and polarization of the incoming waves originates from

the large variations of the induced electric currents on the elements, which is mainly due to the

bulkiness of the overall profile of the structures. Therefore, an intuitive method to improve the

angular performance of the FSSs is to miniaturize the overall profile of these structures. To this

end, over the past few years, a new class of frequency selective surfaces with sub-wavelength unit

cell dimensions - referred to as miniaturized-element frequency selective surfaces (MEFSS) is in-

troduced [1, 19–27]. In a contrast with traditional FSSs, these structures are entirely composed

of non-resonant elements. The unit cell sizes of MEFSSs is around 0.1λ◦ ∼ 0.15λ◦, with λ◦ be-

ing the operating wavelength [19]. The building blocks of MEFSSs are capacitive and inductive
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Figure 1.3 (a) A capacitive impedance sheet composed of a 2D array of sub-wavelength patches.
(b) An inductive impedance sheet composed of a 2D array of sub-wavelength wire grids.

impedance sheets that are implemented using 2D periodic arrangements of sub-wavelength ele-

ments. In this MEFSS configuration, each capacitive layer is typically in the form of a 2D periodic

arrangement of the sub-wavelength capacitive patches and each inductive layer is in the form of

a 2D periodic arrangement of inductive wire grids. Fig. 1.3 explains the behaviour of these two

surface through a quasi-static analysis. Employing these impedance sheets, any desired filtering

response can be synthesized. For instance, Fig. 1.4(a) shows the topology and the equivalent cir-

cuit model of an MEFSS structure with a bandpass response. In this structure, the capacitive and

inductive impedance sheets are repeated sequentially and separated from one another using thin

dielectric substrates. Fig. 1.4(a) also shows the equivalent circuit model of this MEFSS, which is a

bandpass coupled resonator filter. In this circuit model, the sub-wavelength capacitive patches are

modeled with parallel capacitors and the sub-wavelength inductive wire grids are modeled using

parallel inductors. The thin dielectric substrates separating the layers are also modeled with short

sections of the transmission lines. Another example of MEFSS structures is shown in Fig. 1.4(b).

This MEFSS structure has a low-pass type response and is composed of a number of capacitive

impedance sheets that are separated from one another using thin dielectric substrates. Fig. 1.4(b)

also shows the equivalent circuit model of the low-pass type MEFSS. Since the thin dielectric sub-

strates can be modeled as series inductors, this circuit model is practically a classic low-pass type
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Figure 1.4 (a) Topology, equivalent circuit model, and conceptual frequency response of a
bandpass-type MEFSS. (b) Topology, equivalent circuit model, and conceptual frequency

response of a lowpass-type MEFSS.

filter. As discussed in Section 1.1, frequency selective surface can be used to manipulate the mag-

nitude and/or the phase of the wave to obtain desired functionalities. This is also the case for the

band-pass type and low-pass type MEFSSs shown in Fig. 1.4 since they selectively filter out the

waves outside the transmission window and introduce a phase shift/time delay to the passing wave.

Depending on the application, therefore, these two structures can be used either as spatial filters

or as spatial phase shifters (SPS)/time-delay units (TDU). Due to such versatility, the band-pass

type and low-pass type MEFSSs are employed as the building blocks in majority of the structures

presented in this dissertation.
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1.3 Current State-of-the-Art and the Proposed Approach

The main goal of this dissertation is to introduce novel approaches to address the existing

challenges and to advance the current state-of-the-art in FSS-based microwave devices. Before

describing each new finding in great detail, a brief background on the existing challenges in each

category of these devices is presented in this section. In the following subsections, the current

state-of-the-art and its corresponding practical challenges in spatial filters, reflectarrays and trans-

mitarrays, and reconfigurable periodic structures is reviewed.

1.3.1 Spatial Filters

Based on the spatial filtering characteristics of frequency selective surfaces, they have been

extensively used for numerous applications. One common application of FSS is to use them to

reduce the radar cross section (RCS) of antennas used in low-observable or stealth platforms. In

such applications, the RCS of the antenna is reduced by shielding it from the outside environ-

ment using a shaped bandpass FSS that is transparent within the desired frequency of operation

of the antenna and opaque at other frequencies. While this approach works in principle, it suffers

from few practical design problems. One important practical challenge is the existence of multiple

spurious transmission windows occurring at frequencies higher than the main one in most FSSs

reported in the literature (e.g. see pp. 26-62 of [2]). Although the high frequency harmonics will

not impact the in-band performance, they could become critically important in certain stealth ap-

plications in which they coincide with a frequency at which the antenna presents a high RCS value.

Another important challenge in using FSSs to reduce the RF signature of the platforms is achiev-

ing a narrow-band and highly-selective filtering performance. Such a response is maybe useful in

designing radomes used for reducing the out-of-band RCS of a narrowband antenna. In addition

to having narrow bandwidth, to sufficiently attenuate strong out-of-band signals, such FSSs should

provide highly-selective responses with enough out-of-band rejection to perform the desired task.

To achieve such operation in FSS, quality factors of their resonators must be increased. The exist-

ing solution to this problem is the miniaturization of the elements [33]. However, there is a limit
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to the miniaturization levels that can be achieved using conventional printed circuit board (PCB)

fabrication technology. These two practical challenges are respectively addressed in chapter 2 and

3 of this dissertation by introducing two new types of MEFSS structures. To achieve harmonic-

free operation, a new miniaturization technique based on using multiple closely-spaced capacitive

layers is introduced. A new type of MEFSSs synthesized based on inductively-coupled resonator

filters is also presented to achieve narrowband, highly-selective responses.

As spatial filters, frequency selective surface are also employed to control and engineer the po-

larization of the waves in many applications. For instance, they have been used to design polariza-

tion converters and polarization selective surfaces. A polarization converter is a planar anisotropic

structure that converts an incident wave with a given polarization to a reflected or transmitted wave

with a different polarization. The function of a polarization selective surface, on the other hand,

is to reflect one polarization of the wave while being transparent to the orthogonal polarization.

In this category of devices, the focus of this dissertation is on two specific structures including

linear-to-circular polarization selective surfaces and circular-polarization selective surfaces. Both

devices are of particular interest in applications requiring circularly-polarized waves such as satel-

lite communications. To date, many FSS-based polarization converters and polarization selective

surfaces have been reported in the literature [34–48], [49–60]. However, these structures generally

use resonant constituting elements and hence, they tend to be narrowband structures. Moreover,

their performance degrades significantly when illuminated with obliquely incident waves. These

deficiencies are not desired in many applications for which broadband performance with a wide

range angular stability is required. These issues are addressed in Chapter 4 and 5 of this disser-

tation. First, a new technique for designing broadband linear-to-circular polarization converters

based on anisotropic MEFSSs is introduced in chapter 4. Then, in Chapter 5, two of these polar-

ization converts were combined with a linear polarizer to implement broad circular-polarization

selective surfaces.
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1.3.2 Transmitarray and Reflectarrays

Reflectarrays and transmitarrays have emerged as a competitive alternative to traditional re-

flectors and dielectric lenses as well as the flat phased arrays in many high-gain, pencil beam

antenna applications. Planar apertures and the ability to conveniently shape the aperture phase

and magnitude distributions are among the advantages of reflectarrays and transmitarrays over tra-

ditional bulky three-dimensional structures such as reflector or lens antennas. Reflectarrays and

transmitarrays are generally composed of locally-periodic structures with unit cells that act as spa-

tial phase shifters or time-delay units. These unit cells are commonly implemented from resonant

building blocks (e.g. patch, dipole, or slot antennas) [61–70], [71–77]. Reflectarrays and trans-

mitarrays designed based on these elements generally suffer from relative small bandwidths and

tend to be highly dispersive when illuminated with broadband pulses. Therefore, they are not

suitable for applications where signals with instantaneously broad bandwidths are used. In such

applications, wideband reflectarrays and transmitarrays free of any chromatic aberration must be

employed [14, 15]. The aforementioned issues are addressed in this dissertation by introducing

new techniques to design broadband true-time-delay collimating surfaces. The proposed struc-

tures consist of planar aperture populated with miniature, sub-wavelength time-delay units. Each

time delay unit is a unit cell of appropriately designed MEFSS and it is designed to provide a

constant time delay over the frequency range at which the array operates. The local transfer func-

tion of these time-delay units may then be tailored to allow the reflectarray or transmitarray to

convert the electric field distribution of the electromagnetic wave impinging on its aperture to a

desired electric field distribution over the output aperture. Based on this concept, the design of a

transmitarray-based antenna composed of a true-time-delay transmitarray and a focal plane array

is presented in chapter 6. Then, the design of linearly-polarized and circularly-polarized true-time-

delay reflectarrays is presented in chapters 7 and 8 of this dissertation.

1.3.3 Reconfigurable Periodic Structures

With the ever-growing development and deployment of multifunctional systems, the need for

designing periodic structures (e.g .frequency selective surfaces) with agile frequency responses is
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also growing. To date, significant amount of research has been devoted towards achieving this goal

and various techniques have been proposed so far. The most common approach used in the design

of a reconfigurable periodic structure is to incorporate electronically-tunable elements (e.g. solid

state or MEMS varactors, switches, etc.) into its unit cells in order to tune its response [78–82].

However, this approach suffer from several challenges. First, using this approach is not practi-

cal for large-scale periodic structures. This is due to the fact that a moderately-sized section of a

periodic structure can easily contain tens of thousands of unit cells (and hence, several tens of thou-

sands of lumped-elements) that must be controlled together to achieve dynamic reconfiguration.

The integration, biasing, and RF/DC isolation of all these elements within the structure present

a significant challenge. The nonlinearity of the electronic elements as well as the difficulties in

thermal managements are also other existing issue especially in high power applications. These is-

sue significantly exacerbate as we move from microwave frequencies to millimeter-wave (MMW)

and sub-MMW frequencies. In addition to electronic tuning, other tuning techniques used to tune

the responses of periodic structures have included using ferroelectric dielectrics [83], magnetically

controlled materials [84], liquid crystals [85], optically controlled materials [86], graphene [87,88],

and fluidic tuning techniques [89, 90]. While these techniques have certain advantages that make

them interesting for particular applications, they are not as widely studied as electronic tuning

techniques. Consequently, more research and development is needed to determine whether or not

they can be suitable to design large-scale tunable periodic structures.

The proposed approach in this dissertation to overcome the aforementioned challenges is to

exploit mechanical movements or deformations in the fabric of the structure to achieve tunability.

This eliminates the need for integrating any additional elements with the individual unit cells of

the structure and can easily be applied to very large-scale structures. In chapter 9 of this disserta-

tion, three different mechanical techniques are examined which can be used to tune the responses

of two elementary types of periodic structure with non-resonant capacitive or inductive response

types which are shown in Fig 1.3. These techniques include overlapping combined with relative

movement, stretching/compression, and flexure. The importance of the elementary capacitive and

inductive structures examined here is that they are the fundamental building blocks of a wide range
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of other different periodic structures with more complex unit cells and response types including

spatial filters, reflectarrays, and transmitarrays. Then, in chapter 10, a new mechanical beam steer-

ing technique referred to as Macro-Electro-Mechanical Systems (MÆMS) is introduced. This

technique exploits macro-scale mechanical movements over parts of an aperture to achieve beam

steering. The attributes of this technology are expected to make this technology a promising can-

didate for development of affordable phased-array antennas at microwave, millimeter-wave, and

THz frequency bands.

1.4 Thesis overview

As discussed in earlier sections, the aim of this research to advance the current state-of-the-art

in spatial filters, transmitarrays, and reflectarrays by addressing the existing limitations. The efforts

undertaken to accomplish this research goal have been presented in detail in several chapters of this

dissertation. A brief overview of each chapter follows in the later subsections.

1.4.1 Chapter 2

In this chapter, a new technique for designing miniaturized-element frequency selective sur-

faces with bandpass responses and no spurious transmission windows over extremely large band-

widths is presented. The proposed harmonic-suppressed MEFSSs consist of multiple metallic and

dielectric layers. Each metallic layer is in the form of a two-dimensional arrangement of capacitive

patches or an inductive wire grid with extremely sub-wavelength periods. Harmonic-free operation

in these structures is achieved by using multiple, closely-spaced capacitive layers with overlapping

unit cells to synthesize a single, effective capacitive layer with a larger capacitance value. This al-

lows for reducing the unit cell size of a conventional MEFSS considerably and moving the natural

resonant frequencies of its constituting elements to considerably higher frequencies. Consequently,

the spurious transmission windows of such MEFSSs, which are caused by these higher-order har-

monics, can be shifted to very high frequencies and an extremely broad frequency band free of any

spurious transmission windows can be obtained. Using this technique, an MEFSS with a second-

order bandpass response is designed to operate at 3.0 GHz with 20% fractional bandwidth and be
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free of spurious transmission bands up to 27.0 GHz. A prototype of this harmonic-free MEFSS

is fabricated and experimentally characterized in the lab. Measurement results confirm harmonic-

free operation of the proposed FSS for incidence angles in the±60◦ range for both the TE and TM

polarizations of incidence.

1.4.2 Chapter 3

In this chapter, a new method for designing miniaturized-element frequency selective surfaces

with narrowband, bandpass responses of order N ≥ 2 is presented. The proposed structure is

composed of two-dimensional periodic arrays of sub-wavelength inductive wire grids separated by

dielectric substrates. A simple equivalent circuit model, composed of transmission line resonators

coupled together with shunt inductors, is presented for this structure. Using this equivalent circuit

model, an analytical synthesis procedure is developed that can be used to synthesize the MEFSS

from its desired system level performance indicators such as the center frequency of operation,

bandwidth, etc. Using this synthesis procedure, a prototype of the proposed MEFSS with a second-

order bandpass response, center frequency of 21 GHz, and fractional bandwidth of 5% is designed,

fabricated, and experimentally characterized. The measurement results confirm the theoretical

predictions and the design procedure of the structure and demonstrate that the proposed MEFSS

has a stable frequency response with respect to the angle of incidence of the EM wave in the ±40◦

range for both TE and TM polarizations of incidence.

1.4.3 Chapter 4

A new technique for designing wideband polarization converters based on miniaturized-element

frequency selective surfaces is presented in this chapter. The proposed structure is a two-dimensionally

anisotropic periodic structure composed of arrays of sub-wavelength capacitive patches and induc-

tive wire grids separated by thin dielectric substrates. The structure is designed to behave differ-

ently for field components of the two orthogonal polarizations and transmits a circularly-polarized

wave once illuminated by a linearly-polarized plane wave. Using equivalent circuit models for

MEFSSs, a synthesis procedure is developed that can be used to design the polarization converter
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from its required bandwidth and center frequency of operation. Using this procedure, a prototype

of the proposed polarization converter operating within the X-band is designed, fabricated, and

experimentally characterized using a free-space measurement system. The measurement results

confirm the theoretical predictions and the design procedure of the structure and demonstrate that

the proposed MEFSS-based polarization converter operates in a wide field of view of ±45◦ with a

fractional bandwidth of 40%.

1.4.4 Chapter 5

In this chapter, a new technique for designing wideband circular-polarization selective surfaces

(CPSSs) based on anisotropic miniaturized element frequency selective surfaces is introduced. The

proposed structure is a combination of two linear-to-circular polarization converters, presented in

chapter 4, sandwiching a linear polarizer. This CPSS consists of a number of metallic layers

separated from each other by thin dielectric substrates. The metallic layers are in the form of two-

dimensional arrays of subwavelength capacitive patches and inductive wire grids with asymmetric

dimensions and a wire grid polarizer with sub-wavelength period. The proposed device is designed

to offer a wideband circular-polarization selection capability allowing waves with left-hand circu-

lar polarization to pass through while rejecting those having right-hand circular polarization. A

synthesis procedure is developed that can be used to design the proposed CPSS based on its de-

sired band of operation. Using this procedure, a prototype of the proposed CPSS operating in the

12-18 GHz is designed. Full-wave electromagnetic simulations are used to predict the response

of this structure. These simulation results confirm the validity of the proposed design concept and

synthesis procedure and show that proposed CPSS operates within a fractional bandwidth of 40%

with a co-polarization transmission discrimination of more than 15 dB. Furthermore, the proposed

design is shown to be capable of providing an extremely wide field of view of ±60◦.

1.4.5 Chapter 6

In this chapter, the design, simulation, and measurement results of a broadband, low-profile,

multi-beam antenna is presented. The antenna uses multiple feed elements placed on the focal
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plane of a planar microwave lens to achieve high-gain, multi-beam operation with a wide field of

view. The lens employs the constituting unit cells of appropriately designed miniaturized-element

frequency selective surfaces as its spatial time-delay units. A new technique for modeling such

lenses is also presented that greatly simplifies the full-wave electromagnetic simulation of MEFSS-

based lenses. This technique is based on treating the pixels of the lens as effective media with

the same effective permittivity and permeability and significantly reduces the difficulty of mod-

eling and optimizing the proposed multi-beam antenna with its relatively large aperture size in a

full-wave electromagnetic simulation tool. Using this procedure, a prototype multi-beam antenna

operating in the 8-10 GHz range is designed. The prototype is fabricated and characterized using

a multi-probe, spherical near field system. The measurement results are in good agreement with

the simulation results obtained using the proposed simplified modeling technique. Measurements

demonstrate consistent radiation characteristics over the antenna’s entire operational band with

multiple beams in a field of view of ±45◦.

1.4.6 Chapter 7

A new method for designing low-profile reflectarray antennas with broadband, true-time-delay

(TTD) responses is presented in this chapter. Such structures are composed of numerous reflective

spatial time delay units distributed over a planar surface. Each spatial time delay unit is a unit

cell of a ground-plane-backed miniaturized-element frequency selective surface composed of non-

resonant elements. Each element is a lowpass type MEFSS composed of a stack of non-resonant

patches separated from one another by thin dielectric substrates and the whole structure is backed

with a ground plane. A prototype of the proposed MEFSS-based TTD reflectarray with the focal

length to aperture diameter ratio (f/D) of 0.87 operating at the center frequency of 10 GHz is

designed, fabricated, and experimentally characterized both in time and frequency domains. It

is demonstrated that the fabricated TTD reflectarray operates over a bandwidth of 40% without

any significant chromatic aberrations. The proposed antenna provides a realized gain of 23 dB

when fed with an X-band horn antenna and shows a gain variation of about 4 dB in the 8-12 GHz
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range. The antenna also shows consistent radiation characteristics and relatively low side-lobe

levels across its entire band of operation.

1.4.7 Chapter 8

In this chapter, a new technique for designing low-profile circularly-polarized reflectarray an-

tennas with ultra-wideband, true-time-delay responses is presented. The proposed reflectarray

uses the unit cells of ground-plane-backed, anisotropic miniaturized-element frequency selective

surfaces as its spatial time-delay units (TDUs). Each TDU is composed of a stack of non-resonant

rectangular-shaped capacitive patches featuring asymmetric gap spacings and separated from one

another by thin dielectric substrates. The TDUs are designed to provide a reflection phase dif-

ference of 90◦ between the horizontal and vertical components of the incident wave over a wide

bandwidth. This way, a linearly-polarized incident field is converted to a circularly-polarized ra-

diated wave. A device prototype that operates at X band is designed, fabricated, and measured.

Measurement results demonstrated that the reflectarray antenna provides a gain of 23.7 dB with

variations less than 3 dB within the 8-12 GHz operating frequency range or equivalently 40% band-

width. Time-domain measurement results demonstrate the suitability of this device for operation

with wideband pulses. The reflectarray is also used in a multi-beam antenna and it is shown that

the structure provides a wide-angle scanning performance with a field of view of ±45◦.

1.4.8 Chapter 9

Various techniques for designing large-scale, mechanically-tunable periodic structures (PSs) is

presented in this chapter. Overlapping combined with relative movement, stretching/compression,

and flexure are the three mechanical tuning techniques studied in this chapter. We demonstrate

that all of these mechanical movements may be used to tune the capacitance and inductance of ele-

mentary periodic structures with capacitive and inductive surface impedances over wide ranges of

values. Analytic formulas for calculating the variable inductance and capacitance of these tunable

PSs are also provided. These elementary PSs are the building blocks of a wide range of other PSs

with more complicated unit cells and response types. One such structure — a frequency selective
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surface composed of series combination of these inductive and capacitive structures — is also ex-

amined to demonstrate the application of the proposed tuning and analysis concepts. The FSS is

fabricated on an accordion-like substrate that can be contracted or stretched to change its frequency

of operation. The response and tuning properties of this structure are experimentally characterized

using a free-space measurement system. A very good agreement between theory and experiment

is obtained. This demonstrates that the behavior of such complex mechanically-tunable PSs can

be analyzed by examining the behavior of their constitutive inductive and capacitive elements.

1.4.9 Chapter 10

In this chapter, a new approach to perform beam steering in reflecting type apertures such

as reflectarray antennas is presented. The proposed technique exploits macro-scale mechanical

movements of parts of the structure to achieve two-dimensional beam steering without using any

solid-state devices or phase shifters integrated within the aperture of the antenna. The principles

of operation of this beam steering technique are demonstrated in an aperture occupied by ground-

plane-backed, sub-wavelength capacitive patches with identical dimensions. We demonstrate that

by tilting the ground plane underneath the entire patch array layer, a phase shift gradient can be

created over the aperture of the reflectarray that determines the direction of the radiated beam.

Changing the direction and slope of this phase shift gradient on the aperture allows for performing

beam steering in two dimensions using only one control parameter (i.e., tilt vector of the ground

plane). A proof-of-concept prototype of the structure operating at X-band is designed, fabricated,

and experimentally characterized. Experiments demonstrate that small mechanical movements of

the ground plane (in the order of 0.05λ0) can be used to steer the beam direction in the ±10◦ in

two dimensions. It is also demonstrated that this beam scanning range can be greatly enhanced to

±30◦ by applying this concept to the same structure when its ground plane is segmented.
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1.4.10 Chapter 11

The objective of this chapter is to provide some insight with respect to the future work of

this dissertation. The presented ideas include random frequency selective surfaces, MÆMS-based

beam steering leaky wave antennas, and infrared spatial filters and lenses.
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Chapter 2

Harmonic-Suppressed Miniaturized-Element Frequency Selective
Surfaces with Higher-Order Bandpass Responses

2.1 Introduction

Frequency selective surfaces (FSSs) have been the subject of numerous studies so far. At mi-

crowave and millimeter-wave frequencies, FSSs are used in a wide range of applications including

spatial filters [2], [8], radar absorbing materials [91], [92], artificial magnetic conductors [11], [12],

planar lenses [13], [14] and reflectarrays [16]. One common application of FSSs is to use them

to reduce the radar cross section (RCS) of antennas used in low-observable or stealth platforms.

Most antennas act as efficient scatterers both at the frequency band(s) that they are designed to

operate in and at other frequency bands that fall outside of their desired frequency range of oper-

ation. A typical low-observable platform may have several low-frequency antennas operating at

VHF and UHF bands. These antennas act as very efficient scatterers at higher frequencies where

many radars operate at. In such applications, the RCS of the antenna can be reduced by shielding

it from the outside environment using a shaped bandpass FSS that is transparent within the desired

frequency of operation of the antenna and opaque at other frequencies. While the aforementioned

RCS reduction approach works in principle, it suffers from a practical design problem. Namely,

most FSSs reported in the literature have multiple spurious transmission windows occurring at

frequencies higher than that of the main one (e.g. see pp. 26-62 of [2]). Although the high fre-

quency harmonics typically will not impact the in-band performance of these FSSs, they could

become critically important in certain stealth applications in which they coincide with a frequency

at which the antenna presents a high RCS value. For an FSS designed to work at a low frequency
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(e.g. UHF), a number of these spurious transmission windows can fall within the 1-20 GHz range

where many radars operate. Thus, in such applications, suppression of the spurious harmonics of

the FSS is highly desired.

A number of previous studies has been conducted in this area [93–95]. In [93], an absorp-

tive/transmissive radome is presented. The presented multilayer structure is formed by placing

an artificial absorbing coating on a frequency selective surface. This structure, however, achieves

absorption properties by using a uniform resistive layer of conductive fiber, which deteriorates the

in-band performance of the radome as well. In [94], a bandpass FSS with quasi-elliptic response

and wide-stopband characteristics is reported. The structure is formed by cascading periodic arrays

of double square loops and gridded square loops. However, this approach requires using several

metallic layers separated from one another by rather thick dielectric substrates to design a low-

frequency (e.g. UHF) FSS. This leads to a relatively large overall thickness for the FSS (compared

to the wavelength) that makes the response of the structure sensitive to the angle and polariza-

tion of incidence of the EM wave. In [95], a bandpass FSS with wideband absorbing properties

is presented. The reported structure behaves as a bandpass filter in the main band of operation,

while behaving as an absorber above the main band. This is realized by cascading a bandpass FSS

and a resistive high-impedance surface which uses the FSS as the ground plane within its total

reflection band. Although a relatively good performance was observed under normal incidence of

the EM wave, the performance of this structure degrades when the structure is illuminated with an

obliquely incident wave. The problem can be attributed to the absorption properties of the resistive

surface which degrade as a function of the incident angle. As a result, some harmonics appear

within the absorption band. This is not desirable in low-observable FSS and radome applications.

Over the past few years, several new classes of frequency selective surfaces with sub-wavelength

unit cells dimensions are reported [1, 19–27]. These structures are referred to as miniaturized ele-

ment frequency selective surfaces (MEFSSs)1. Depending on the specific design process, MEFSSs

are composed of entirely non-resonant constituting elements (e.g., [1,19–22]) , or a combination of

1While FSSs that have miniaturized unit cell dimensions have been studied for a long time (e.g. [96]), we use
the term MEFSS to refer to FSSs with unit cells that are composed of primarily non-resonant elements (e.g., sub-
wavelength capacitive patches or wire grids.
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resonant and non-resonant elements (e.g. [23, 24], [25–27]). MEFSSs are shown to have very sta-

ble responses for a wide range of incidence angles and polarizations of incidence [1,19–24]. They

also have been used to design tunable FSSs [81], [89] as well as FSSs for high-power microwave

(HPM) applications [89, 97].

In this chapter, we present a new type of MEFSS that shows a bandpass response, which is

free of spurious transmission windows over an extremely wide frequency band. The proposed

harmonic-free MEFSS is composed of multiple metallic layers separated from one another by thin

dielectric substrates. Each metallic layer is a two-dimensional periodic structure composed of

capacitive patches or inductive wire grids with extreme sub-wavelength dimensions. A prototype

of the proposed harmonic-free MEFSS with a second-order bandpass response, center frequency

of operation of 3.0 GHz, and fractional bandwidth of 20% is designed and is shown to be harmonic

free up to approximately 27 GHz2. A prototype of the proposed structure is also fabricated and

experimentally characterized in the lab. It is demonstrated that the proposed structure maintains

its harmonic-free, second-order bandpass response for both the TE and TM polarizations with

incidence angles in the ±60◦ range up to 27 GHz.

2.2 Principles of Operation

2.2.1 Sources of Harmonics in MEFSSs

Fig. 2.1(a) shows the three-dimensional topology of different layers of a miniaturized element

frequency selective surface with an (N+1
2

)th-order bandpass response (N is the number of metallic

layers used in this structure and is always an odd number [1]). The structure consists of two-

dimensional periodic arrangements of sub-wavelength capacitive patches and planar wire grids,

separated from one another by thin dielectric substrates. Assuming that the thickness of the sub-

strate between two consecutive metal layers is h, the overall thickness of the FSS is (N − 1)× h.

The top views of one unit cell of a capacitive layer and that of an inductive layer are shown in

the inset of Fig. 2.1(a). The dimension of each unit cell along the x and y directions is D. The

2The frequency of main transmission window is chosen primarily for ease of measurement. The concepts proposed
in this chapter can easily be applied to MEFSSs operating at the VHF and lower UHF frequencies as well.



20

Sub-wavelength

Capacitive Patches

Sub-wavelength

Inductive Grids

Dielectric

Substrates

h
1

s

D
x

D
y

w
w

Capacitive Layer

Inductive Layer

Substrates

C
1
L
2 C

N
Z
0

Z
1

C
3

L
N-1

C
N-1

Z
2

h
1

h
2

Z
N-2

Z
N-1

h
N-2

h
N-1

Z
0

D
y

D
x

(a)

(b)

Figure 2.1 (a) Topology of the bandpass MEFSS presented in [1]. The top view of the unit cells
of the capacitive and inductive layers are shown on the right hand side of the figure. (b)

Equivalent circuit model of the MEFSS. The structure has N metal layers and acts as an FSS with
an (N+1

2
)th-order bandpass response.

capacitive patches are in the form of square metallic patches with dimensions of D − si, where

si is the gap between the two adjacent patches in the ith layer. The inductive wire grids are the

combination of two metallic strips with the width of w oriented perpendicularly to each other. As-

suming the same periodicity in both x and y directions, the frequency responses of the capacitive

and inductive layers (and that of the FSS) are insensitive to the polarization of the incident wave

for normal incidence.

This FSS can be modeled with the equivalent circuit model shown in Fig. 2.1(b), which is valid

for a normally incident plane wave. In this circuit model, the capacitive patch layers are modeled
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with parallel capacitors C1, C3, ..., CN . The inductive wire grids are represented by parallel induc-

tors L2, ..., LN−1, and the thin dielectric substrates separating the inductive and capacitive layers

are modeled with transmission lines with the characteristic impedances of Z1, ..., ZN−1 and lengths

of h1, ..., hN−1. Free space on each side of the FSS is modeled with semi-infinite transmission lines

with characteristic impedances of Z◦ = 377Ω. The design procedure of this device is based on

synthesizing the desired filter response from the equivalent circuit model presented in Fig. 2.1(b),

and mapping these equivalent circuit parameter values to the physical parameters of the FSS. This

can be done using the procedure described in [1] and will not be repeated here for brevity.

Using the design procedure reported in [1], an MEFSS with a second-order bandpass response

having a center frequency of operation of 3.0 GHz and a fractional bandwidth of 20% is designed.

This structure is composed of two capacitive layers, one inductive layer, and two dielectric sub-

strates. The physical parameters of this structure as well as the parameters of its equivalent circuit

model are presented in Table 2.1. This MEFSS is simulated using full-wave electromagnetic (EM)

simulations in CST Microwave Studio and its frequency response is calculated over an extremely

broad frequency band. Fig. 2.2 shows the calculated transmission coefficient of this structure for

a normally-incident plane wave in the frequency range of 0-30 GHz. As can be seen, in addition

to the main transmission band centered at 3.0 GHz, there are multiple spurious transmission win-

dows occurring at higher frequencies than that of the main one. The primary contributors to these

harmonics are the resonances of the patches in the capacitive layers and the slots in the inductive

layer that occur at higher frequencies. For example, the frequency of the first resonance of the

capacitive patches in the capacitive layer and the slots in the inductive layer can be approximated

using equations (2.1)-(2.2):

fr,cap =
c

2(D − s)√εr,eff,i
(2.1)

fr,ind =
c

2(D − w)
√
εr,eff,i

(2.2)

where D, si, and wi are the physical parameters of the FSS unit cell shown in Fig. 2.1, c is the

speed of light, and εr,eff,i is the effective dielectric constant for the ith metallic layer of the FSS. In
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Figure 2.2 Calculated transmission coefficient of the 2nd-order bandpass FSS discussed in
Section 2.2.1 with the parameters shown in Table 2.1. Results are obtained using full-wave EM

simulation in CST Microwave Studio.

Table 2.1 Physical and electrical parameters of the 2nd-order MEFSS with a center frequency of 3
GHz and the fractional bandwidth of δ = 20% discussed in Section 2.2.1.

Parameter Dx Dy s w

V alue 24 mm 24 mm 0.35 mm 11 mm

Parameter h C1 L2 C3

V alue 1.575 mm 1.18 pF 0.34 nH 1.18 pF

the second-order MEFSS example under discussion in this section, εr,eff,1 = εr,eff,3 ≈ εr+1
2

for the

capacitive layers and εr,eff,2 ≈ εr for the inductive layer. Notice that in equations (2.1)-(2.2) the

effect of the interaction between different layers on the higher-order resonances of the constituting

elements in each unit cell is ignored. Therefore, these formulas represent approximations of the

actual resonant frequencies of the capacitive patches and apertures in the inductive layers. Using

equations (2.1)-(2.2) along with the physical parameters of the MEFSS provided in Table 2.1,

the first resonant frequencies of the capacitive patches and the slots in the inductive layers are

calculated to be 5.0 GHz and 7.8 GHz, respectively. At their first resonance, the patches in the

capacitive layers act as band-stop elements, whereas the apertures in the inductive layer act as
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bandpass elements (see pp. 26-62 of [2]). Therefore, the first spurious transmission window of this

second-order MEFSS is expected to occur at a frequency close to the resonant frequency of the

apertures in the inductive layer. Fig. 2.2 shows that this is indeed the case. At higher frequencies,

the higher-order resonant modes of the elements, the complex interactions between different layers,

as well as the grid resonances (grating lobes) occurring atD = nλ (e.g. see pp. 26-62 of [2]) result

in additional transmission windows and transmission nulls in the transmission coefficient of this

device as can be observed in Fig. 2.2.

2.2.2 A Concept for Designing Harmonic-Free MEFSSs

Since the first spurious passband of this MEFSS is caused by the natural harmonics of its

constituting elements, an effective method for removing that from the desired frequency band of

operation is to reduce the unit cell size of the structure. From (1)-(2), it can be seen that reducingD

shifts these resonant frequencies to higher values. In doing this, however, the effective inductance

and capacitance values provided from the metallic layers of the MEFSS must not change in order

to maintain the frequency response of the structure within the desired transmission band (i.e.,

the element values of the equivalent circuit model of the MEFSS must not change). This shifts

the spurious transmission bands to higher frequencies without disturbing the frequency response

of the FSS within the desired operating band. However, implementing this in practice can be

challenging, since reducing the period of the MEFSS while maintaining the desired capacitance

and inductance values results in significant reduction of the minimum feature sizes of the unit cell

of the MEFSS (i.e., the gap size between capacitive patches si and the width of the inductive wires

wi) [1]. For MEFSSs of the type shown in Fig. 2.1, however, this problem is more severe for the

capacitive patch layers and the gap spacing between adjacent capacitive patches in these layers

is the bottleneck in the process of miniaturization of the MEFSS unit cell [98]. In practice, the

minimum spacing between the adjacent capacitive patches in each capacitive layer of the FSS,

si, is determined by the minimum feature size that can be reliably fabricated using any given

fabrication procedure. For most standard lithography techniques used in printed circuit board
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Figure 2.3 The unit cell of the 2nd-order bandpass MEFSS with the lumped capacitors loading
the capacitive patch layers.

Figure 2.4 Calculated transmission coefficients of the 2nd-order bandpass MEFSS discussed in
Section 2.2.2 where the capacitive patches are loaded with lumped-element capacitors. Results

are obtained using full-wave EM simulation in CST Microwave Studio.

(PCB) fabrication, this minimum feature size is about 0.15 mm. Therefore, achieving the desired

capacitance value from an extremely sub-wavelength periodic structure is rather challenging.

One technique for achieving the desired capacitance value in such situations is shown in Fig.

2.3. In this case, lumped-element capacitors C0 are placed in parallel between the two adjacent

edges of nearby capacitive patches. Taking the intrinsic capacitance of the unloaded capacitive

patch layer, Ci, into account, the total capacitance of each capacitive layer in this structure can be
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modeled with a parallel combination of C0 and Ci. Using this topology, the unit cell size of the

capacitive patches of the structure can be reduced while maintaining the required capacitance value.

To demonstrate this in practice, three different MEFSSs of the type shown in Fig. 2.3 are designed

and simulated. All of these MEFSSs have second-order bandpass responses centered at 3.0 GHz

and a fractional bandwidth of 20%. For all three cases, the gap sizes in the capacitive layers are

s = s1 = s3 = 0.35 mm, and the thicknesses of the substrates are h1,2 = h2,3 = 1.575 mm.

However, these MEFSSs have different periods and consequently, use different lumped-element

capacitor values to maintain the desired frequency response. Fig. 2.4 shows the transmission

coefficients of these three MEFSSs obtained using full-wave EM simulations in CST Studio. As

expected, the frequencies of the spurious transmission windows increase as the unit cell sizes of

the MEFSSs decrease. For example, for the structure with the unit cell size of D = 10 mm, and

the lumped capacitor value of C0 = 0.7 pF, the first spurious transmission window occurs at 11.5

GHz. As the unit cell size is decreased (and C0 is increased), the frequency of the first spurious

transmission window increases as well and in the extreme case of D = 2 mm and C0=0.95 pF, the

first spurious transmission window occurs at a frequency above 30 GHz.

2.2.3 Practical Implementation of Harmonic-Free MEFSSs

While this design example confirms the feasibility of removing spurious transmission bands

from the responses of MEFSSs over a very wide frequency range, a major challenge limits the

practicality of implementing MEFSSs of the type shown in Fig. 2.3. Specifically, the number

of lumped elements needed to achieve the desired response can become extremely large, even

in small FSS panels. For example, for D = 2 mm, a 10 cm ×10 cm panel of the second-order

MEFSS whose response is shown in Fig. 2.4 requires about 10,000 lumped capacitors (2 capacitive

layers, 2500 capacitive patches per layer, and 2 lumped capacitors per patch to ensure polarization

insensitivity). This becomes even more challenging when a higher-order filter response is required,

since the number of capacitive layers in these filters increases [1]. Additionally, in MEFSSs with

bandpass responses of order P ≥ 3, P−2 capacitive layers are sandwiched by dielectric substrates

on both sides and are not directly accessible [1].
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Figure 2.5 (a) Multiple closely-spaced capacitive patch layers are used to synthesize a single
effective capacitive layer. The dielectric substrates are extremely thin. The unit cells of the

patches used in different layers can overlap with each other and do not necessarily have to be
aligned together. (b) The equivalent circuit model of a generalized MEFSS of the type shown in
Fig. 2.1 in which each one of the capacitive layers is substituted with a composite, multi-layer
effective capacitive layer similar to that shown in Fig. 2.5(a). In this equivalent circuit model
Ci,eff represents the effective capacitance of each of the composite, multi-layer capacitive

structures that are used to synthesize the ith capacitive layer of the MEFSS shown in Fig. 2.1(a).

While the direct implementation of the MEFSS shown in Fig. 2.3 using lumped elements is

challenging, alternative implementation techniques can be envisioned that address the practical

problems of using lumped elements in a periodic structure. One such technique is to use cascaded

capacitive patches separated by very thin dielectric substrates to synthesize a single capacitive layer

with an effectively larger capacitance. In such an arrangement, each capacitive layer of the original

MEFSS shown in Fig. 2.1 is replaced with multiple, closely-spaced capacitive patch layers. In

general, as the period of the MEFSS is reduced, the number of closely-spaced capacitive patch

layers needed to synthesize an effective capacitance layer will increase. Fig. 2.5(a) shows the unit

cell of an effective capacitive layer composed of M individual capacitive patches separated from

one another byM−1 extremely thin dielectric substrates. For small substrate thicknesses, all these

capacitive patches can be considered to be in parallel with one another and hence, they constitute a

single composite capacitive layer with a larger capacitance value. Additionally, different capacitive
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patch layers that constitute the composite capacitive layer can overlap with each other to further

increase the capacitance of the composite structure. Using M closely-spaced capacitive patch

layers to implement each single capacitive layer of the MEFSS shown in Fig. 2.1 will increase the

total number of metallic layers of the MEFSS to M × P + P − 1, where P = N+1
2

is the order of

the filter, and N is the total number of metallic layers of the original MEFSS shown in Fig. 2.1.

The equivalent circuit model of the whole structure is shown in Fig. 2.5(b). Here, the combination

of cascaded capacitive patches are modeled with C1eff , ..., CNeff
. Each capacitor in this equivalent

circuit represents the effective capacitance obtained from one combination of M closely-spaced

capacitive layers. The sub-wavelength inductive wiregrids are modeled with L2, ..., LN−1 and the

dielectric substrates separating the inductive layers and combined capacitive layers are modeled

with the transmission lines with the lengths of h1, ..., hN−1 and the characteristic impedances of

Z1, ..., ZN−1. Free space on each side of the FSS is modeled with semi-infinite transmission lines

with the characteristic impedances of Z◦ = 377Ω.

There are a number of parameters that influence the effective capacitance obtained from the

combination of cascaded patches. These include the number of capacitive layers in the cascade

arrangement, the gap size between the adjacent capacitive patches in each layer, and the thickness

and the dielectric constants of the separating substrates. Increasing the number of layers increases

the effective capacitance but it will also increase the total number of layers used in the MEFSS

and increases the overall thickness and the complexity of the design. Therefore, in the rest of this

chapter, we focus on designs that use only two cascaded capacitive layers to synthesize each of

the constituting capacitive layers of the MEFSS of Fig. 2.1. Decreasing the gap size, increasing

the dielectric constant value of the separating substrates, and decreasing their thicknesses will all

increase the effective capacitance value. However, these parameters are primarily determined by

the fabrication technology or the availability of commercialy available substrates. In addition to

these parameters, the capacitance value also depends on the offset overlap between two cascaded

patches in the capacitive layer.

To demonstrate the effect of offset overlapping, we have examined a periodic structure com-

posed of two capacitive patch layers with unit cell dimensions of D = 6.5 mm and the gap spacing
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Figure 2.6 (a) The unit cells of the two capacitive layers used to synthesize a single effective
capacitive layer of the MEFSS of Fig. 2.1(a) can overlap with each other. This overlap is modeled

by the vector (xc, yc). (b) 3D topology of the unit cell of a composite patch layer showing the
offset between the capacitive patches and the dielectric slab that separates them. (c) The

equivalent circuit model of the capacitive structure shown in Fig. 2.6(b). (d)-(e) The extracted
effective capacitance of the capacitive structure shown in Fig. 2.6(b) consisting of two cascaded

capacitive patches and a thin substrate separating them. The structure has the unit cell dimensions
of 6.5 mm × 6.5 mm. The gap size for both layers is s = 0.5 mm and the patch size is P = 6 mm.
The thickness of the substrate is h = 0.2 mm. The study has been done for both (d) Vertical and

(e) Horizontal polarizations.

of s = 0.5 mm. Both layers are assumed to be in free space and the spacing between them is

h = 0.2 mm. As shown in Fig. 2.6(a), the overlap between two patch layers is modeled with

a vector (xc, yc) connecting the centers of the two patches, within each unit cell of the structure,

together. xc refers to the horizontal offset between the positions of the two patches and yc refers

to the vertical offset between them. The structure is simulated using full-wave EM simulations in

CST Studio to compute its effective capacitance as a function of the vector (xc, yc). To do this, the

unit cell of the structure shown in Fig. 2.6(b) is simulated using the periodic boundary conditions.
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The transmission and reflection coefficients of the structure for a normally incident wave are calcu-

lated for the two orthogonal polarizations. These include the vertical and horizontal polarizations

in which the electric field is respectively oriented along the ŷ and x̂ directions. Subsequently, the

simplified equivalent circuit model of the structure, shown in Fig. 2.6(c) (right), is simulated in

a circuit simulation software (Agilent Advanced Design System) and the transmission coefficient

of the equivalent circuit model is calculated. Finally, the value of Ceff is tuned in ADS to match

the magnitudes and the phases of the transmission and reflection coefficients obtained from the

full-wave simulation and the simplified circuit model together. This way, the effective capacitance

is calculated.

Figs. 2.6(d)-2.6(e) show the results obtained from these case studies for the aforementioned

structure for both the vertical and horizontal polarizations. For both polarizations, the capacitance

value is calculated as a function of xc and yc. For the vertical polarization, yc, which represents

the vertical offset between two patches, has the most significant effect on the capacitance value

while xc, which represents the horizontal offset between two patches, only has a negligible effect.

However, for the horizontal polarization, xc has the major effect and yc only affects the capacitance

negligibly. These can be described easily by the alignment of the direction of the electric field

vector of the incident wave and the gap between two adjacent patches. Combining these two

figures, we can find out that the maximum capacitance happens when the offset vector is equal

to (xc, yc) = (D/2, D/2). For this structure, the maximum value of the capacitance is 0.48 pF.

The minimum capacitance value of 0.09 pF is obtained for the case when both patches are aligned

together and (xc, yc) = (0, 0).

2.2.4 Approximate Formula for Calculating the Capacitance of Cascade Over-
lapping Patches

To better understand the impact of the offset overlap on the capacitance of the cascaded patches

and facilitate the design process of such structures, we have developed an analytical formula that

can be used to approximate the effective capacitance of a two layer stack of cascaded capacitive

patches with the offset vector of (xc, yc) = (D/2, D/2). Fig. 2.7 shows a unit cell of such a
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structure. Observe that four parts of the upper patch layer form effective parallel plate capacitors

of Cc with the bottom patch layer. Cc can be easily approximated by the following formula:

Cc =
ε◦εreff (D − s)2

4h
(2.3)

Where D is the unit cell size, s is the gap size between two adjacent patches, h is the thickness

of the dielectric between two patch layers, and εeff represents the effective dielectric constant

between the two layers. The total capacitance is modeled as the parallel combination of the intrinsic

capacitance Ci, brought by the capacitive gap, in parallel with the series-parallel network of Cc

capacitors as shown in Fig. 2.7(b). Therefore,

Ctotal = Cc + Ci (2.4)

where

Ci = ε◦εreff
2D

π
ln(

1

sin( πs
2D

)
) (2.5)

These analytical formulas are used to calculate the effective capacitance of the two layer stack of

capacitive patches examined in Section 2.2.3 as a function of the unit cell size. Fig. 2.8 shows

the capacitance values calculated using equations (2.3)-(2.5) alongside the values extracted from

full-wave EM simulations. As can be observed, both results are in good agreement. Thus, the

analytical formula can be used in a design procedure of the proposed harmonic-free FSS to predict

the capacitances to a first order approximation.

2.3 Design Procedure and a Design Example

2.3.1 Design Procedure

The design procedure of the proposed structure is based on synthesizing the desired filter re-

sponse of the equivalent circuit model of Fig. 2.5(b) and mapping the equivalent circuit parameters

to the physical parameters of the proposed MEFSS. All the steps are similar to the procedure de-

scribed in Section 2.2.1 and also that reported in [1] except the mapping of the effective parameters
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Figure 2.7 (a) The capacitive structure composed of two cascaded capacitive layers can be
modeled as four capacitors with capacitance values of Cc and one capacitor with a capacitance
value of Ci as depicted. (b) The equivalent circuit model of the capacitive structure showing the

relative arrangement of Cc and Ci capacitors.

of the equivalent circuit model to the geometrical parameters of the capacitive layers constituting

the FSS. In the mapping step, the desired values of the capacitors and inductors obtained from the

equivalent circuit model are mapped to the geometrical parameters of the proposed structure. We

assume that the dielectric constant of all the substrates used in the FSS are known. For simplicity,

we also assume that all substrates used in the FSS have the same dielectric constants and that the

thicknesses of the substrates used in between the capacitive multilayers are also equal and known.

The gap size between the sub-wavelength capacitive patches in each capacitive layer is primarily

determined by the minimum feature size that can be reliably fabricated using the fabrication tech-

nology of choice. In general, the smallest gap size is chosen to ensure that the unit cell dimensions

of the FSS can be reduced as much as possible. This will increase the bandwidth over which no

spurious transmission window occurs. Assuming that the gap size, s, is known and fixed, the unit

cell size, D, can be obtained using equations (2.3)-(2.5). Then, the width of the wire grids is

determined from:

L = µ◦µreff
D

2π
ln(

1

sin(πw
2D

)
) (2.6)

Due to the close proximity of the metal layers, the presence of each layer will affect the capacitance

or inductance of the other layers. Therefore, physical parameters obtained using this design process
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Figure 2.8 Comparison between the capacitance values predicted using the analytical method and
those extracted from full-wave EM simulations. The results are shown for the structure examined

in section 2.2.3.

may need to be tuned slightly to achieve the desired response. This can be done by following an

iterative procedure similar to the one described in [98] and [1] and will not be repeated here.

2.3.2 Design Example and Simulation Results

The procedure presented in Section 2.3.1 was followed to design an MEFSS prototype with a

second-order bandpass response having a center frequency of f0=3.0 GHz, a fractional bandwidth

of δ = 20%, and no spurious transmission bands up to aproximately 27 GHz. The equivalent

circuit parameters of the structure (shown in Fig. 2.5(b)) were first determined following the design

procedure described in [1]. In doing so, we assumed that dielectric substrates are non magnetic

and have a dielectric constant of εr = 2.2 (Rogers RT/duroid 5880). A conventional second-

order MEFSS (of the type shown in Fig. 2.1(a)) has two capacitive layers and one inductive layer

as shown in Fig. 2.1. In this harmonic-suppressed MEFSS, each of the capacitive layers were

implemented by using two closely-spaced, overlapping capacitive layers as described in Section

2.2.3. The physical parameters of the MEFSS were obtained using the design procedure discussed

in Section 2.3.1. The structure has unit cell dimensions of D = 5.2 mm which is equivalent to

approximately λ0/20, where λ0 is the free space wavelength at f0=3.0 GHz. Since this MEFSS is
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Table 2.2 Physical parameters of the 2nd-order FSS with a center frequency of 3 GHz, the
fractional bandwidth of δ = 20%, and no harmonics up to 27 GHz discussed in Section 2.3.2.

Parameter D w1 w2 hb

V alue 5.2 mm 2 mm 2 mm 0.101 mm

Parameter P1 s1 P2 s2

V alue 4.85 mm 0.35 mm 4.85 mm 0.35 mm

Parameter h1 h2 h3 h4

V alue 1.575 mm 1.575 mm 0.127 mm 0.127 mm

composed of multiple substrates that need to be bonded together, the effect of the bonding material

on the response of the MEFSS must also be taken into account. The bonding material used here

was Rogers 4450F prepreg with the dielectric constant of εr = 3.58 and a thickness of 0.1 mm.

Introduction of the bonding layers creates an asymmetry in the topology of the proposed MEFSS,

which slightly changes its response. This asymmetry was eliminated by using two closely-spaced

wire grids on the two sides of the middle bonding layer instead of using just one wire grid on one

side as shown in Fig. 2.9. Using this strategy, the two inductive layers in the middle, which are

separated by a thin prepreg layer, act as a single composite inductive layer. This way, the symmetry

of the structure is maintained and impact of the prepreg layers on the response of the MEFSS can

be minimized. The final physical parameters of the structure are listed in Table 2.2. This structure

was simulated in CST Microwave Studio and its frequency response was calculated. Fig. 2.10

shows the transmission coefficient of this FSS in the 0-27 GHz range. As can be observed, a

transmission window centered at 3.0 GHz is achieved and the FSS does not have any spurious

transmission bands up to 27 GHz as expected.

2.4 Experimental Verification and Measurement Results

A prototype of the aforementioned harmonic-suppressed MEFSS (discussed in Section 2.3.2)

was fabricated using standard PCB lithography and substrate bonding techniques. The fabricated
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Figure 2.9 Unit cell of the proposed harmonic-suppressed 2nd-order bandpass FSS discussed in
Section 2.3.2.

Figure 2.10 Measured and calculated transmission coefficients of the FSS prototype discussed in
Section 2.3.2 and shown in Fig. 2.11. The MEFSS is composed of the unit cells shown in Fig. 2.9

with physical dimensions reported in Table 2.2.

prototype has six metal layers, four dielectric substrates, and panel dimensions of 50 cm × 37 cm.

Rogers RT/duroid 5880 substrates (εr = 2.2), with the thickness of 1.575 mm is used between

inductive layers and capacitive multilayers. The same substrate material with the thickness of

0.127 mm is used between two cascaded captive patches. All the dielectric substrates are bonded

together using a 0.1 mm thick Rogers 4450F binding film with εr = 3.58. The total thickness of

the structure, including the bonding layers, is 3.7 mm which is less than λ0/25 at 3.0 GHz. Fig.

2.11 shows a photograph of the fabricated harmonic-suppressed MEFSS.

The measurement setup consisted of a large metallic screen with the dimensions of 1.8 m× 1.2

m with a rectangularly shaped opening having the same dimensions as those of the FSS at its center.
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Figure 2.11 (a) Photograph of the fabricated harmonic-suppressed MEFSS prototype. (b) Side
view of the fabricated prototype.

This screen was placed between the transmitting and receiving antennas both connected to the two

ports of a vector network analyzer (VNA). The large metallic fixture ensures that a transmitted EM

wave must pass through the FSS to arrive at the receiver. Absorbers were used to cover points

of specular reflection in the surrounding environment (e.g. on the ground and side walls of the

room). Additionally, range gating in the VNA was used to eliminate the effects of scattering and

diffraction of the EM waves from the edges of the metallic fixture that host the FSS as well as

the effects of the multiple reflections between two antennas as discussed in [98]. Transmission

coefficient measurements were carried out in two steps. First, the transmission coefficient of the

screen without the FSS was measured and used for calibration. Then, the FSS was placed in the

opening and its transmission coefficient was measured once again. The transmission coefficient

of the MEFSS was obtained using these two measurement results. Measurements were performed

in 2 GHz - 27.0 GHz frequency range using multiple pairs of transmitting and receiving antennas

that cover different parts of this frequency range. Over the 2 GHz - 8 GHz frequency band, a pair

of dual ridge horn antennas were used. A pair of X-band and a pair of K-band horn antennas were

used to do the measurements in the 7.0 GHz - 15 GHz and 15 GHz - 27.0 GHz frequency bands
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respectively. In these measurements, the X-band and K-band horn antennas were used outside of

their recommended frequency bands of operation (e.g., 7.0-8.0 GHz and 12-15 GHz for the X-band

horns and 15 GHz-18 GHz for the K-band horns). This was done primarily due to the unavailability

of other standard antennas that were specifically designed for operation at these bands during

our measurements. Fig. 2.10 shows the measured frequency response of the MEFSS along with

the full-wave simulation results. As can be observed, a relatively good agreement between the

measured and simulated results is observed. The discrepancies observed between the measurement

and simulation results in the vicinity of 7.0 GHz and 15.0 GHz are primarily attributed to using

the receive and transmit antennas outside of their recommended frequency bands. Nonetheless,

the measured result demonstrates clearly that the FSS does not have any spurious transmission

windows up to 27.0 GHz.

The response of the fabricated prototype was also measured for oblique incidence angles for

the TE and TM polarizations of incidence. Fig. 2.12(a) shows the transmission coefficients of the

structure measured for the TE polarization for incidence angles in the range of 0◦ − 60◦. As can

be observed, the FSS response is stable for such large incidence angles. Additionally, the structure

maintains its harmonic suppressed operation for the TE polarization up to 27.0 GHz for incidence

angles in the range of ±60◦. Fig. 2.12(b) shows the measured transmission coefficients of the

structure for the TM polarization of incidence in the range of 0◦ − 60◦. Similar to the previous

case, the FSS maintains its second-order bandpass response. However, the center frequency of

operation of the structure shifts higher than 3.0 GHz for incidence angles exceeding 45◦. This is

also observed in other MEFSSs of the type shown in Fig. 2.1 (e.g., see [98]). This behavior can be

explained by examining the variations of the parameters of the equivalent circuit model of the FSS

under oblique incidence angles. Specifically, for the TE polarization of incidence, the capacitance

values of the patch layers decrease as the angle of incidence increases while the inductance value

of the wire grid does not change [99]. For the TE polarization, the series inductances - associated

with small transmission lines representing the dielectric substrates of the MEFSS - increase as the

incidence angle increases. These two effects compensate each other resulting in a stable center

frequency of operation as the angle of incidence changes. For the TM polarization, however, the
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(a)
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Figure 2.12 (a)-(b) Measured transmission coefficients of the fabricated harmonic-suppressed
MEFSS prototype discussed in Section 2.3.2 and shown in Fig. 2.11 for oblique incidence angles

for the (a) TE and (b) TM polarization of incidence.

inductance of the wire grid in the middle layer decreases as the incidence angle increases while

the capacitance values of the patch layers do not change [99]. The values of the series inductances

representing the short transmission lines modeling the dielectric substrates, however, decrease as

the angle of incidence increases. The reduction of these inductance values results in increasing
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the center frequency of operation of the MEFSS for the TM polarization as the incidence angle in-

creases. This effect, however, become significant only when the incidence angle increases beyond

45◦ as seen in Fig. 2.12. Additionally, for the TM polarization, as the angle of incidence is in-

creased, one of the higher spurious transmission windows starts to shift towards lower frequencies

and is observed in the results shown in Fig. 2.12(b) for θ = 45◦ and θ = 60◦. The peak transmis-

sion coefficient of this spurious band, however, remains below -20 dB for incidence angles up to

60◦. Thus, the MEFSS maintains its desired harmonically-suppressed transfer function for the TM

polarization for incidence angles in the ±60◦ range as well.

2.5 Conclusions

We presented a new method for designing miniaturized-element frequency selective surfaces

with higher-order bandpass responses, which are free of spurious transmission windows over an

extremely wide frequency band. The proposed harmonic-suppressed MEFSSs take advantage of

the concept of cascaded, overlapping capacitive patch layers to drastically reduce the unit cell

size of the structure. Using multiple closely-spaced capacitive layers with overlapping unit cells

to synthesize a single effective capacitive layer leads to a larger capacitance value for given unit

cell dimensions. As a result, the natural resonant frequencies of these patches and the apertures

within the wire grids shift to higher frequencies and a harmonic-free response over an extremely

large bandwidth can be achieved. The proposed concept was experimentally verified by design-

ing an MEFSS prototype having a second-order bandpass response with a fractional bandwidth of

20% at 3.0 GHz, which does not demonstrate any spurious transmission windows up to 27 GHz.

This MEFSS was also fabricated and experimentally characterized using a free-space measurement

setup. Measurements confirmed that the fabricated structure is indeed free of spurious transmission

windows over the expected frequency band of operation. Additionally, we examined the perfor-

mance of this prototype for various incidence angles and polarizations of the incident EM wave.

The fabricated MEFSS prototype demonstrates a stable frequency response for both the TE and

TM polarizations of incidence and maintains its harmonic free operation for incidence angles in

the ±60◦ range for both the TE and TM polarizations of incidence. The concept presented in this
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chapter can also be expanded to design MEFSSs for the VHF and lower UHF frequency bands. If

the MEFSS design presented in this chapter is directly scaled, it is expected that it will maintain

the same harmonic free bandwidth (i.e. a 9:1 bandwidth). However, as the center frequency of

operation of the MEFSS decreases, it may be necessary to extend the harmonic-free range of oper-

ation of the device to ensure that the device does not show any spurious transmission windows up

to high frequencies (e.g. 20 GHz). In such situations, the harmonic-free bandwidth of the MEFSS

can be increased by using more cascaded capacitive layers with smaller unit cell dimensions. For

example, computer simulations of an MEFSS with three cascaded capacitive patches operating in

the 500−700 MHz range indicate that it remains free of spurious transmission windows up to 18.0

GHz, or equivalently a 30:1 bandwidth.
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Chapter 3

Inductively-Coupled Miniaturized-Element Frequency Selective
Surfaces with Narrowband, High-Order Bandpass Responses

3.1 Introduction

Frequency selective surfaces are engineered surface constructions designed to control the flow

of a propagating electromagnetic wave by modifying its phase, amplitude, or polarization in a

desired and controlled way. These structures have brought unique capabilities to a wide range

of systems operating from low radio frequencies [2] to the infrared [3], [4] and optical frequen-

cies [5], [7]. Over the past few decades, frequency selective surfaces have been employed in a

wide range of devices including spatial filters [2, 8], artificial magnetic conductors [11, 12], trans-

mitarrays [13–15, 100], and reflectarrays [16, 101]. As spatial filters, they are used to reduce the

radar cross sections (RCS) of objects mounted on stealth platforms [2,102], reduce interference in

indoor wireless environments [17,18], and shield sensitive electronic devices from unwanted inter-

ference and jamming signals. One important factor that determines the suitability of a frequency

selective surface in a given application is the selectivity of its frequency response. In certain appli-

cations, narrowband and highly-selective filtering performances are required. For instance, such a

response may be useful in designing radomes used for reducing the out-of-band RCS of a narrow-

band antenna. In addition to having narrow bandwidth, to sufficiently attenuate strong out-of-band

interference/jamming signals, such FSSs should provide highly-selective responses with enough

out-of-band rejection to perform the desired filtering task.

The operation of most bandpass or bandstop FSSs with response orders of N ≥ 2 can be

described using the coupled-resonator filter theory. The bandwidth of such filters is determined
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by the quality factors of their constituting resonators as well as the coupling coefficients between

the resonators. In antenna-based FSSs, resonant-type elements (e.g. dipole, tri-pole, Jerusalem

cross, etc.) are used as the constituting elements of the structure [2]. In the filter analogy, these

resonant-type unit cells act as the resonators of the filter. To achieve a filter with higher-order (i.e.,

N ≥ 2) response, these elements are then cascaded using quarter-wavelength spacers that act as

impedance inverters. To achieve narrowband operation in these FSSs, the quality factors of their

resonators must be increased. Since antennas are the constituting elements of these structures, this

requires using miniaturized antennas (with high Q) in each unit cell. To increase the Q of such

an antenna, its occupied area must be decreased while maintaining its resonant frequency. For a

dipole antenna for example, this requires maintaining the overall electrical length of the dipole

to around λ/2 while decreasing the overall occupied area (by bending or meandering the dipole).

However, using conventional PCB fabrication technology, there is a limit to the miniaturization

levels that can be achieved using techniques like this (for an expanded discussion see Section II

of [103]). Therefore, achieving narrowband, highly-selective FSSs using conventional FSS design

approaches is very challenging.

To address these challenges, a number of previous studies have been conducted and reported

in the literature [33, 104–109]. In [104], it is shown that a periodic arrangement of strips loaded

periodically with closed or open ended stubs is capable of offering passbands narrower than what

can be achieved using a traditional single layer FSS. In [105], a narrowband FSS based on aperture

coupled microstrip patches is presented. A closely coupled two layer aperture FSS capable of of-

fering a relatively narrow passband is reported in [106]. In [33], a first-order FSS with very high-Q

bandpass response is presented. A narrowband band-reject FSS with pseudo-elliptic response is re-

ported in [107]. Finally, highly-selective FSSs based on substrate integrated waveguide techniques

are presented in [108], [109].

In this chapter, we propose a new design approach that is particularly suited for designing

narrowband, highly-selective FSSs (i.e. FSSs having fractional bandwidths of less than 10% and

bandpass responses with arbitrarily high orders). The approach is based on using dielectric spac-

ers as the main resonant elements of the filter and coupling them together using shunt inductors.
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The inductors are implemented as two-dimensional wire grids with sub-wavelength periods. Thus,

the proposed FSS is a periodic structure with sub-wavelength period and does not use any metal-

lic resonant elements to achieve the desired filter response. In that sense, this FSS has many of

the features and attributes of miniaturized-element frequency selective surfaces (MEFSSs) of the

types reported in [103], [1, 19–27, 81, 98, 103]. Consequently, henceforth we refer to this struc-

ture also as an MEFSS. An equivalent-circuit model for this type of FSS is also proposed. Using

this equivalent-circuit model, a comprehensive synthesis procedure is developed that allows for

designing the FSS from its system level performance indicators such as the center frequency of op-

eration, bandwidth, and response type. This procedure is used to design a prototype of such an FSS

with a second-order bandpass response operating at 21 GHz with a fractional bandwidth of 5%.

The prototype is fabricated and experimentally characterized. It is demonstrated that the measure-

ment results agree very well with the theoretical predictions and full-wave computer simulations.

In what follows the details of the operating principles, design process, and the measurement and

simulation results of the fabricated MEFSS are presented and discussed.

3.2 Principles of Operation

An intuitive way for analyzing the performance of a frequency selective surface is to examine

its equivalent circuit model. This offers useful insight into the performance of the FSS and allows

for examining the frequency response of the structure without having to rely on full-wave elec-

tromagnetic simulations. Similar to many microwave filters with bandpass frequency responses,

a bandpass FSS can also be designed based on the coupled-resonator filter topology. Fig. 3.1

shows two generalized circuit models of bandpass coupled-resonator filters. In these filters, two or

more resonators are coupled together using impedance inverters to achieve the desired frequency

response. Based on the type of the resonator and the inverter, these filters can be categorized into

two classes. Fig. 3.1(a) shows a coupled-resonator filter designed based on parallel resonators

that are coupled together using admittance inverters. For a filter with N th-order response of this

type, the resonators are modeled as X1, X2, ..., XN and the admittance inverters are shown as
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Figure 3.1 (a) Generalized bandpass filter circuit using a number of parallel resonators separated
from each other by admittance inverters (J-type inverters). (b) Generalized bandpass filter circuit

that consists of series resonators coupled together using K-type impedance inverters.

J01, J12, JN,N+1. The circuit shown in Fig. 3.1(b) is the dual of that shown in Fig. 3.1(a). There-

fore, this filter is designed based on resonators in series that are coupled together using impedance

inverters. In this case, the inverters are modeled as k01, k12, ..., kN,N+1 for a filter withN th-order re-

sponse. Most antenna-array-based FSSs (e.g. see [2]) are designed based on the coupled-resonator

filter model shown in Fig. 3.1(a). This way, dipole- or aperture-type resonant elements are shaped

in such ways that they act as resonators near the intended frequency band of operation. The cou-

pling elements in such FSSs are generally quarter-wavelength dielectric spacers. The equivalent

circuit model of most reported MEFSSs [1, 24, 98, 103] is also a converted version of the circuit

shown in Fig. 3.1(a). Spatial resonators in such structures are formed by combining non-resonant

reactive impedance sheets.

In the method proposed in this chapter, low-loss dielectric spacers are employed as resonators

of the FSS, which makes the task of achieving a narrowband bandpass response considerably eas-

ier. The resonators are separated from each other by the impedance inverters. The frequency of

operation of the filter is determined by the physical dimensions of the resonators and the dielectric

constants of the materials used to implement them. In contrast with the previously-reported MEF-

SSs with higher-order (i.e., N ≥ 2) bandpass responses [1, 24, 98, 103], the generalized bandpass
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Figure 3.2 (a) The equivalent circuit model of the transmission-line resonators (dielectric
spacers) used as the resonators of the proposed frequency selective surface. (b) The circuit model

of the admittance inverters used to couple the resonators of Fig. 3.2(a) together in the present
circuit model. (c) The equivalent circuit model of the proposed frequency selective surface when
the resonators and the admittance inverters of Fig. 3.2(a)-(b) are put together in a ladder network.
In this circuit, the negative lengths of the admittance inverters of Fig. 3.2(b) are absorbed in the

positive lengths of the transmission-line resonators shown in Fig. 3.2(a).

coupled-resonator filter circuit shown in Fig. 3.1(b), is used in the proposed design. In this config-

uration, the resonators are in series and they are coupled to each other using k-type inverters. The

resonators in this design are half-wavelength spacers, shown in Fig. 3.2(a), that are modeled with

transmission lines with characteristic impedances of Zj = Z0/
√
εr,j , where Z0 = 377 Ω is the

free-space impedance and εr,j is the dielectric constant of the jth substrate. The resonators are then

coupled to each other using the coupling elements shown in Fig. 3.2(b). This impedance inverter

is composed of a parallel inductor with two transmission lines with negative electric lengths on

its either side. These coupling elements have an overall image phase shift of −90◦. After placing

the transmission lines (resonators) and these coupling elements together to form the whole filter,

the negative electrical lengths of the transmission lines of the inverters are subtracted from the

positive electrical length of the adjacent lines (resonators). Therefore, in the final format of the

circuit, the lengths of all transmission lines are positive. Furthermore, the transmission lines will
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Figure 3.3 Topology of the proposed bandpass FSS. The structure has N + 1 metal layers that are
separated from one another by N dielectric spacers and acts as an FSS with N th-order bandpass

response.

have overall lengths less than half a wavelength, which reduces the overall thickness of the final

FSS. Fig. 3.2(c) shows the equivalent circuit model of the proposed spatial filter with N th-order

bandpass response after combining the resonators and the transmission lines. This circuit is an

inductively-coupled, coupled-resonator bandpass filter. In this final configuration, the inductors

are shown as L0,1, L1,2, ..., LN,N+1. The lengths and the characteristic impedances of the trans-

mission lines between the inductors are shown as h1, h2, ..., hN and Z1, Z2, ..., ZN , respectively.

Z0 is also the termination impedance at both sides of the FSS. Similar to the procedure described

in [1], the transmission lines and the inductors then can be implemented using dielectric spacers

and two-dimensional periodic arrangement of inductive wire grids, respectively.

Fig. 3.3 shows the three-dimensional (3D) topology of the proposed FSS with N th-order band-

pass response. The structure is composed of 2D periodic arrangement of sub-wavelength inductive

wire grids that are separated from one another by dielectric substrates. Assuming the thickness
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of the substrate between two consecutive metal layers is h, the overall thickness of the FSS is

N × h. The dimensions of each unit cell along x̂ and ŷ directions is D. The inductive wire grids

are also the combination of two metallic strips with the widths of wj,j+1 oriented perpendicularly

to each other. Due to symmetry, the response of this structure is insensitive to the polarization of

the incident wave for normal incidence.

3.3 Design Procedure

The design procedure of the proposed device is based on synthesizing the desired filter response

from the equivalent circuit model shown in Fig. 3.2(c) and mapping the equivalent circuit param-

eter values to the physical and geometrical parameters of the proposed FSS. In this procedure, we

assume the FSS has a certain response type (i.e. Butterworth, Chebyshev, etc.), center frequency

of operation of f0, and fractional bandwidth of δ = BW/f0. For simplicity, we assume that the

dielectric constant of the substrates used in the FSS are all the same. As described in Section 3.2,

the values of the elements used in the equivalent circuit model of Fig. 3.2(c) can be determined

by analyzing this circuit as an inductively-coupled, coupled-resonator bandpass filter [110]. Doing

this, the values of the elements of the equivalent circuit model can be calculated using the following

procedure. First we calculate the values of the inductors:

L0,1 =
Z0

2πf0

√
1+εr

2

√
πδ

2g0g1

1− πδ
2g0g1

(3.1)

LN,N+1 =
Z0

2πf0

√
1+εr

2

√
πδ

2gNgN+1

1− πδ
2gNgN+1

(3.2)

Lj,j+1 =
Z0

2πf0
√
εr

πδ
2
√
gjgj+1

1−
(

πδ
2
√
gjgj+1

)2 , j = 2, ..., N − 1 (3.3)

where g0, ..., gN+1 are the element values in the low-pass prototype filter that has the desired re-

sponse type (e.g. Butterworth, Chebyshev, etc. For more information see pp. 83-157 of [110]).
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Z0 = 377 Ω is the free space impedance and εr is the permittivity of the dielectric substrates used

to implement the FSS. The substrate thicknesses can be obtained from:

hj =
(

λ0
2π
√
εr

)
×π − 1

2

 tan−1

(
2Lj−1,j

√
εr,effj−1,j

2πf0Z0

)
+ ...

...+ tan−1

(
2Lj,j+1

√
εr,effj,j+1

2πf0Z0

)

 (3.4)

where c is the speed of light and εr,effj,j+1
is the effective dielectric constant for Lj,j+1. For the

MEFSS under discussion, εr,effj,j+1
= εr+1

2
for the first and last inductors and εr,effj,j+1

= εr for

other inductors. The next step of the design procedure is to map the values of the equivalent circuit

model of the FSS to those of the physical and geometrical parameters of the FSS. The values of

L0,1, ..., LN,N+1 can be related to the geometrical parameters of the sub-wavelength inductive wire

grids using the following equation [99]:

Lj,j+1 = µ0µj,j+1
D

2π
ln(csc(

πwj,j+1

2D
)) (3.5)

where D is the period of the periodic structure, µ0 is the free space permeability, µj,j+1 is the

effective permeability, and wj,j+1 is the width of the inductive wire grid used in the design. In the

design procedure, D can be chosen arbitrarily as long as the dimensions of the unit cells are small

compared to the wavelength.

3.4 Experimental Verification and Measurement Results

3.4.1 Design Example

The procedure presented in Section 3.3 was followed to design an MEFSS prototype with

a second-order bandpass response having a Butterworth response type, a center frequency of f0

= 21 GHz, and a fractional bandwidth of 5%. For this type of response, g0 = g3 = 1 and

g1 = g2 = 1.414. These values are obtained from Table 4.05-1(a) of [110]. The equivalent

circuit parameters of the structure including the values of the three inductors and the thicknesses

of the dielectric substrates are determined using (3.1)-(3.4). In doing so, the dielectric substrate
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Table 3.1 Physical and electrical parameters of the 2nd-order MEFSS with the center frequency
of 21 GHz and the fractional bandwidth of δ = 5% discussed in Section 3.4.

Parameter L01 L12 L23 h1 h2

value 0.4 nH 0.05 nH 0.4 nH 1.9 mm 1.9 mm

Parameter D w01 w12 w23 hb

value 3 mm 1.05 mm 1.85 mm 1.05 mm 0.1 mm

used in the design are assumed to be non-magnetic and have a dielectric constant of εr = 10.2

(Rogers RT/duroid 6010). The calculated values obtained from (3.1)-(3.4) are then used in a cir-

cuit simulation software (Agilent Advanced Design System) to calculate the frequency response

of the structure. Since the exact substrate thicknesses calculated using (4) were not available com-

mercially, the closest commercially available thickness was used for the substrates. Doing this

necessitated tuning the values of the inductors as well to recover the desired filter response. The

optimized circuit values are reported in Table 3.1. The unit cell dimension of the designed struc-

ture is selected to be 3 mm, which is equivalent to approximately 0.21λ0, where λ0 is the free

space wavelength at the center frequency. Therefore, using D= 3 mm and the inductance values

reported in Table 3.1 in (3.5), the widths of the inductive wire grids used in the MEFSS can be

calculated. Since the proposed MEFSS is a multilayer structure, the effect of bonding materials

on its response should also be taken into account. The bonding material used in the design is

Rogers 4450F prepreg with the dielectric constant of εr = 3.52 and the thickness of hb = 0.1 mm.

Introduction of the bonding layer creates an asymmetry in the topology of the MEFSS, which can

slightly change the frequency response of the device. This asymmetry can be eliminated by using

two closely spaced wire grids on the two sides of the middle bonding layer as shown in Fig. 3.4

instead of using just one wire grid placed only on one side. The final physical parameters of the

structure are listed in Table 3.1.

The structure is simulated in CST Microwave studio and its frequency response is calculated.

Fig. 3.5 shows the full-wave simulated transmission coefficient of the FSS in the frequency range

of 18-24 GHz alongside the frequency response predicted by the equivalent circuit model shown
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Figure 3.4 Unit cell of the proposed second-order bandpass MEFSS discussed in Section 3.4.
Notice that the two inductive wire grids placed in the center are separated from one another by a

thin prepreg layer. These two inductive layers constitute a single hybrid inductive layer. This
arrangement is used to maintain the symmetry of the structure as discussed in Section 3.4.

in Fig. 3.2(c) using the values reported in Table 3.1. As can be observed, the transmission win-

dow centered at 21 GHz is achieved and a good agreement between both simulated responses is

achieved. The frequency response of the structure is also simulated for oblique incidence angles

for both the TE and TM polarizations of incidence and the results are shown in Fig. 3.7. As can

be observed, for incidence angles in the range of ±40◦, the FSS is expected to provide a stable

frequency response for both polarizations. As the incidence angle is increased beyond 40◦, the

center frequency of operation of the structure starts to move towards higher frequencies. This shift

in the center frequency can be explained by examining the variation of the parameters of the equiv-

alent circuit model of the FSS under oblique incidence angles. Specifically, for the TE polarization

of incidence, as the angle of incidence increases, the impedance value of the transmission lines

increases (i.e. ZTE = Z0/ cos(θ)) while the inductance values of the wire grids remain constant

(i.e. LTE = L0). These variations result in the slight shift of the center frequency. For the TM

polarization, on the other hand, the inductance values of the wire grids decrease as the incidence

angle increases (i.e. LTM = L0(1− 1
εr,eff

sin2 θ)). The impedance value of the transmission lines,

however, decreases as the incidence angle increases (i.e. ZTM = Z0 cos(θ)). While the inductance

values of the wire grids are a major contributor, these two effects compensate each other to some

extent resulting in a slight increase in the center frequency of the pass band1. Since this MEFSS has
1To achieve stability in a wider field of view, both of these variations should be minimized or compensated. Adding

dielectric stabilizers at both sides of the FSS [2] or utilizing high-permittivity dielectric substrates in the design of the
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Figure 3.5 Simulated and measured transmission coefficients of the MEFSS discussed in Section
3.4. The results from the equivalent circuit model and full-wave simulations are compared with

the free-space measurement results.

a narrowband response, the shifting of the center frequency of operation is the primary parameter

that impacts the effective field of view of the structure.

3.4.2 Fabrication and Measurement Results

A prototype of the proposed MEFSS was fabricated using standard PCB lithography and sub-

strate bonding techniques. The fabricated prototype has four metallic layers, two dielectric sub-

strates, and panel dimensions of 13 cm × 13 cm (≈ 9λ◦ × 9λ◦). The photograph of the fabricated

prototype is shown in Fig. 3.6. The fabricated prototype was characterized using free-space mea-

surement techniques. For brevity, the detailed procedure of the measurements will not be repeated

here and the reader is referred to Section III of [102]. Fig. 3.5 shows the measured frequency

response of the MEFSS for normal incidence along with the simulation responses obtained using

both the equivalent circuit model and the full-wave EM simulations. As can be observed, a good

agreement between the measured and simulated results is observed.

structure helps to some extent by reducing the angular dependence of the inductance of the wire grids. Using a material
with a higher dielectric constant also helps somewhat with reducing the angular dependence of the impedances of the
transmission lines under oblique incidence angles.
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Figure 3.6 (a) Photograph of the fabricated MEFSS prototype. (b) Side view of the fabricated
prototype.

The response of the fabricated prototype was also measured for oblique angles of incidence

for both the TE and the TM polarizations of incidence. Fig. 3.7(a)-(b) shows the transmission

coefficients of the structure for both TE and TM polarizations of incidence in the range of 0◦−40◦.

Observe that under these illumination conditions, the FSS maintains its second-order response and

the response is relatively stable for both polarizations. The variations of the frequency response of

the FSS as a function of the polarization and the angle of incidence of the incident wave are similar

to those predicted from simulations. Since the structure has a narrowband filter response, the

inevitable changes in the inductance values and the effective electrical lengths of the transmission

lines that happen when the polarization or angle of incidence change have a more pronounced

effect on the frequency response of the structure. Specifically, as can be seen from Fig. 3.7, as

the angle of incidence increases up to 40◦, the center frequency shifts by approximately 2.5%.

From this trend, it is expected that increasing the angle of incidence beyond 40◦ results in further

shifting of the center frequency of operation of the MEFSS. Therefore, the desired field of view of

this structure (i.e., the range of incidence angles over which the structure is expected to operate)

also impacts the effective usable bandwidth of the FSS. This shift in center frequency, however, is

not unique to this type of FSS and is observed in the vast majority of FSSs that have higher-order
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(a)

(b)

Figure 3.7 Measured and simulated transmission coefficients of the fabricated MEFSS prototype
discussed in Section 3.4 and shown in Fig. 3.6 for oblique incidence angles for (a) TE and (b) TM

polarizations of incidence.

responses (i.e., N ≥ 2). Interested readers are referred to Chapter 7 of [2] for a more detailed

discussion of this (Specifically, the interested reader is encouraged to examine Fig. 7.12 of [2]).
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3.5 Practical Design Considerations

3.5.1 Fabrication Complexity

One of the important advantages of the proposed FSS design technique over the previously-

reported MEFSS design approaches is the reduction of the fabrication complexity of the structure

and the insensitivity of the response of the structure to alignment errors. As described in Section

10.1, the limitations of conventional PCB fabrication technologies all but eliminate the possibility

of using the previously-reported FSS design approaches to design FSSs with narrowband, highly-

selective bandpass responses. To demonstrate this, let us consider the fabrication complexity of an

MEFSS of the type reported in [98] designed to provide the same bandpass response as the structure

examined in this chapter (i.e., 2nd-order response, f0 = 21 GHz, δ = 5%, and D = 3 mm). This

MEFSS was designed using the procedure described in [98]. According to Eqs. (6)-(8) of [98],

to achieve this narrow-band response, the gap spacings between capacitive patches of the structure

reported in [98] need to be 5 µm, which is significantly smaller than the minimum feature size

that can be reliably fabricated using standard PCB fabrication technique (approximately 150µm).

Also, according to Eqs. (4)-(5) of [98], the total thickness of this structure is approximately 150µm.

While such small overall thickness compared to the wavelength may be advantageous in terms of

reducing the sensitivity of the response of this structure with respect to the angle of incidence,

it can present problems for the structural rigidity of the FSS. This problem becomes particularly

severe if the FSS is to be designed at millimeter-wave or THz frequencies.

Other than the mechanical stability of the structure, such small separations between the dif-

ferent metallic layers of the structure increase the sensitivity of the response of the FSS to the

alignment between different layers. This is due to the coupling between the different metal layers

of the structure caused by the evanescent higher-order Floquet modes. In the present structure,

however, this problem is virtually non-existent. This is due to the all inductive nature of the metal-

lic layers used in the structure as well as the thicker dielectric spacers used between the metallic

layers. The latter results in significant reduction of the mutual coupling between the different
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metallic layers2. To demonstrate the effect of having misalignment between different metallic

layers on the performance of the structure discussed in Section 3.4.1, a series of simulations are

performed. In these simulations, misalignments are introduced between the different layers of the

proposed MEFSS as shown in the inset of Fig. 3.8. In this figure, ∆j,j+1 refers to the misalignment

of the inductor Lj,j+1 (shown in Fig.4). Here we assume that the location of the center wire grid

is fixed, so the inductors at two sides of the FSS (L0,1 and L23) are misaligned with respect to the

center wire grid. For simplicity, we have considered the same level of misalignment along the x

and y directions. ∆ = 0 is considered the perfect alignment case. Fig. 3.8 shows the transmis-

sion coefficients of the proposed FSS for a number of different combinations of ∆j,j+1 values. As

can be observed, even for the worst case scenario, where all the metal layers are misaligned com-

pared to one another, the structure’s frequency response is practically not changed. This feature

is extremely important if the proposed FSS is to be used for millimeter-wave, THz, IR, or visible

applications. In such frequency bands, the unit cell dimensions become very small physically and

achieving good alignment between multiple metallic layers is extremely difficult. The proposed

FSS design virtually eliminates the need for performing any alignment between the different layers

at such high-frequency bands. In addition to this, the increased thickness of the proposed structure

allows for designing self-standing MEFSS operating at higher frequency bands ranging from the

millimeter-wave and THz to infrared and optical bands.

3.5.2 Impact of Losses on the Performance of the Structure

The passband bandwidth of a coupled-resonator filter is determined by the loaded quality factor

of its resonators as well as the coupling coefficients between the resonators. The loaded quality

factor of a resonator can be calculated as the product over sum of the unloaded and the external

quality factors. In this context, the unloaded quality factor is associated with the losses of the

2The mutual coupling between the different metallic layers is predominantly through the higher-order Floquet
modes that are evanescent for sub-wavelength periodic structures. Therefore, by using a thicker substrate, the higher-
order Floquet modes of each layer will decay considerably before they arrive at the other layer thereby reducing the
mutual coupling between the different metallic layers.
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, 1j j+∆

Figure 3.8 Simulated transmission coefficients of the MEFSS discussed in Section 3.4.1 for
various scenarios of misalignments between different metallic layers. ∆j,j+1 represents the

misalignment for the inductor Lj,j+1. Here, we assume that the location of the center wire grid is
fixed and the inductors at two sides of the FSS are misaligned diagonally in x− y plane with

respect to the center wire grid.

resonator itself including the dielectric and metallic losses while the external quality factor is de-

pendent on the coupling. Therefore, for coupled-resonator filters employing resonators with high

unloaded quality factors, the bandwidth is predominantly controlled by the external quality factor

of the structure while the internal losses in the resonators mostly impact the insertion loss of the

filter in its transmission band. For the MEFSS considered in this chapter, the losses of the sub-

strate primarily impact the insertion loss of the FSS in its pass band. This is shown by conducing

a number of full-wave simulations for the structure discussed in Section 3.4.1 in which the loss

tangent of the constituting substrates of the MEFSS are increased from 0.002 to 0.010. This range

is chosen because it represents the loss range of most commercially available microwave substrates

ranging from good to poor. Fig. 3.9 shows the impact of the loss tangent on the performance of

the structure. Observe that for these typical tan δ values, the primary impact of increasing the

dielectric losses is to increase the insertion loss of the MEFSS in its pass band. Therefore, in de-

signing FSSs of this type, it is important to use low-loss substrates. Finally, for the proposed FSSs

with a given response type and order, as the bandwidth of the structure decreases, its insertion loss
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Figure 3.9 Simulated transmission coefficients of the MEFSS discussed in Section 3.4.1 for
various loss tangent values of the dielectric substrates.

increases. This phenomenon is well known and understood in the coupled-resonator microwave

filter theory and the interested reader is referred to [111, 112] (and the references therein) for an

expanded discussion on this.

3.5.3 Sensitivity of the Response to the Uncertainties in Dielectric Constant
and Substrate Thickness

The resonant frequency of the resonators of the proposed design is mainly determined by the

dielectric constant and the thickness of the substrates used in the structure. Therefore, any varia-

tions in the values of these parameters from those assumed in the design process can change the

operating frequency of the FSS. The impact of these variations on the response of the structure

discussed in Section 3.4.1 is demonstrated by conducting a number of full-wave simulations. In

these simulations the dielectric constant is considered to change in the range of 10.2±0.25. Also,

the exact thickness of the substrate is allowed to vary in the range of 1.9±0.05 mm. These ranges

are the reported values specified by the manufacturer of Rogers RT/duroid 6010. Fig. 3.10(a)

shows the impact of the change in the dielectric substrate thickness on the performance of the

structure. Observe that the primary impact of variation of the dielectric thickness is to change the



57

center frequency of the MEFSS. Considering h1 = h2 in the structure discussed in Section 3.4.1,

the resonant frequency varies within ∼ 5% of the intended center frequency. Fig. 3.10(b) shows

the effect of changing the dielectric constant from the assumed design value on the response of

the proposed structure. Observe that as the dielectric constant decreases, the resonant frequency

increases. Considering the changes in the dielectric constant is similar in both layers, the resonant

frequency varies within ∼ 2.5% of the expected center frequency.

Since the parameters of the dielectric substrates are among the major factors determining the

response of the FSS, it is important to precisely characterize (or determine) the thickness and

the dielectric constant of the substrates before a design is performed rather than solely relying

on the data provided by the manufacturer. Specifically, if commercially available substrates are

used, the thickness of each substrate can be measured using precision digital micrometers with

an accuracy better than 1-2 µm. The dielectric constant of the substrate can also be characterized

experimentally with accuracies in the 2-5% range. Since the substrate thickness is generally known

with a better degree of accuracy than the dielectric constant, the main source of uncertainty in the

design of FSSs of this type is the uncertainties in the exact dielectric constant of the structure.

However, the good agreements shown between the measurement and simulation results of the FSS

prototype reported in this chapter (see Fig. 3.5) shows that the desired response can be obtained in

the first round of fabrication if these issues are taken into account at the design stage.

3.6 Conclusions

A new technique for designing low-profile frequency selective surfaces with narrowband, band-

pass responses was presented. A comprehensive procedure for synthesizing the proposed FSS was

also presented. The technique is based on modeling the FSS with an equivalent circuit model that

is a classical inductively-coupled, coupled-resonator bandpass filter. In physical implementation

of the FSS, inductive wire grids are used to implement the inductors used in the equivalent circuit

model and dielectric spacers are used to implement the series resonators. The proposed design

technique allows for designing FSSs with narrowband, bandpass responses with arbitrary orders

and response types. Additionally, narrowband operation in the proposed structure is achieved using
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(b)
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Figure 3.10 Sensitivity of the frequency response of the structure discussed in Section 3.4.1 to
the variations of (a) the thickness and (b) the dielectric constant of the substrates from assumed

values in the design process.

a simple, planar structure. The introduced concept was also experimentally verified by designing

an MEFSS prototype having a second-order bandpass response with a fractional bandwidth of 5%

at 21 GHz. The fabricated prototype demonstrated a stable response as a function of the angle of

incidence of the electromagnetic wave for both TE and TM polarizations. The main advantages

of the proposed FSS include the ability to offer narrowband filtering responses of any arbitrary
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order and response type, having a simple design and synthesis procedure that is extremely likely to

result in achieving the desired response in the first fabrication iteration, and using simple low-cost

fabrication techniques that do not require using through substrate via metallizations.
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Chapter 4

Wideband Linear-to-Circular Polarization Converters Based on
Miniaturized-Element Frequency Selective Surfaces

4.1 Introduction

In antenna design, the choice of the polarization of the radiated wave generally depends on the

application as well as the propagation environment. For instance, in satellite communications or

navigation systems, circularly-polarized waves are preferred due to the advantages such as lower

sensitivity to multipath fading and reduced sensitivity to Faraday rotation or the orientation of the

receiver’s antenna. In communications systems involving satellite-earth links, a linearly-polarized

wave experiences an unpredictable rotation as it propagates through the ionosphere. This rotation

may cause polarization mismatch at the receiver that impacts the link budget of the system [113].

Circularly-polarized (CP) waves, on the other hand, do not suffer from these issues and have

been used in modern satellite and point-to-point communications systems to improve the polar-

ization efficiency and propagation link budget. Over the past several decades, a variety of different

circularly-polarized antenna designs have been reported in the literature. An alternative way of

generating a circularly-polarized wave is to generate a linearly-polarized wave and pass it through

a polarization converter. This technique is particularly attractive in situations where the radiating

system consists of a planar array and generating CP waves at the element level may not be conve-

nient. In such a situation, a polarization converter can be placed on top of the linearly-polarized

antenna system to produce circularly-polarized waves.

A polarization converter is a slab of an anisotropic medium that converts an incident wave with

a given polarization to a reflected or a transmitted wave with a different polarization (e.g. linear
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to circular or vertical to horizontal). Planar polarization converters are generally implemented

using frequency selective surfaces or other types of periodic structures. These structures normally

operate based on dividing a wave into two orthogonal components and generating a 90◦ phase shift

between them. A simple implementation for such a device is a reactive surface having inductive

impedance for one component of the field and capacitive impedance for the other. This way,

a phase shift of 90◦ may be obtained between the two components of the emerging transmitted

wave. If these two components have equal amplitudes, the incident linearly-polarized wave will be

converted to a transmitted circularly-polarized wave at the output.

Over the past several decades, a number of different types of polarization converters operating

in such a fashion have been reported in the literature [34–48]. The work reported in [34] is among

the first structures designed to perform a conversion between linearly- and circularly-polarized

waves. The structure presented in [34] is a multilayer structure consisting of both inductive and

capacitive impedance sheets. The dimensions of the structure are chosen in such a way to introduce

a 90◦ phase shift between orthogonal field components to achieve a circularly-polarized transmit-

ted wave when the structure is illuminated with a linear polarization. In [35], a meandered-line

polarizer is reported. This polarization converter is a multilayer structure composed of meandered

metallic strips. The basic approach in the design of this structure is to make an array that is predom-

inantly inductive to one polarization and capacitive to the orthogonal polarization. This concept

was modified and improved in [36] and [37]. Also, the integration of such a converter and a horn

antenna was investigated in [38]. Other than the aforementioned structures, two-dimensional arrays

of cross-shaped dipoles [39], [40], cross-shaped slots [41], split-ring slots [41–43], and hexagonal-

shaped slots [41] with asymmetric features have also been used to design polarization converters.

Furthermore, in [44] and [45] polarizers composed of arrays of respectively T-shaped slots and bi-

sected split-ring elements were reported. Despite the advantages offered by these structures, most

of them use resonant constituting elements and hence, they tend to be narrowband structures. Fur-

thermore, the relatively large dimensions of the unit cells of most of these structures deteriorates

their performances under oblique incidence angle illumination conditions.
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Over the past few years, a new class of metamaterial-inspired frequency selective surfaces

with sub-wavelength unit cell dimensions - referred to as miniaturized-element frequency selec-

tive surfaces (MEFSSs) - has been studied [1, 8, 20–27, 81, 89, 97, 98, 102, 114, 115]. To date,

such structures have been employed in a wide range of devices including spatial filters [8, 102],

transmitarrays [13–15, 100], and reflectarrays [101, 116]. In this chapter, we present a method for

designing wideband polarization converters based on MEFSSs. The proposed converters are com-

posed of two dimensional arrays of capacitive patches and inductive wire grids separated from one

another with thin dielectric substrates. Each pixel in the proposed polarization converter is a unit

cell of an appropriately-designed MEFSS with different transmission characteristics for the two

orthogonal polarizations. Over the band of interest, the structure is impedance matched for both

orthogonal polarizations while providing two distinct linear phase responses with a phase differ-

ence of 90◦ between them. With these principles of operation, the proposed device is capable of

offering wideband operation. In addition, due to the small unit cell dimensions and the low-profile

nature of the proposed structure, this device can demonstrate a stable performance with respect to

the incidence angle with a wide field of view. Using this approach, a linear-to-circular polarization

converter prototype operating within the X-band (8-12 GHz) was designed, fabricated, and exper-

imentally characterized. The measurement results confirm that the fabricated device operates over

a bandwidth of more than 40%. The measurements also demonstrate that the structure has a very

consistent frequency response as a function of the angle of incidence of the EM wave, with a field

of view of ±45◦.

4.2 Principles of Operation

Fig. 4.1 presents the topology of a linear-to-circular polarization converter. This device is a

slab of anisotropic medium, which converts a linearly-polarized wave to a circularly-polarized one.

The device is illuminated with a linearly-polarized incident wave with the electric field vector, ~Ei,

tilted 45◦ relative to both x̂ and ŷ directions. ~Ei
x and ~Ei

y are the vertical and horizontal compo-

nents of the incident electric field, respectively. This polarization converter behaves differently for

these two components. Specifically, the device has different frequency responses for the vertical
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Figure 4.1 Schematic model of a linear-to-circular polarization converter. In this configuration,
the incident electric field vector is tilted 45◦ relative to x̂ and ŷ directions. After passing through

the converter, the transmitted signal is right-handed circularly polarized.

and horizontal components of the incident wave. Within the operational band, the magnitude of

the transmission coefficient for each component is ideally equal to one and the device passes both

components very efficiently within the pass band with little or no attenuation. However, the verti-

cal and horizontal components experience two distinct phase shifts with the phase difference of 90◦

while propagating through the converter. As a result, within the transmission window, the polar-

ization of the emerging wave on the other side will be circular. ~Et
x and ~Et

y are the two orthogonal

components of the transmitted wave and are expressed in terms of ~Ei
x and ~Ei

y using the following

formulas:

~Et
x = Tx ~E

i
x (4.1)

~Et
y = Ty ~E

i
y (4.2)

where Tx = |Tx|ej]Tx and Ty = |Ty|ej]Ty are the transmission coefficients of the device for the

x̂ and ŷ polarizations, respectively. In (4.1) and (4.2), the cross transmission coefficients (i.e.,

Txy and Tyx) are considered to be negligible. To achieve a circularly-polarized wave at the output

within the operational band, Tx and Ty are related based on the following formulas:
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|Tx| = |Ty| (4.3)

]Ty − ]Tx = ±π
2

(4.4)

The sign in (4.4) determines the sense of rotation of the circularly-polarized output wave. The

transmitted wave is left-handed circularly polarized if ]Ty − ]Tx = π
2

and right-hand circularly-

polarized if ]Ty − ]Tx = −π
2
.

The polarization converter shown in Fig. 4.1 is implemented using miniaturized-element fre-

quency selective surfaces. The elements of conventional MEFSSs often have two axes of symmetry

(i.e., rotationally symmetric for a rotation angle of 90◦) and hence, are polarization independent

for normal incidence angles. Polarization converters, on the other hand, need to have different re-

sponses for x̂- and ŷ-polarized waves. Therefore, the present structure needs to feature asymmetric

elements within a unit cell to generate two distinct frequency responses for vertical and horizontal

components of the incident wave. Fig. 4.2 shows the three-dimensional topology of the proposed

polarization converter. The structure consists of two-dimensional periodic arrangements of sub-

wavelength capacitive patches and planar wire grids, separated from one another by thin dielectric

substrates. Assuming that the thickness of the substrate between two consecutive metallic layers

is h, the overall thickness of the structure is (N − 1)× h, where N is the total number of metallic

layers used to implement the structure. The top view of one unit cell of the capacitive layer and that

of an inductive layer are shown in the inset of Fig. 4.2. The dimensions of the unit cell along the x̂

and ŷ directions are Dx = Dy = D. The capacitive patches are in the form of rectangular metallic

patches with dimensions of D− six and D− siy, where six and siy are the gap spacings between two

adjacent patches in the ith layer in x̂ and ŷ directions, respectively. The inductive wire grids are the

combination of two metallic strips with the widths of wix and wiy oriented perpendicularly to each

other. Due to these asymmetric features, this structure will have different responses for incident

plane waves polarized along the x̂ and ŷ directions.
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Figure 4.2 Topology of the proposed polarization converter based on bandpass
miniaturized-element frequency selective surfaces. The unit cells of the capacitive patches and the

inductive wire grids are shown on the right hand side of the figure.

The synthesis procedure of MEFSSs are typically based on a generalized equivalent circuit

model whose values are determined from the system level performance indicators such as the cen-

ter frequency of operation, operational bandwidth, response type, etc. In the proposed device, the

structure of the equivalent circuit model is the same for both polarizations with the exception of

the element values as shown in Fig. 4.3. In this circuit model, the capacitive patches are modeled

with parallel capacitors C1
x, C

3
x.., C

N
x for x̂ polarization, while these capacitors are C1

y , C
3
y .., C

N
y

for ŷ polarization. The inductive wire grids are represented by parallel inductors L2
x, .., L

N−1
x

and L2
y, .., L

N−1
y for the x̂ and ŷ polarizations, respectively. Thin substrates separating the induc-

tive and capacitive layers are modeled with transmission lines with characteristic impedances of

Z1,2, ..., ZN−1,N and lengths of h1,2, ..., hN−1,N for both polarizations. For non-magnetic media

Zi,i+1 = Z0(εi,i+1
r )−1/2. Free space on each side of the device is modeled with semi-infinite trans-

mission lines with characteristics impedance of Z0 = 377 Ω.
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Figure 4.3 Equivalent circuit model of the converter shown in Fig. 4.2 for (a) the vertical
(x̂-directed) and (b) the horizontal (ŷ-directed) polarizations.

As described in [14,15,100], MEFSSs can be used as time delay units. To act in such a manner,

they must be designed to provide linear phase responses with desired slopes versus frequency over

a wide range of frequencies in their transmission windows (i.e. to provide desired, constant group

delays). Therefore, if the proposed structure is designed to exhibit a linear phase response for

both x̂ and ŷ polarizations while maintaining a phase difference of 90◦ between the two responses,

a wideband polarization converter can be achieved. This concept is depicted in Fig. 4.4. In

this figure, Tx and Ty are the transmission coefficients of the polarization converter for x̂ and ŷ

polarizations, respectively. The transmission windows for x̂- and ŷ polarizations are respectively

∆fxt = fxH − fxL and ∆f yt = f yH − f yL. The overlap frequency band between the two responses

is shown as ∆fd = fxH − f yL. The operational band of interest for the polarization converter is

also denoted as ∆fopt = fH − fL ≤ ∆fd. Generally ∆fopt is smaller than ∆fd because the phase

responses of Tx and Ty are not linear close to the band edges in most MEFSS implementations

[14]. The total phase span within the transmission windows is approximately the same (∆φt)

for both polarizations as this parameter is mainly a function of the order of the response of the

MEFSS used to construct the device (N+1
2

, where N is the number of metallic layers). The relation

between these two parameters can be expressed as ∆φt ≈ (N+1)π
4

. For an ideal case, the frequency
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response for the x̂ polarization is a de-tuned version of the frequency response for the ŷ polarization

while ensuring that the desired phase and amplitude responses are maintained. Therefore, the

bandwidth of both responses and their total phase shifts within their transmission windows are

∆ft = ∆fxt = ∆f yt and ∆φt, respectively. Thus, to achieve an operational bandwidth of ∆fopt, the

transmission window for each of the two responses can be calculated using the following formula:

∆ft >
∆fopt(

1− ∆φd
∆φt

) (4.5)

where ∆φd is the desired phase difference of 90◦ in an ideal situation. For example, if the total

phase span of the transmission coefficient for both polarizations is 270◦, then, the bandwidth of

each response needs be at least 1.5 times the desired bandwidth of the polarization converter; i.e

∆ft = 3/2 × ∆fopt. As described in [14, 15], the total phase shift provided by an MEFSS is a

function of the order of the response. Therefore, for a given desired bandwidth of the polarization

converter, as the order of the MEFSS responses is increased, a narrower bandwidth for each of the

Tx and Ty responses of the MEFSS will be required.

4.3 Design Procedure

The design procedure of the proposed polarization converter is based on synthesizing the trans-

mission characteristics of the required responses for both vertical and horizontal polarizations.

These responses are determined based on the operational band of interest ∆fopt = fH − fL. To

do so, the structure is first designed based on the equivalent circuit model and then the physical

and geometrical parameters (e.g. wire widths and gap spacings) are calculated using equations

(23)-(24) in [1]. The design procedure of the proposed device consists of a few different steps.

This design starts by determining the order of the response of the MEFSS (N+1
2

) for both polariza-

tions (i.e. number of metallic layers N ). This parameter must be chosen to satisfy (4.5), given the

desired ∆fopt. It is recommended that the lowest order of the filter response satisfying (4.5) is used

for the design, since the design complexity increases as N increases. Furthermore, increasing N

increases the overall thickness of the structure, which may cause the deterioration of the response
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Figure 4.4 The concept of de-tuning to design a wideband polarization converter. Tx and Ty show
the frequency responses of the device for vertical (x̂) and horizontal (ŷ) polarizations,

respectively. The transmission windows for x̂ and ŷ polarizations are respectively
∆fxt = fxH − fxL and ∆f yt = f yH − f

y
L. In this configuration, ∆fd is the overlap region between the

two responses and ∆fopt shows the operational band of interest in which the structure is
impedance matched for both orthogonal polarizations while there is a 90◦ phase difference

between their corresponding transmission phases.

of the structure under oblique incidence illumination. Knowing the order of the response, N+1
2

, and

∆fopt, the minimum operational bandwidth for responses for the x̂ and ŷ polarizations (i.e. ∆fxt

and ∆f yt ) can be determined using (4.5). After determining the order of the response and the band-

width for each polarization, the values of the elements of the circuit models shown in Fig. 4.3 can

be calculated using the procedure described in Section II of [1]. However, to ensure that the phase

difference between the two components remains 90◦ over the entire band of interest, a modified

procedure needs to be followed. In this procedure, the initial values of the elements of the equiva-

lent circuit model for both polarizations are determined based on the synthesis procedure described

in [1]. Then, one of the initial responses is kept the same and the other one is fine tuned to ensure

that the design goals are achieved over the entire band. The tuning is performed by optimizing

the parallel inductor and capacitor values. The specific design goals for this optimization step are

to have a transmission window overlap and a phase difference of 90◦ over the entire operational

band of interest. Alternatively, this goal can be considered as achieving a required axial ratio for
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the transmitted signal within the frequency band of operation. This parameter can be determined

using the following formula:

AR =

(
|Tx|2 + |Ty|2 +

√
a

|Tx|2 + |Ty|2 −
√
a

)
a = |Tx|4 + |Ty|4 + 2|Tx|2|Ty|2 cos (2(]Ty − ]Tx))

(4.6)

Assuming that Ty is synthesized first and Tx is determined in the de-tuning step, the optimization

parameters are the values of the parallel capacitors C1
x, ..., C

N
x and those of the parallel inductors

L2
x, ..., L

N−1
x in the equivalent circuit model shown in Fig. 4.3. The thicknesses of the substrates

are already determined while Ty is synthesized. This optimization can be performed using two

different methods. The first technique is to use a commercially-available circuit simulation and

optimization software (e.g. Agilent Advance Design System R©). Alternatively, the transfer function

of an MEFSS can be predicted using its equivalent circuit model:

T =
2

A+ B
Z0

+ CZ0 +D
(4.7)

where A, B, C, and D are given by:

 A B

C D

 =

(
N−2∏

i=1, i odd

Ti
CT

i,i+1
h Ti+1

L Ti+1,i+2
h

)
TN
C (4.8)

In (4.8), Ti
C , Ti

L, and Ti,i+1
h can be calculated using the following formulas:

Ti
C =

 1 0

jωCi
x 1

 (4.9)

Ti
L =

 1 0

(jωLix)
−1

1

 (4.10)

Ti,i+1
h =

 cos βhi,i+1 jZi,i+1 sin βhi,i+1

(j/Zi,i+1) sin βhi,i+1 cos βhi,i+1

 (4.11)
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Table 4.1 The element values of circuit models shown in Fig. 4.3 to have third-order responses
with ∆fx = 3.75 GHz-12.25 GHz and ∆fy = 7.75 GHz - 16.25 GHz for the vertical and

horizontal polarizations, respectively.

Parameter Cy
1 = Cy

5 Cy
3 Ly2 = Ly4 Lx2 = Lx4

value 23 fF 46 fF 1.1 nH 3.5 nH

Parameter Cx
1 = Cx

5 Cx
3 h1,2 = h4,5 h2,3 = h3,4

value 90 fF 120 fF 1.27 mm 1.27 mm

where Zi,i+1 and β = ω
√
εi,i+1
r

c
are respectively the characteristic impedance and propagation con-

stant of the transmission lines. Combination of (4.7)-(4.11) yields a relationship between the phase

and magnitude of the frequency response (i.e. ]Tx and |Tx|) and the element values in the equiv-

alent circuit model shown in Fig. 4.3. Using these equations, a simple computer program can

be written (e.g. in MATLAB) to perform the optimization. In the final step, after calculating all

the element values of the equivalent-circuit models shown in Fig. 4.3, the geometrical parameters

including the strip widths and gap spacings can be determined using equations (23)-(24) of [1].

4.4 A Design Example, Experimental Verification, and Measurement Results

The procedure presented in Section 4.3 was followed to design a polarization converter operat-

ing over the frequency range of 8 GHz to 12 GHz or equivalently a 40% fractional bandwidth. The

bandwidth is defined as the frequency range over which the axial ratio is below 3 dB and the total

transmission coefficient is higher than -3 dB. A third-order bandpass MEFSS with a Chebyshev

response was used to design this polarization converter. With this order of response, the total phase

shift over the entire main transmission window is 270◦. Based on (4.5), designing this polarization

converter requires using third-order bandpass MEFSSs with minimum bandwidths of 6 GHz for

each of the horizontal and vertical responses. Following the design procedure, to meet the mini-

mum bandwidth requirement and having f yL ≤ fL, a frequency response with center frequency of

12 GHz and the bandwidth between 7.75 GHz to 16.25 GHz for the ŷ polarization was synthesized

using the design procedure presented in [1]. In doing so, first the element values of the equivalent
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Figure 4.5 Calculated transmission coefficients of the polarization converter discussed in Section
4.4 as well as the difference between the corresponding transmission phases with the parameters

shown in Table 4.1.

circuit model of the structure including the values of three capacitors, two inductors, and the thick-

nesses of the dielectric substrates were determined. In this design, the dielectric substrates were

assumed to be non-magnetic having a dielectric constant of εr=10.2 (Rogers RT/duroid 6010).

These circuit values are reported in Table 4.1. The frequency response of the MEFSS for the x̂

polarization was also synthesized similar to the procedure used to synthesize the MEFSS response

for the ŷ polarization. To do so, a frequency response with a center frequency of 8 GHz and the

bandwidth between 3.75 GHz and 12.25 GHz was considered. The circuit values used to achieve

such a response are listed in Table 4.1. Fig. 4.5 shows the simulated transmission coefficients

of the MEFSS for both polarizations as well as the difference between their transmission phases

obtained using the circuit values reported in Table 4.1. The structure for both polarizations is as-

sumed to be symmetric with respect to the center capacitive layer. In the next step, the element

values of the equivalent circuit model for the x̂ polarization including Cx
1 = Cx

5 , Cx
3 , and Lx2 = Lx4

were de-tuned to achieve the design goals. As described in Section 4.3, this step can be accom-

plished using optimization in ADS or simply using equations (4.7)-(4.11) to numerically perform

the optimization. In this example, a hybrid optimizer with least squares error function was em-

ployed. As discussed, the goal was to achieve axial ratio of below 3 dB within the transmission
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Table 4.2 The finalized element values of the equivalent circuit models shown in Fig. 4.3 for the
polarization converter discussed in Section 4.4.

Parameter Cy
1 = Cy

5 Cy
3 Ly2 = Ly4 Lx2 = Lx4

value 23 fF 46 fF 1.1 nH 1.49 nH

Parameter Cx
1 = Cx

5 Cx
3 h1,2 = h4,5 h2,3 = h3,4

value 67 fF 112 fF 1.27 mm 1.27 mm

window overlap of responses for the two orthogonal polarizations. The final element values of

the equivalent-circuit model for both the horizontal and the vertical polarizations are listed in Ta-

ble 4.2. Fig. 4.6(a) shows the magnitudes of the frequency responses predicted using the circuit

models with the values reported in Table 4.2. The difference between the transmission phases of

responses for the horizontal and the vertical polarizations predicted using circuit models is also

shown in Fig 4.6(b).

The unit cell dimension of the designed structure is selected to be 4.5 mm, which is equiv-

alent to approximately 0.15λ0, where λ0 is the free-space wavelength at the center frequency of

operation fc = 10 GHz. Therefore, using D = 4.5 mm and the capacitance and inductance values

reported in Table 4.2, the widths of the inductive wire grids and the capacitive gap spacings can be

calculated. Since the proposed structure is a multilayer structure, the effect of the bonding layers

placed between the adjacent substrates on its response should also be considered. The bonding

material used in this design is Rogers 4450F prepreg with the dielectric constant of εr = 3.52 and

the thickness of hb = 0.1 mm. Introduction of the bonding layers creates an asymmetry in the

topology of the structure, which can slightly change the frequency response of the device. This

asymmetry can be eliminated by using two closely-spaced patches on the two sides of the mid-

dle bonding layer as shown in Fig. 4.7 instead of using just one patch placed on only one side

of this layer. The final physical parameters of the structure are listed in Tabel 4.3. The structure

was simulated in CST Microwave Studio R©and its frequency responses for both the horizontal and

the vertical polarizations were calculated. Fig. 4.6(a) shows the full-wave simulated transmission

coefficients of the polarization converter for both polarizations alongside the frequency responses
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(b)

(a)

Figure 4.6 Simulated and measured transmission characteristics of the polarization converter
discussed in Section 4.4. These characteristics include (a) transmission coefficients for the two

orthogonal polarizations and (b) the difference between their corresponding transmission phases.
Simulated results based on the equivalent circuit model are calculated using the values listed in

Table 4.2. The full-wave simulated results are obtained based on the values reported in Table 4.3.

predicted by the equivalent circuit model. The phase difference between the transmission phases

of both polarizations is also shown in Fig. 4.6(b). Using (4.6), the axial ratio of the transmitted

signal was also calculated based on the two responses. Fig. 4.8 shows the predicted axial ratio

of the transmitted wave based on both the full-wave simulated results and those obtained using
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Figure 4.7 Unit cell of the proposed polarization converter discussed in Section 4.4. Notice that
the two capacitive patches placed in the center are separated from one another by a thin prepreg
layer. These two layers consititute a single hybrid capacitive layer. This arrangement is used to

maintain the symmetry of the structure as discussed in Section 4.4.

Table 4.3 Physical parameters of the polarization converter discussed in Section 4.4, with the unit
cell shown in Fig. 4.7 and with the equivalent circuit model element values reported in Table 4.2.

The unit cell dimension for this structure is D = 4.5mm.
Parameter P y

1 = P y
5 P y

3 wx2 = wx4 wy2 = wy4

value 1 mm 1.6 mm 0.8 mm 0.2 mm

Parameter P x
1 = P x

5 P x
3 h1,2 = h4,5 h2,3 = h3,4

value 2.9 mm 2.5 mm 1.27 mm 1.27 mm

the equivalent circuit model. Observe that the full-wave simulated results are consistent with the

predictions from the equivalent-circuit model. The axial ratio remains below 3 dB between 7.92

GHz to 12.54 GHz, which successfully covers the entire X-band.

A prototype of the proposed polarization converter was fabricated using standard PCB lithog-

raphy and substrate bonding techniques. The fabricated prototype has six metallic layers and four

dielectric substrates. The panel dimensions of the fabricated prototype are 33.75 cm × 22.5 cm

(≈ 11.25λ0 × 7.5λ0). The total thickness of the structure, including the bonding layers, is 5.4

mm which is approximately equivalent to 0.18λ0 at 10 GHz. The photograph of the fabricated

prototype is shown in Fig. 4.9. The fabricated prototype was characterized using free-space mea-

surement techniques. To do so, the frequency responses of the prototype, for the two orthogonal

polarizations, were measured and the axial ratio was calculated in the post processing step using
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Figure 4.8 Simulated and measured axial ratios of the polarization converter discussed in Section
4.4. These results are obtained using Eq. (4.6) with the values obtained from the simulated and

measured magnitude and phase of the response of the FSS for both x̂ and ŷ polarizations.

Figure 4.9 (a) Photograph of the fabricated polarization converter. (b) Side view of the fabricated
prototype.

(4.6). The measurement setup consisted of a large metallic screen with an opening having the same

dimensions as those of the polarization converter at its center. This screen was placed between the

transmitting and receiving antennas both connected to the two ports of a vector network analyzer
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(a) (b)

(c) (d)

Figure 4.10 (a),(c) Simulated and (b),(d) measured total transmission coefficients of the
transmitted wave passed through the polarization converter for an incident wave propagating in

(a),(b) y − z and (c),(d) x− z planes of incidence.

(VNA). The large metallic fixture ensures that a transmitted EM wave must pass through the de-

vice to arrive at the receiver. Transmission coefficient measurement for each of the two orthogonal

components were carried out in two steps. First, the transmission coefficient of the screen without

the FSS was measured and used for calibration. Then, the converter was placed in the opening and

its transmission coefficient was measured once again. The frequency response of the structure for

each polarization was obtained using these two measurement results. The measured frequency re-

sponses for both the horizontal and the vertical polarizations and the difference between the phase

shifts of both responses are shown alongside the simulation results in Figs. 4.6(a) and 4.6(b),

respectively. The measured and simulated axial ratios of the device are presented in Fig. 4.8.

Observe that a good agreement between the measured and simulated results is achieved.
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(a) (b)

(c) (d)

Figure 4.11 (a),(c) Simulated and (b),(d) measured axial ratios of the transmitted wave passed
through the polarization converter for an incident wave propagating in (a),(b) y − z and (c),(d)

x− z planes of incidence.

The sensitivity of the response of the fabricated prototype to the angle of incidence was also

examined for various angles of incidence in the range of 0◦ to 45◦. To do this, the transmission

coefficients of the polarization converter were measured for both polarizations for various angles

of incidence in the x − z and y − z incidence planes. Figs. 4.10(a)-(d) show the simulated and

measured total transmission coefficients for incident angles in both x − z and y − z planes of

incidence. Observed that the insertion loss remains below 2.7 dB over the entire band for all cases.

The magnitude and phase responses were then combined to obtain the simulated and measured

axial ratios of the polarization converter a function of the incidence angles. The simulated and

measured results for the axial ratio of the transmitted signal for oblique incidences in the range of

0◦−45◦ in both x−z and y−z planes of incidence are shown in Fig. 4.11(a)-(d). Observe that the

structure demonstrates a relatively stable operation both in terms of total transmission coefficient
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and axial ratio of the transmitted signal over the entire band of interest for incident angles in the

range of ±45◦.

The polarization converter presented in this section uses a dielectric substrate with a relative

permittivity of 10.2. It is also possible to design the polarization converter presented in this chap-

ter with low-permittivity substrates. In doing so, the same design procedure can be followed and

similar results, in terms of bandwidth and axial ratio levels, may be obtained. The primary impact

of using substrates with lower dielectric constants is that the dimensions of the capacitive patches

used in the structure will change. Specifically, for the same unit cell size, the gap spacing between

adjacent capacitive patches in the capacitive patch layers needs to be reduced to provide the de-

sired capacitance value. Alternatively, if reducing the gap spacing is not possible, the unit cell

size can be increased to achieve the desired capacitance values while maintaining the gap sizes.

Our simulations verify that using substrates with dielectric constant of 2.2, it is possible to de-

sign a polarization converter with similar bandwidth and axial ratio as the one presented in this

chapter. Therefore, the polarization converter design presented in this chapter is compatible for

implementation using almost all commercially-available dielectric substrates.

4.5 Conclusions

A new technique for designing low-profile linear-to-circular polarization converters with wide

bandwidths was presented. The proposed structure is a multilayer structure composed of reactive

impedance surfaces separated from one another by thin dielectric substrates. Providing differ-

ent transmission characteristics for the two orthogonal polarizations, the proposed device is able to

convert a linearly-polarized incident wave with an electric field rotated 45◦ relative to these orthog-

onal polarizations to a circularly-polarized wave transmitted at the output aperture. Over the band

of interest, the magnitude of the frequency response of the device for two orthogonal polarizations

is unity while it introduces a 90◦ phase difference between these two responses. A design proce-

dure was presented and used to a design a prototype capable of operating over the entire X-band in

the 8-12 GHz frequency range. A prototype of the device was also fabricated and experimentally

characterized using a free-space measurement setup. The measurements confirmed the consistent
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Table 4.4 Comparison between the performance of the proposed structure and few other reported
polarization converters. λc is the wavelength at center frequency.

Ref. Work Bandwidth Thickness Oblique Performance

[34] 20% 0.35λc N/A

[35] 40% 0.45λc N/A

[36] 30% 0.50λc ±45◦

[37] 7% 0.63λc ±12◦

[39] 0.5% 0.62λc N/A

[40] 4% 0.10λc N/A

[41] 12% 0.30λc ±25◦

[48] <5% 0.024λc N/A

Present structure 40% 0.18λc ±45◦

performance of the polarization converter within over a 40% fractional bandwidth. The perfor-

mance of this structure for oblique angles of incidence was also experimentally characterized. It

was observed that the structure provides a stable frequency response for oblique incidence angles

in the ±45◦. The comparison between the performance of the proposed polarization converter and

a number of other polarization converters reported in the literature is provided in Table 4.4. The

proposed structure provides the unique combination of wide bandwidth, thin profile, and stable

response with respect to the angle of incidence.
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Chapter 5

A Broadband, Circular-Polarization Selective Surface

5.1 Introduction

Frequency selective surfaces (FSSs) and spatial filters have a wide range of applications in

many areas of science and engineering. If illuminated by an electromagnetic wave, these surfaces

act as barriers for the propagating waves and can modify the spectral content of the waves as de-

sired. For example, they can be designed to manipulate the magnitude and/or the phase of the

transmitted or reflected waves in any desired fashion to obtain certain functionalities. FSSs have

been employed in a wide range of applications in physics and engineering ranging from low radio

frequencies [2] to infrared [3–6] and optical frequencies [7]. These applications include spatial

filtering, high-power microwave filters [97, 117], metamaterials [9], metasurfaces [10], chromatic

aberration free lenses [13–15, 100], and true-time-delay reflectarrays [16, 101]. The phase manip-

ulation capability offered by FSSs can be exploited to design polarization selective surfaces. The

function of such a device is to reflect one polarization of the wave while being transparent to the

orthogonal polarization. A wire grid polarizer [118] is the simplest implementation of such a de-

vice for linear polarization. If properly designed, this device reflects the component of the wave

whose polarization is parallel to the strips while allowing the orthogonal polarization component

of the wave to pass through without any significant attenuation. Achieving similar functional-

ity for circular polarization, however, is not as straightforward. A number of different types of

polarization selective surfaces for circular polarization have been reported in the past [49–60].

The structure based on Pierrot unit cell [49] was among the first devices designed to perform

as a circular-polarization selective surface (CPSS) [49–52]. Pierrot unit cell is composed of two
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orthogonal monopoles connected by a vertical quarter-wavelength segment. Depending on the ori-

entation of monopoles, it can act as left-hand or right-hand circular-polarization selective surfaces.

In Ref. [53], a structure with similar functionality based on two orthogonal dipoles and a half-

wavelength segment was presented. An improved design employing two closely-helices arranged

in one unit cell was reported in Ref. [54]. In Ref. [55], the segment between two monopoles were

replaced by coupling elements. These structures generally use resonant constituting elements and

hence, they tend to be narrowband structures. Moreover, their performances degrades significantly

when illuminated with obliquely incident waves [56]. These deficiencies are not desired in many

applications for which broadband performance with a wide range angular stability is required.

The bandwidth issue has been mitigated to some extent using multilayer CPSSs [57–60]. These

structures are generally composed of two linear to circular polarization (LP-to-CP) converters that

are separated by a linear polarizer. In these CPSSs, the polarization converters and linear polarizers

are realized by using arrays of strips or meander lines. The problem associated with them, however,

is their large thicknesses when they are designed to provide large bandwidths. The reason for

these large thicknesses is that they are composed of numerous layers that are all separated by

relatively thick substrates. This large overall thickness generally deteriorates the performances of

such CPSSs for obliquely incident electromagnetic waves.

Over the past few years, a new class of frequency selective surfaces with sub-wavelength unit

cell dimensions – referred to as miniaturized-element frequency selective surfaces - has been ex-

tensively studied. Compared to the resonant-type traditional frequency selective surfaces, the main

advantage of such a structure is its much smaller unit cell size and significantly reduced overall

thickness. These advantages will in turn contribute to a much more stable frequency response as

a function of incident angle. Recently, these structures have been employed to design spatial fil-

ters [1,20–27,102,115,119], transmitarrays [13–15,100], reflectarrays [101,116], and polarization

converters [120]. In this chapter, we present a method for designing circular-polarization selective

surfaces based on MEFSSs. The proposed CPSS is composed of two MEFSS-based LP-to-CP

polarization converters [120] sandwiching a linear polarizer. Each polarization converter is com-

posed of two-dimensional arrays of anisotropic sub-wavelength capacitive patches and inductive
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Figure 5.1 Schematic models of (a) right-handed and (b) left-handed circular-polarization
selective surfaces.

wire grids that are separated from each other by thin dielectric substrates. The linear polarizer is

an array of sub-wavelength strips located in between two polarization converters. Using wideband

low-profile polarization converters, the proposed polarization-selective surface is capable of offer-

ing a very broadband operation. In addition, due to the low profile nature of the structure as well as

its small unit cell dimensions, the proposed structure can demonstrate a stable performance within

a wide field of view. Using this approach, a circular-polarization selective surface operating in the

12-18 GHz was designed. The full-wave simulated results show that the structure operates over a

bandwidth of more than 40% and can provide a very consistent frequency response with respect to

the angle of incidence of the EM wave with a wide field of view of ±60◦.

5.2 Principles of Operation

Fig. 5.1 presents the topology of a circular-polarization selective surface. This device is a

slab of anisotropic medium and treats waves with left-hand circular polarization (LHCP) and right

hand circular polarization (RHCP) in different ways. In this chapter, the polarization is defined

from the point of view of the source. Therefore, RHCP and LHCP waves can be regarded as
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clockwise and counter-clockwise, respectively. Depending on the polarization, two types of CPSSs

can be envisioned. A left-handed circular-polarization selective surface (LH-CPSS) reflects an

LHCP wave while transmitting an RHCP wave without changing its polarization and magnitude

over the frequency band of operation. A right-handed circular-polarization selective surface (RH-

CPSS), on the other hand, is transparent to LHCP waves and completely reflects RHCP waves

within its operating frequency range. Similar to LH-CPSS, the polarization and magnitude of the

LHCP incident wave remains unchanged after passing through the RH-CPSS. Figs. 5.1(a) and

5.1(b) show the schematic models for RH-CPSS and LH-CPSS, respectively. In both cases, the

structure is reciprocal and symmetrical. Thus, the operating mechanism remains unchanged for

wave propagation in ẑ or −ẑ directions. Therefore, a CPSS can be considered as a four-port

network. Such a network can be described using a scattering parameter (S-parameter) matrix. An

S-parameter matrix shows the relation between the incident power waves, an, and reflected power

waves, bn, in a network. Each element of this matrix is defined as Sij =
bj
ai

where ak = 0 for k 6= i.

The S-parameter matrix for a CPSS can be defined as follows:


bL1

bR1

bL2

bR2

 = [SCPSS]


aL1

aR1

aL2

aR2



[SCPSS] =


SLL11 SLR11 SLL12 SLR12

SRL11 SRR11 SRL12 SRR12

SLL21 SLR21 SLL22 SLR22

SRL21 SRR21 SRL22 SRR22



(5.1)

where bRj and bLj denote the reflected power waves for right- and left-handed circularly-polarized

power waves from port j, respectively. Also, aRj and aLj are respectively the incident power waves

for right- and left-handed circularly-polarized power waves on port j. In addition, sLLij and sRRij

denote the co-polarized components and sLRij and sRLij shows the cross-polarized components. The

ideal S-parameter matrices for RH-CPSS and LH-CPSS are as follows:
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[SRH−CPSS] =


0 0 1 0

0 1 0 0

1 0 0 0

0 0 0 1

 (5.2)

[SLH−CPSS] =


1 0 0 0

0 0 0 1

0 0 1 0

0 1 0 0

 (5.3)

For the ideal cases, the level of the cross-polarized components is considered to be zero. For a

realistic design, however, this level is not zero but needs to be sufficiently low.

The CPSS shown in Fig. 5.1 is a combination of three planar structures. Fig. 5.2(a) shows

the composition of the proposed CPSS which consists of two LP-to-CP polarization converters

that are separated by a linear polarizer. The polarization converters are designed to transform

a circularly-polarized wave to a linearly-polarized wave and vice versa. The linear polarizer is

designed to completely reflect one linear polarization while maintaining its transparency for the

orthogonal one. Knowing the functionalities of different stages of the proposed structure, we

can examine the behavior of the structure for an incident circularly-polarized wave with a given

polarization. The examined CPSS in this Section is considered to be an RH-CPSS. The same

mechanism is transferable to LH-CPSS by a simple geometry transformation. In Figs. 5.2(b) and

5.2(c), the operating mechanism of the RH-CPSS is examined for the incoming LHCP and RHCP

waves, respectively. As shown in Figs. 5.2(b) and 5.2(c), the structure is respectively illuminated

with an LHCP and an RHCP wave with the electric field component of Ei. As discussed in

Ref. [120], the operating mechanism of a polarization converter is based on behaving differently for

two orthogonal components of the incident wave. Within the operational band, this device passes

both components very efficiently with little or no attenuation while these components experience

two distinct phase shifts with the phase difference of 90◦. Therefore, after passing through the first

polarization converter, the transmitted signal is a linearly-polarized wave with the electric field
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Figure 5.2 (a) Schematic model of an RH-CPSS. This CPSS is composed of two LP-to-CP
polarization converters that are separated by a linear polarizer. (b) This structure is transparent to

left-handed circularly-polarized waves and (c) it reflects the right-handed circularly polarized
waves.

vector, Eu or Ev, depending on the polarization of the incoming wave. û and v̂ are both tilted 45◦

relative to x̂ and ŷ directions, respectively. This transmitted linearly-polarized wave, then, passes

through a linear polarizer. This polarizer is transparent to a linearly-polarized wave with a given
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field vector while it completely reflects a wave whose field vector is directed orthogonal to that

given direction. In this RH-CPSS case, the linear polarizer transmits the waves with field vectors

directed towards û while it reflects those with v̂-directed field vectors. The reflected linearly-

polarized wave passes through the first polarization converter again and is transformed to an RHCP

wave propagating in the−ẑ direction. The linearly-polarized waves passing the linear polarizer, on

the other hand, pass through the other polarization converter and are transformed to LHCP waves

propagating in the ẑ direction. To do so, the second polarization converter needs to be 90◦ rotated

with respect to the first one. This way, the cascaded RH-CPSS structure transmits the LHCP waves

while it reflects RHCP waves over the frequency band of operation. This frequency band is set by

the operating bands of LP-to-CP polarization converters as well as the linear polarizer.

The CPSS shown in Fig. 5.2(a) is implemented using miniaturized element frequency selective

surfaces of the type reported in Ref. [1]. The structure includes two MEFSS-based polarization

converters and a wire grid linear polarizer. MEFSS-based polarization converters [120] are multi-

layer anisotropic structures composed of arrays of subwavelength capacitive patches and inductive

wire grids separated from one another by thin dielectric substrates. The difference in the frequency

response for two orthogonal polarizations in these polarization converters is achieved by using

patches and wire grids with asymmetric features. In Ref. [120], it was shown that this type of

converter can provide the unique combination of wide bandwidth, thin profile, and stable response

with respect to the angle of incidence. The linear polarizer, on the other hand, is a periodic ar-

rangement of metallic strips that are tilted 45◦ relative to x̂ and ŷ directions. If the polarization of

the incident wave is aligned with the strips, the surface acts as an inductive impedance surface. On

the other hand, if the incident electric field is perpendicular to the strips, the surface has a capac-

itive response. If the parameters are chosen such that the cut off frequency is much higher than

the operating band, the surface can act as a short circuit for waves having polarizations aligned

with the strips and as an open circuit for the waves with perpendicular polarizations. This way, for

an RH-CPSS, the linear polarizer passes the incident waves polarized along the û (see Fig. 5.2)

while reflecting those waves polarized along the v̂. The reflected wave then passes through the

first converter and is transformed to an RHCP wave propagating along −ẑ while the transmitted
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Figure 5.3 Topology of the proposed CPSS composed of two LP-to-CP polarization converters
and a linear polarizer. The polarization converters are composed of two-dimensional arrays of

sub-wavelength capacitive patches and inductive wire grids having different dimensions along the
x and y directions. The layers are separated from each other by thin dielectric slabs. The linear
polarizer is composed of an array of sub-wavelength strips that are titled 45◦ with respect to x̂-

and ŷ-directions and is sandwiched between two thin substrates.

wave passes through the second converter and is transformed to an LHCP wave. To maintain the

same polarization in the incident and transmitted waves, the second polarization converter needs

to be rotated by 90◦ relative to the first one. Fig. 5.3 shows the three-dimensional (3D) topology

of the proposed CPSS. The top view of one unit cell of the capacitive layer, inductive layer, and
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linear polarizer are shown in the inset of Fig. 5.3. The dimensions of the unit cell along the x̂ and

ŷ directions are Dx = Dy = D. The capacitive patches are in the form of rectangular patches

with dimensions of Px and Py in x̂ and ŷ directions, respectively. The inductive wire grids are the

combination of two metallic strips with the widths of wx and wy oriented perpendicularly to each

other. Finally, the width of the strips in the linear polarizer is wLP , and the spacing between the

strips is gLP .

5.3 Design Procedure and Design Example

As discussed in Section 5.2, the proposed CPSS is a combination of two LP-to-CP polarization

converters that are separated by a linear polarizer. Therefore, the design procedure consists of few

steps including designing the converters and the linear polarizer and the integration. We assume

that the desired operational bandwidth of the device, BW , and the types of available dielectric

materials are known and use them as design parameters in this process. The first step in the design

procedure of the CPSS is to design the polarization converters. The polarization converters used in

the CPSS architecture are the same with the exception that one of them is rotated by 90◦ in the x−y

plane relative to the other one. Therefore, only one converter needs to be designed. The required

parameters to design the converters are its operating bandwidth, ∆fpc, and the dielectric constant

of the substrates. To assure satisfying the bandwidth condition of the CPSS, the bandwidth of the

polarization converters must be chosen to be larger than or equal to the bandwidth of the CPSS

(i.e., ∆fpc ≥ BW ). The design procedure of the polarization converters are based on synthesizing

the transmission characteristics of the required responses for vertical and horizontal polarizations.

As discussed in Ref. [120], these response (e.g. order of the response and the frequency band) are

determined based on the required bandwidth ∆fpc. After determining the required responses, the

structure is first designed based on the equivalent circuit model (e.g. see Fig. 3 of Ref. [120]) and

then the geometrical parameters including the wire widths and gap spacings are calculated using

(23) and (24) in Ref. [120]. For brevity, the details of this design procedure will not be repeated

here and the reader is referred to Section III of Ref. [120]. The next step in the design of CPSS

is to design the linear polarizer. As discussed in Section 5.2, the linear polarizer is a capacitive
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Figure 5.4 Unit cell of the proposed CPSS discussed in Section 5.3. The two middle capacitive
patches for each converter are separated from one another by a thin bonding layer. This

arrangement is used to maintain the symmetry in the structure.

impedance sheet that act as a low pass filter for the passing waves. The cut off frequency for this

filter is 1/Z0C, where Z0 = 377 Ω is the free-space impedance and C is the capacitance of the

impedance sheet which can be calculated using equation (23) of Ref. [1]. The cut off frequency

of the linear polarizer needs to be higher than the operating frequency band of the CPSS. Based

on this, it can be shown that the widths of strips as well as the gap spacings between them should

satisfy the following inequality:

4Z0ε0εr,eff (wLP + gLP )×

ln(
1

sin( πwLP

2(wLP +gLP )
)
) 6

1

fmax

(5.4)

where wLP is the width of the strips, gLP is the spacing between strips, ε0 is the free-space permit-

tivity, εr,eff represents the effective permittivity of the surrounding the strips, Z0 = 377 Ω is the

free-space impedance, and fmax is the upper frequency in the band of operation. Since the strips are

assumed to be sandwiched between two dielectric substrates, the effective permittivity is the same

as that of the substrates. The integration of the polarization converters and the linear polarizer is

the final step. Depending on the design, some small modifications might be needed to compensate

for the changes caused by the coupling between different components of the CPSS. In this design

example, these modifications were done by slightly changing the dimensions of capacitive patches.

The abovementioned procedure was followed to design an RH-CPSS operating over the fre-

quency range of 12-18 GHz. The bandwidth is defined as the frequency range over which the



90

Table 5.1 Physical parameters of the polarization converters and linear polarizer discussed in
Section 5.3.

Parameter P y
1 = P y

5 P y
3 wx2 = wx4 wy2 = wy4

value 1.55 mm 1.6 mm 0.5 mm 0.1 mm

Parameter P x
1 = P x

5 P x
3 h1,2 = h4,5 h2,3 = h3,4

value 2.15 mm 1.95 mm 0.635 mm 0.635 mm

Parameter wLP gLP hLP D

value 1 mm 1.15 mm 0.508 mm 3 mm

desired co-polarized transmission coefficient is higher than -3 dB. In this design, the dielectric sub-

strates used for polarization converters were assumed to be nonmagnetic and having a dielectric

constant of εr=10.2 (Rogers RT/duroid 6010). Based on the given parameters and the procedure

described in Section III of Ref. [120], a third-order bandpass MEFSS with anisotropic unit cells and

a Chebyshev response was used to design the polarization converters. After determining the pa-

rameters of the equivalent circuit model, the physical parameters were calculated. Fig. 5.4 shows

one unit cell of the proposed CPSS, which uses this MEFSS-based polarization converter. The

fabrication of the proposed structure requires multi-layer printed-circuit-board (PCB) fabrication

technology. In such a case, the different metallic layers of the CPSS are fabricated on one or two

sides of multiple dielectric substrates. The different dielectric substrates are then bonded together

using bonding films. The presence of these bonding films does impact the response of the struc-

ture. Therefore, the effects of the bonding layers placed in between the adjacent substrates are also

considered. The bonding material used in this design is Rogers 4450F prepreg with the dielectric

constant of 3.52 and the thickness of hb=0.1 mm. Introduction of these bonding layers also creates

an asymmetry in the topology of the structure, which can slightly change the frequency response

of the structure. This asymmetry can be eliminated by using two closely spaced patches in two

sides of the middle layer as shown in Fig. 5.4 instead of using just one patch placed on one side of

this layer. The same method is also used for the linear polarizer to eliminate the asymmetry. The

unit cell dimensions of the structure is selected to be 3 mm, which is equivalent to approximately
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Table 5.2 Finalized physical parameters of the polarization converters and linear polarizer
discussed in Section 5.3.

Parameter P y
1 = P y

5 P y
3 wx2 = wx4 wy2 = wy4

value 1.0 mm 1.4 mm 0.5 mm 0.2 mm

Parameter P x
1 = P x

5 P x
3 h1,2 = h4,5 h2,3 = h3,4

value 2.05 mm 2.05 mm 0.635 mm 0.635 mm

Parameter wLP gLP hLP D

value 1 mm 1.15 mm 0.508 mm 3 mm

0.15λ0, where λ0 is the free-space wavelength at the center frequency of operation. Using these

unit cell dimensions, the widths of the wire grids and capacitive gap spacings of the polarization

converters are calculated and listed in Table 5.1. The polarization converter was simulated in CST

Studio and its frequency response for both vertical and horizontal polarizations were calculated.

Fig. 5.5(a) shows the full-wave simulated transmission coefficient of the polarization converter for

both polarizations with the geometrical parameters reported in Table 5.1.

The phase difference between the transmission phases of both polarizations is also shown in

Fig. 5.5(a). As can be seen, over the band of interest, the polarization converter is transparent for

both polarizations and it creates a 90◦ difference between their transmission phases. Fig. 5.5(b)

shows the axial ratio of the transmitted wave based on the full-wave simulated results shown in Fig.

5.5(a). Also, the total transmission coefficient of the polarization converter is shown in Fig. 5.5(b).

Observe that the axial ratio remain below 3 dB and the insertion loss remains below 2 dB over the

entire band of interest. The width of the strips in the linear polarizer is also reported in Table 5.1.

This width is calculated using (5.4) considering that the linear polarizer is sandwiched between

two 0.508-mm Rogers RT/duroid substrates (εr = 2.2). These substrate are chosen primarily

based on the practical design considerations. Fig. 5.6 shows the transmission response of the

linear polarizer. As can be seen, this polarizer is transparent to the waves with the electric field

vector perpendicular to the direction of strips over the band of interest.
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(a)

(b)

Figure 5.5 (a) Transmission characteristics of the polarization converter part of the proposed
CPSS discussed in Section 5.3. These characteristics include the transmission coefficients for

both vertical and horizontal polarizations as well as the difference between their corresponding
transmission phases. (b) The total transmission coefficient and the axial ratio of the polarization

converter used in the architecture of the CPSS described in Section 5.3. These results are all
obtained based on the values reported in Table 5.1.

In the final step, the polarization converters and the linear polarizer are cascaded to form the

CPSS. As discussed previously, some small modifications were needed to account for the effects of

the coupling between different components. The finalized values of the geometrical parameters are

listed in Table 5.2. Figs. 5.7(a) and 5.7(b) show the simulated transmission and reflection responses

of the CPSS with the values reported in Table 5.2. As can be observed, the transmission window in
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Figure 5.6 Transmission characteristics of the linear polarizer used in the design of the CPSS
discussed in Section 5.3. The magnitude of the transmission responses are shown for two cases

where the linear polarizer is illuminated with an E-field that is aligned with and perpendicular to
the strips. These results are calculated based on the values listed in Table 5.1.

12-18 GHz is achieved. Also, the level of co-polarized transmission discrimination, SLL21 /S
RR
21 , is

more than 15 dB over the band of interest. The co-polarized reflection coefficient discrimination,

SRR11 /S
LL
11 , is also more than 10 dB over most of the operating band. The frequency response of

the structure was also simulated for oblique incidence angles and the results are presented in Figs.

5.8(a) and (b). Observe that the for incidence angles in the range of ±60◦, the CPSS provides a

stable frequency response as a function of incidence angle with a polarization isolation better than

15 dB over this entire frequency band of operation. Such stable response in a wide field of view is

mainly attributed to the small dimensions of the unit cells.

5.4 Conclusions

A new technique for designing circular-polarization selective surfaces with wide fields of

views and extremely wide bandwidths was presented. The proposed structure is composed of

two MEFSS-based linear-to-circular polarization converters that are separated by a linear polar-

izer. Each polarization converter is designed by exploiting an anisotropic miniaturized-element



94

(a)

(b)

Figure 5.7 Transmission and reflection coefficient of the RH-CPSS prototype discussed in
Section 5.3 for (a) LHCP and (b) RHCP incoming waves. These results are obtained with the

parameter values listed in Table 5.2.

frequency selective surface. The the linear polarizer is an array of sub-wavelength strips. The mul-

tilayer combination of these two structures were used to design a circular-polarization selective

surface that is transparent to left handed circularly polarized waves while being opaque to right

handed CP waves. A design procedure was presented and used to design a prototype capable of

operating over the entire Ku-band in the 12-18 GHz frequency band. The full-wave simulated

results confirmed that the RH-CPSS prototype operates over a 40% fractional bandwidth. Also,
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(a)

(b)

Figure 5.8 (a) Transmission characteristics of RH-CPSS prototype discussed in Section 5.3 for
oblique incidence angles. (a) Transmission coefficient for incoming LHCP waves. (b)

Transmission coefficient for incoming RHCP waves. The results are obtained with the parameters
reported in Table 5.2.

it was shown that the structure provides a stable frequency response for oblique incidence angles

in the ±60◦. The comparison between the performance of the proposed structure and a number

of the other CPSSs reported in the literature is provided in Table 5.3. Despite having many metal

and dielectric layers, the overall thickness of this structure remains below a quarter of wavelength.
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Table 5.3 Comparison between the performance of the proposed structure and few other reported
CPSSs. λc is the wavelength at center frequency.

Ref. Work Bandwidth Thickness Oblique Performance

Ref. [51] 2% 0.25λc ±30◦

Ref. [52] <10% 0.25λc N/A

Ref. [53] 12.5% 0.25λc N/A

Ref. [54] 10% 0.25λc ±20◦

Ref. [55] <10% 0.18λc N/A

Ref. [56] 7% 0.25λc N/A

Ref. [59] 26% 1.5λc N/A

Ref. [60] 40% 0.45λc ±20◦

Present structure 40% 0.23λc ±60◦

However, it provides one of the widest bandwidths reported to date and has the widest field of view

among all similar structures that are reported to date.
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Chapter 6

Design of Wideband, FSS-Based Multi-Beam Antennas Using the
Effective Medium Approach

6.1 Introduction

Multi-beam antenna arrays have found applications in areas including wireless communica-

tions [121–123], radars [124,125], satellite communications [71], and surveillance systems to name

a few. A number of different techniques have been used to design multi-beam arrays in the past.

In active antenna arrays where each element of the array is backed by a complete transmit/receive

module, multi-beam operation is achieved by exciting the array elements with the complex exci-

tation coefficients required to generate the desired beams [126]. While these arrays offer a great

flexibility in achieving multi-beam operation, they are rather costly and complex solutions for most

commercial systems. In passive antenna arrays, a single microwave source feeds the array elements

via a corporate feed network1. In such arrays, multi-beam operation is achieved through the use

of an appropriately designed beam forming network (such as the Butler matrix, the Rotman lens,

etc. [127]). However, in passive arrays that use corporate feed networks, as the aperture size is

increased beyond a certain point, the losses in the feed network start to dominate, thereby reducing

the efficiency of the antenna [128]. This problem is largely absent in a different class of passive

arrays in which a microwave lens is spatially fed with a feed antenna. In such an architecture,

multiple feed antennas illuminating the lens at different angles can be used to achieve multi-beam

operation.

1In passive phased-arrays, variable phase shifters are integrated within the feed network to achieve beam steering.
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Many types of microwave lenses have been presented in the literature. Dielectric lenses were

among the first microwave lenses investigated [129–131]. Such lenses are generally heavy and

bulky and suffer from internal refection losses. Fresnel lenses are low-profile alternatives to tradi-

tional dielectric lenses [132]. However, they have a narrower bandwidth and increased losses due

to the shadow blockage. Other planar microwave lenses have addressed many of the shortcomings

of the traditional dielectric lenses at low RF and microwave frequencies. The majority of planar

microwave lenses are composed of arrays of transmitting and receiving antennas coupled together

using some sort of a phase shifting or time-delaying mechanism [61–69]. Multi-beam operation

in spatially-fed lens antennas is commonly achieved by feed displacement. More advanced multi-

beam lens antennas are obtained by using iterative design techniques to optimize the lens or using

microwave lenses with multiple focal points [64]. Frequency selective surfaces (FSSs) have also

been used to design microwave lenses [13, 14, 70]. In [13] and [14] miniaturized element fre-

quency selective surfaces (MEFSSs) were used to address the main shortcomings of conventional

planar lenses (namely, the poor scanning performance). These designs offer an excellent scanning

performance in a wide field of view along with an extremely wide operating bandwidth.

Regardless of the implementation process, a major problem with high gain single- and multi-

beam antennas obtained by spatially feeding a microwave lens is the relatively large spacing be-

tween the feed point and the lens aperture as quantified by the focal distance to the aperture diam-

eter ratio (f/D) of the lens. This results in a high-profile structure where the entire thickness of

the antenna array, inclusive of the feed, is generally comparable to the aperture dimensions. This

is not desired in many applications where low-profile antenna arrays are required or in scenarios

where a low f/D ratio is needed to provide amplitude tapering over the aperture to reduce the side

lobe levels. It is well-known that reducing the f/D ratio of a lens antenna increases the amplitude

tapering and reduces the spillover losses at the expense of decreasing the aperture efficiency [133].

However, in situations where a low f/D ratio is needed (e.g. to get low sidelobe levels), most tra-

ditional lens design techniques fail to deliver practical designs for achieving wideband, low-profile,

true-time-delay microwave lenses. In this chapter, we present a multi-beam antenna composed of

a planar MEFSS-based lens of the type reported in [15] fed with a focal plane array. The antenna
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is designed to have an f/D = 0.2, where f is the separation between the focal plane and the lens’

aperture and D is the aperture diameter. This makes the overall profile of this antenna compara-

ble to those of Farby-Perot-based antennas. However, unlike Fabry-Perot antennas [134–136], the

proposed antenna is capable of having multiple beams and operates over a wide bandwidth. We

also introduce a new technique for modeling MEFSS-based microwave lenses that allows for rapid

design and optimization of both the lenses and the antenna arrays that exploit them. The proposed

technique is based on treating the constituting-elements of these lenses as equivalent media hav-

ing relative effective permittivity and permeability values of µr,eff = εe,rff . When homogenized

in this manner, the MEFSS-based microwave lens can be easily simulated using commercially-

available EM solvers with relatively low requirements for memory and computational resources.

Using this procedure, a prototype of an antenna array with multiple beam in the ±45◦ operating in

the frequency range of 8-10 GHz is designed, fabricated, and experimentally characterized.

6.2 Principles of Operation

6.2.1 Why Use Effective Medium Approach?

MEFSS-based microwave lenses have numerous phase shifting (or time-delay) pixels with very

small sub-wavelength features [14, 15]. Each pixel is composed of a number of different metallic

patterns separated from each other with thin dielectric substrates. In each pixel, there are small

variations between the shapes and dimensions of the metallic patterns occupying the different lay-

ers. Moreover, there are small variations between the dimensions of the different pixels occupying

the lens. Because of the small minimum features and small variations between different pixels of

the lens, simulating an MEFSS-based microwave lens using full-wave EM simulations requires

an excessive amount of computational resources. Using the effective medium approach to model

the lens offers a simple yet reasonably accurate method for simulating and optimizing lens-based

antenna apertures using commercially-available full-wave tools.
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Figure 6.1 (a) Topology of a unit cell of lowpass MEFSS. (b) Equivalent circuit model of the
MEFSS. The structure has N+1

2
metal layers and acts as an FSS with an N th-order lowpass

response.

6.2.2 Effective Medium Approach for Modeling True-Time-Delay MEFSSs

Fig. 6.1(a) shows the unit cell of an MEFSS with a lowpass frequency response [15]. The struc-

ture is composed of multiple sub-wavelength capacitive patches separated from each other by thin

dielectric substrates. The equivalent circuit model of this structure is shown in Fig. 6.1(b), where

the capacitive patches are modeled with parallel capacitors and the dielectric substrates are mod-

eled with transmission lines with small electrical lengths. Because of the small electrical lengths of

these transmission lines, they can be approximated with series inductors. Therefore, the equivalent

circuit model of this MEFSS is converted to that shown in Fig. 6.2, which is a classical lowpass

filter. A lowpass MEFSS of this type was used in [15] to design a broadband true-time-delay mi-

crowave lens. Since the MEFSS shown in Fig. 6.1 has sub-wavelength unit cell dimensions, it

can be treated as a homogenous, effective medium with an effective relative permittivity of εr,eff

and an effective relative permeability of µr,eff . εr,eff and µr,eff are frequency dependent and in

general they vary significantly as a function of frequency for most periodic structures. However,

for (bandpass or lowpass) MEFSSs with linear phase responses, µr,eff and εr,eff are expected to
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Figure 6.2 Lumped-element circuit model of a classical N th order lowpass filter.

be constant in the frequency range where the MEFSS demonstrates a linear phase response. More-

over, because MEFSSs are designed to be impedance matched, µr,eff and εr,eff are expected to be

equal to one another (i.e., µr,eff = εr,eff ).

To demonstrate the system-level equivalency2 between the lowpass MEFSS shown in Fig. 6.1

and a homogenous slab of a material with µr,eff = εr,eff , an MEFSS with a third-order, maximally-

flat lowpass response with a cutoff frequency of 8.0 GHz is designed and simulated. Using the

design procedure reported in [137], the parameters of the equivalent circuit model of the MEFSS

(shown in Fig. 6.2) are determined to be C1 = C3 =52.5 fF and L2 = 15 nH. The synthesized

equivalent circuit model of the MEFSS is then used to calculate its frequency response. Fig.

6.3(a) shows the calculated magnitude and phase of the transmission coefficient of this MEFSS

in the frequency range of 0-8 GHz. As can be seen, the magnitude of the MEFSS transmission

coefficient remains constant in the 0-4 GHz frequency range and its phase is approximately linear

in this range.

The effective constitutive parameters of this MEFSS are extracted through a resonant inverse

scattering approach reported in [138]. Using this procedure, the effective permittivity, perme-

ability, and the refractive index of the MEFSS are retrieved from its complex transmission and

reflection coefficients. In doing this, the MEFSS is assumed to be equivalent to a slab of a homo-

geneous material with a thickness of 1 mm. Notice that this thickness is chosen arbitrarily, since

we are only concerned about the system level equivalency of the response of this MEFSS and that

of a homogenous effective medium slab. Fig. 6.3(b) shows the real and imaginary parts of the

permittivity and permeability of the effective homogenous slab with the same frequency response

2Notice that in this chapter, we are interested in this equivalency only to the extent that the overall system level
performance of the MEFSS is concerned. In other words, the only important factor here is that the homogeneous
effective medium slab demonstrates the same frequency response as that of the MEFSS.
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(a) (b)

Figure 6.3 (a) Magnitude and phase of the transmission coefficient of a lumped-element
third-order lowpass filter with cutoff frequency fc =8 GHz. (b) Real and imaginary parts for the

permittivity and permeability of a homogeneous slab with the same frequency response as the one
shown in Fig. 6.3(a). The results are derived from calculated S-parameters for the third-order

filter shown in Fig. 6.3(a). The thickness of the equivalent slab is considered to be 1 mm.

as that shown in Fig. 6.3(a) in the frequency range of 0-8 GHz. Since the MEFSS is assumed

to be lossless in this stage, the algorithm correctly predicts ={µr,eff} = ={εr,eff} = 0. Fig.

6.3(b) shows that <{µr,eff} = <{εr,eff} in the frequency range of 0-4 GHz corresponding to the

frequency range where the insertion loss of the MEFSS is close to 0 dB and its phase response

is linear. As we get closer to the cutoff frequency of the MEFSS, µr,eff and εr,eff start to show

significantly dispersive properties. Nonetheless, the results shown in Fig. 6.3(b) confirm that over

a given frequency band, a lowpass MEFSS with a linear phase response and a small insertion loss

can be modeled as an effective homogeneous medium with µr,eff = εr,eff and the transmission

and reflection coefficients of the FSS can be calculated if the frequency-dependent µr,eff and εr,eff

are known. If the transmission and reflection coefficients of a slab with these extracted effective

material parameters are calculated, the filter response shown in Fig. 6.3(a) will be recovered. This

confirms that the approximations made in the extraction procedure [138] do not significantly im-

pact the accuracy of this process. This modeling approach can be used to significantly simplify the

design process and optimization of MEFSS-based multi-beam antenna arrays as will be shown in

the subsequent sections.



103

6.2.3 MEFSS-Based Microwave Lens Design Using the Effective Medium Ap-
proach

Fig. 6.4(a) and 6.4(b) show the top and the side views of the proposed multi-beam antenna.

The structure is composed of a lens fed with multiple feed antennas located on a plane parallel

to and in close proximity of the lens aperture. The lens is assumed to be formed from multiple

concentric rings of magneto-dielectric slabs with µr,i=εr,i, all with the same thickness of t. The

apertures of all feed antennas are assumed to be on the same plane located in parallel with the

aperture of the lens. In the design example and experiments reported in the subsequent sections

of this chapter, probe-fed patch antennas are used as the feed antennas. However, this is done

purely for simplifying the experimental process and other types of antennas such as open ended

waveguides, horns, slots, etc. can be used as well. The lens has aperture diameter of D and the

distance between the feed plane and the input aperture of the lens is f .

The design procedure of the proposed antenna consists of a few different steps. The first step

is to design the feed antenna. Once the feed antenna is designed, its physical dimensions and

current distribution are determined either analytically or numerically. The next step is to choose

the aperture diameter D and the separation between the feed plane and the input aperture of the

lens, f . These parameters are largely determined from practical design considerations such as the

maximum tolerable thickness of the antenna, the minimum tolerable side lobe level, and the desired

3dB beamwidth, which will impact the choice of f and D values. The lens thickness, t, is chosen

arbitrarily3. The lens aperture then is divided into M concentric zones, where M is an integer. The

ith zone (1 ≤ i ≤ M ) is assumed to be composed of a homogeneous magneto-dielectric slab with

a thickness of t with µr,i = εr,i. The number of different zones, M , is a design parameter that can

be chosen by the designer. The upper bound for M can be determined from the aperture diameter

D and the unit cell size of the MEFSSs that will be used to synthesize the homogeneous magneto-

dielectric materials filling each zone of the lens. Once these physical parameters are determined,

the relative permittivity and permeability of the magneto-dielectric materials filling each zone of

3We recommend choosing thicknesses in the 5-15 mm range. Although, the specific value of thickness does not
significantly impact the subsequent design stages.
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Figure 6.4 Topology of the proposed multi-beam antenna consisting of a zoned flat TTD lens and
planar feed antenna. di is the radius of ith zone. (a) Front view. (b) Side view.

the lens should be determined. This is carried out using a ray tracing approach similar to the one

presented in [14] and [15].

6.2.4 A Design Example

In this sub-section, we present a design example to demonstrate the procedure described in

Section 6.2.3. In this example, we assume that the high-gain antenna aperture is achieved by

feeding a flat lens of the type shown in Fig. 6.4 by a probe-fed microstrip patch antenna. The

antenna is designed to operate at a center frequency of 9 GHz with an aperture diameter of 20 cm

or equivalently 6λ0, where λ0 is the free-space wavelength at the center frequency of operation.

The distance between the focal plane of the antenna and the input aperture of the lens is chosen

to be equal to 4 cm. This yields an f/D ratio of 0.2 for this antenna, which is between 5 to 8

times smaller than the f/D values of other MEFSS-based microwave lenses reported previously
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in [13], [14], and [15]4. The aperture of the lens is divided into M = 16 concentric zones and the

widths of the zones are assumed to be equal to each other. The lens thickness is chosen to be equal

to t = 1 cm. In this design example, the lens is designed to provide an planar wavefront at its output

aperture when fed with a patch antenna symmetrically positioned at the center of its aperture on

the focal plane. As described in Section 6.2.4, for this problem the indices of refraction of different

zones of the lens can be determined using the ray tracing approach discussed in [14], [15]. Since

the lens is composed of magneto-dielectric materials with µr,i = εr,i, this calculation only needs to

be performed at one single frequency (e.g. the center frequency of operation in this case). Table 6.1

shows the indices of refraction of different zones of the lens obtained from this design procedure

and also the final values after the lens was further optimized using full-wave EM simulations in

CST Microwave Studio. The goal of these full-wave EM optimization was to achieve the desired

aperture field distribution at the output of the lens when it was fed with a realistic model of the

feed antenna.

Even though the ni values for the different zones of this lens are obtained based on the assump-

tion of having a single feed antenna located on its optical axis, the lens can be used for off-axis

illumination/radiation conditions as well. In this design example, once the lens is designed (i.e.,

all ni values are determined) we determine the location of the feed antennas on the focal plane that

generate far field beams in different off-axis directions through full-wave EM simulations of the

lens in CST Studio. To do this, the microwave lens shown in Fig. 6.4 is excited with plane waves

arriving from different directions. Specifically, for each incidence angle of 0◦, 15◦, 30◦, and 45◦,

the electric field distribution over the focal plane of the lens is calculated and the location of max-

imum power density is determined. Due to the TTD nature of the lens, this simulation only needs

to be done at a single frequency, since this location will not change over the entire frequency range

where µr,i = εr,i. Fig. 6.6(a)-(d) shows the simulated power patterns on (a line within) the focal

plane of the lens obtained using these simulations. Using this procedure, the feed locations result-

ing in far field beams in the directions of 0◦, 15◦, 30◦, and 45◦ referred to as xθ=θi , are obtained

4Specifically, in these studies various MEFSS-based microwave lenses with f/D ratios ranging from 1.0 to 1.6
were reported
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Table 6.1 The refractive index profile of the proposed lens composed of the effective media with
equal permittivity and permeability.(MF: Matrix Formulation)

Zone 1 2 3 4

ni (MF) 7.5768 7.5260 7.3769 7.1389

ni (Final) 7.5739 7.5262 7.3879 7.1647

Zone 5 6 7 8

ni (MF) 6.8249 6.4485 6.0219 5.5556

ni (Final) 6.8651 6.5003 6.0813 5.6216

Zone 9 10 11 12

ni (MF) 5.0582 4.5360 3.9942 3.4367

ni (Final) 5.1331 4.6164 4.0795 3.5295

Zone 13 14 15 16

ni (MF) 2.8664 2.2857 1.6964 1.1000

ni (Final) 2.9552 2.3657 1.7467 1.1000

to be xθ=0◦=0 mm, xθ=15◦= 21.4 mm, xθ=30◦= 40.4 mm, xθ=45◦=54 mm, respectively. Because of

reciprocity, placing feed antennas on the focal plane at these locations is expected to result in the

generation of beams in the far field along these specific directions. This will be experimentally

demonstrated in Section 6.3.

6.3 Physical Implementation

Once the indices of refraction of different zones of the lens are determined, the effective

medium that occupies each zone of the lens is synthesized using lowpass MEFSSs of the type

shown in Fig. 6.1. To do this, for the ith zone of the lens, a lowpass MEFSS is designed to have

the same complex transmission and reflection coefficients as those of a slab with a thickness of t

and the index of refraction of ni.
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The design procedure for lowpass MEFSSs that provide the desired indices of refraction ni’s

is similar to what is reported in [15] and will not be repeated here. In the current design, the

dimensions of all elements populating each zone of the proposed structure are considered to be

6.5 mm × 6.5 mm (or equivalently ≈ 0.2λ0 × 0.2λ0). The implementation process starts by

synthesizing an MEFSS that provides the same frequency response as that of a 1 cm thick slab of

an effective medium with the index of refraction of n1 =
√
µrεr. Since the zone occupying the

center of the lens has the highest effective index, its optical path length determines the order of the

lowpass MEFSS that needs to be used to synthesize the desired transfer function [15]. In this case,

an MEFSS with a 17th-order lowpass response and a linear transmission phase over the frequency

range of interest is used to emulate the transfer function needed from n1. The remaining zones of

the lens (corresponding to indices of refraction of n2 to n16) are also implemented using a similar

procedure following the design guidelines provided in [15]. The lens considered in this example

has a low f/D value. Therefore, the variations of the effective indices of refraction between zone

1 and zone 16 is very large (from 7.6 down to 1.1 as seen from Table 6.1). Implementation of the

effective medium occupying zone 1 requires an MEFSS with a relatively high order of N = 17.

On the other hand, implementing the effective medium occupying zone 16 requires an MEFSS

with a lower order and fewer number of layers. Thus, to implement the lens shown in Fig. 6.4

in a true time delay fashion, MEFSSs with different orders must be used. MEFSSs with different

orders, however, have different thicknesses [15]. Therefore, implementation of this lens in a TTD

fashion using a completely planar structure is not practical5. Since moving to a non-planar structure

(with different thicknesses at different locations along the lens’ aperture) increases the fabrication

difficulty and cost, a compromise was made in synthesizing the effective media occupying a few

of the outer zones of the lens. Specifically, for the four outer zones (zones 13-16), phase wrapping

was used to increase the optical path length of the rays passing through these zones by 2π to allow

higher-order MEFSSs to be used to implement the effective media occupying these zones. The

drawback with using this technique us that it introduces distortion because of the non-TTD nature

of the outer zones. However, as will be shown in Section 6.4.3, the effect of this distortion is
5This is a direct consequence of the low f/D ratio of this lens.
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Table 6.2 Physical and electrical properties of the elements that populate each zone of the
proposed lens. Time-delay values and physical dimensions are in psec and mm respectively. The
lens has unit cell dimensions of 6.5 mm × 6.5 mm. The dielectric substrate used is Rogers 5880

and the thickness of all the substrates is h=3.175 mm.
Zone P1 P2 P3 P4 P5

1 5.2 5.75 5.4 5.45 6

2 5.65 5.65 5.4 5.25 5.75

3 5.55 5.8 5.35 4.95 5.7

4 5.35 5.72 5.3 4.7 5.65

5 5.57 5.82 5 3.65 5.5

6 5.1 5.95 4.85 4 5

7 4.85 5.6 4.6 4.15 4.78

8 4.2 3.72 4.6 4.8 4.95

9 4 2.65 4.25 4.25 4.53

10 3.3 2.5 3.5 3.65 3.75

11 5.1 4.5 CUT CUT CUT

12 3.9 2 CUT CUT CUT

13 4.25 0 5.24 5 4.85

14 4.1 0 4.8 4.75 4.70

15 3.7 0 4.45 4.5 3.90

16 0 0 3.2 3.2 4.80

minimal, since it is introduced in the outer zones of the lens where the amplitude of the excitation

tapers off from its peak at the center.

The 17th-order MEFSS occupying the center zone of the lens is formed by nine capacitive

patch layers separated from one another by eight dielectric layers. The dielectric substrates are

assumed to be non-magnetic and have a dielectric constant of εr = 2.2 (Rogers RT/duroid 5880).

The thickness of each layer is 3.175 mm or equivalently 0.095λ0. Also, since this structure is
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Figure 6.5 (a) Photograph of the fabricated lens. (b) Side view of the fabricated prototype.

composed of multiple substrates that need to be bonded together, the effect if the bonding materials

on the response of each zone is taken into account. The bonding material used here is Rogers

4450F prepreg with the dielectric constant of εr = 3.58 and the thickness of 0.1 mm. The detailed

physical parameters of the elements occupying each zone are provided in Table 6.2.

To facilitate the implementation procedure for the effective media occupying each zone of

the lens, the structures of all elements are assumed to be symmetric with respect to the center

capacitive layer. This requires P1 = P9, P2 = P8, P3 = P7, and P4 = P6 as reported in Table

6.2. This simplification is used to greatly reduce the complexity of the implementation process.

Nevertheless, it still yields satisfactory results. In certain layers of some zones of the lens, the

dielectric substrates are loaded with cylindrical air holes with the diameter of 6 mm. In such cases,

it is necessary to completely etch the patches at those layers. This is indicated by word “CUT” in

Table 6.2.
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6.4 Experimental Verification and Measurement Results

6.4.1 Multi-beam Antenna Prototype

A prototype of the high-gain antenna including the feed antenna and the lens was fabricated.

The excitation feed is a microstrip antenna with the center frequency of 9 GHz printed on Rogers

RT/duroid 5880 (εr = 2.2) substrate with the thickness of 0.508 mm. The antenna is fed with a

coaxial cable connected to the antenna through the substrate. The realized gain of the feed antenna

is approximately 8 dBi and its half power beam widths in the E- and H-planes are approximately

80◦ and 72◦, respectively. The lens examined in Section 6.2.4 was fabricated using standard PCB

lithography, substrate bonding, and milling (machining) techniques. The fabricated prototype has

nine metal layers and eight substrate layers. Rogers RT/duroid 5880 substrate (εr = 2.2) with the

thickness of 3.175 mm are used between metallic layers. All the dielectric substrates are bonded

together using a 0.1 mm thick Rogers 4450F binding file with εr = 3.58. The air holes in the

dielectric substrates were machined into the substrates using a milling machine. The total thickness

of the structure, including the bonding layers is 26.1 mm which is about 0.78λ0 at 9 GHz. Fig. 6.5

shows a photograph of the fabricated lens as a part of the proposed high-gain antenna. As can be

observed, the panel dimensions are 22 cm × 22 cm (or equivalently 6.6λ0 × 6.6λ0).

6.4.2 Measurement Results

As described in Section 6.2.4, beam-steering is achieved by switching the feed location on the

focal plane of the lens. Therefore, in the first set of measurements, the goal was to find the location

of the feed antenna that generates a beam in the desired direction. To do so, the measurement

setup described in Fig. 10 of [13] was used. The measurement setup consists of a large metallic

screen with the dimensions of 1.8m × 1.2m with a rectangular shaped opening having the same

dimensions as those of the lens at its center. The screen was placed between transmitting and

receiving antennas both connected to the two ports of a vector network analyzer (VNA). An X-

band horn antenna was used to illuminate the structure. The lens was placed in the far field region

of the horn antenna, and illuminated by the generated plane waves with various incidence angles
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Figure 6.6 Measured and simulated power patterns on the focal line of the lens at the center
frequency of 9 GHz. The results are shown for plane waves arriving from various incidence

angles of 0◦, 15◦, 30◦, and 45◦. The point on the focal plane that results in maximum power level
for a given incidence angle is the location where the the feed antenna needs to be placed to get a

beam in the desired direction in the far field.

ranging from normal to 45◦. At the other side of the fixture an open-ended semi-rigid coaxial

cable with the center conductor extended by about 1 cm, was used to sample the electric field on

a line within the focal plane. The structure was illuminated by vertically-polarized plane waves

with incident angles of 0◦, 15◦, 30◦, and 45◦, and the received power patterns were measured over

the frequency range of interest while the probe was swept over the focal line with an increment

of 5 mm. Fig. 6.6 shows the measured received power pattern alongside the simulation results

at the center frequency of 9 GHz for various incidence angles of the electromagnetic waves. For

each incidence angle, the location of the field maximum of the measured curve is considered to

determine the physical location of the feed antenna on the focal plane that generates a far field

beam pointed towards that direction. As can be seen from Fig. 6.6, a good agreement between the

measurement results and the simulation results employing the simplified equivalent medium of the

lens (see Fig. 6.4) is observed.
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Figure 6.7 Measured and simulated radiation patterns of the proposed antenna at the center
frequency of operation(9 GHz). The feed antennas are placed at locations xθ=0◦ , xθ=15◦ , xθ=30◦ ,

and xθ=45◦ , obtained using the measurement results shown in Fig. 6.6. (a) 0◦, (b) 15◦, (c) 30◦, and
(d) 45◦. The measurements were carried out using a multi-probe near field system. The simulated

results are obtained using full-wave simulations of the structure using the effective medium
technique presented in Section 6.2.2.

Once the feed locations were experimentally verified, the feed antennas were positioned on

the focal plane of the lens and the radiation characteristics of the lens were measured. To do

this, a multi-probe spherical near field system was used over the frequency band of 8-10 GHz.

Fig. 6.7 shows the measured and simulated radiation patterns of the multi-beam antenna with four

feeds corresponding to far field beams along θ = 0◦, 15◦, 30◦, and 45◦ directions at the center

frequency. The radiation patterns are normalized to their peak values. The simulation results are

obtained using full-wave EM simulations in CST Microwave Studio with the simplified model of

the lens shown in Fig. 6.4. In general, a good agreement is observed between the simulation and
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measurement results despite the approximations made in the modeling and implementation of the

lens as discussed in Sections 6.2 and 6.3. As can be observed from Fig. 6.7, by selecting the

appropriate feed antenna, the direction of the peak radiation can be steered towards the desired

direction in the far-field region of the antenna. Due to the TTD nature of the lens, the antenna

maintains consistent radiation characteristics across its entire band of operation. Therefore, for

all frequencies within the operating band, when the feed antenna was placed at xθ=θi , the main

beam was always steered towards θi and beam squinting was not observed. Additionally, because

of the amplitude tapering caused by the small f/D ratio of the antenna, the side-lobe level for

the broadside beam is considerably smaller than that of a uniformly illuminated aperture as can

be seen from Fig. 6.7(a). The discrepancies observed between the simulation and measurement

results shown in Fig. 6.7 can be attributed the accuracy of the extraction of the effective material

parameters. Since the lens has low f/D ratio, some of the regions of the lens are illuminated with

large oblique incidence angles. Under oblique incidence angles, the response of a homogeneous

effective medium slab differs slightly from that of the MEFSS with a linear phase response. For

example, for the center fed case, the incidence angles of the rays for the central zones are close to

normal and they gradually increase as we move towards the outer zones. Due to the tapering of the

excitation amplitude at the edges, the effect of outer zones is minimal. Therefore, the agreement

between the simulation results and the measurement results in Fig. 6.7(a) is reasonably good. This

issue becomes more visible as the feed is moved on the focal line away from the center of the lens

to get the beams pointed at other desired directions. In these cases, the agreement between the

simulation and the measurement results deteriorates as can be observed from Figs. 6.7(b), 6.7(c),

and 6.7(d).

The gain and directivity of the antenna were measured using the same near field system for

different frequency bands and different beam directions and the results are shown in Fig. 6.8. The

difference between the directivity and realized gain is mainly attributed to ohmic and dielectric

losses as well as the impedance mismatch losses of the feed. Also, as expected, the antenna gain

drops as the scanning angle increases. Fig. 6.9(a) shows the aperture efficiency of the antenna as

a function of frequency for normal incidence. The relatively low aperture efficiency values are a
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Figure 6.8 Measured realized gain and directivity of the proposed antenna for different beam
directions of (a) 0◦, (b) 15◦, (c) 30◦, and (d) 45◦.

consequence of the small f/D ratio of the antenna, which creates amplitude tapering over the lens

aperture and results in reduced side-lobe levels compared to uniformly illuminated apertures (e.g.

see Fig. 6.7(a)).

6.4.3 Time-Domain Analysis

As described in Section 6.2.4, in the implementation of the lens, it was necessary to use phase

wrapping to implement the MEFSSs occupying the outer zones of the lens. To quantify the poten-

tial impact of this in introducing distortion in the lens response, a series of time-domain measure-

ments were performed on the lens itself. Specifically, the fidelity factor of the lens was measured

for time-domain signals with different incidence angles. To do this, the procedure described in [14]

and [15] are used. The fidelity factor quantifies the correlation between the incidence and trans-

mitted pulses through the lens’ aperture. Fig. 6.9(b) shows the measured fidelity factors for the

four different beams with the center frequency of 9 GHz and the bandwidths equal to the band-

width of the implemented structure (8-10 GHz). As can be seen, a very high fidelity factor can be

achieved when the structure is illumined with wideband pulses. The fidelity factor decreases with
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Figure 6.9 (a) Measured aperture efficiency as a function of the frequency. (b) Measured fidelity
factors of the proposed lens under oblique angles of incidence for a modulated Gaussian pulse

centered at 9 GHz and the bandwidth of 8-10 GHz.

increasing the angle of incidence. Nonetheless, in almost every case, the fidelity factor remains

relatively high as expected. This confirms that the phase wrapping technique used to implement

the MEFSSs of the outer zones of the lens does not significantly deteriorate the performance of the

lens for wideband pulses.

6.5 Conclusion

A multi-beam antenna consisting of a planar MEFSS-based microwave lens fed with a focal

plane array and a new method for modeling MEFSS-based true-time-delay microwave lenses were

presented and discussed. It was demonstrated that an MEFSS with a linear phase response can be

treated as a slab of an effective medium having the same effective permittivity and permeability

values over the frequency range where its transmission phase remains linear. Using this system-

level equivalency, an MEFSS-based true-time-delay microwave lens can be modeled as a collection

of a number of different homogeneous dielectric rings with the same thickness and different inner

and outer radii. This method eliminates the need to model the different metallic and dielectric

layers constituting each different unit cell of an MEFSS used in the lens and can be especially
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useful in modeling FSSs with sub-wavelength dimensions and complex unit cell designs such as the

one reported in [24]. This offers a practical method for simulating and optimizing MEFSS-based

microwave lenses with large aperture dimensions using full-wave EM simulation tools. Using

this approach, a multi-beam antenna consisting of a planar lens fed with a focal plane array was

designed and experimentally characterized. The proposed antenna has a significantly lower profile

compared to other spatially-fed apertures such as reflectarrays and lens antennas. A focal plane

array placed in parallel with the lens aperture is used to feed the antenna and achieve multiple

independent beams in the±45◦ range. The structure operates over the frequency band of 8-10 GHz

and demonstrates consistent radiation characteristics within this frequency range. Experimental

measurement results demonstrated a good agreement with the simulation results obtained using

the proposed simple modeling technique reported in this chapter.
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Chapter 7

Ultra-Wideband, True-Time-Delay Reflectarray Antennas Using
Ground-Plane-Backed, Miniaturized-Element Frequency Selec-
tive Surfaces

7.1 Introduction

The conventional parabolic antennas were among the first reflective type aperture antennas

investigated for high-gain antenna applications. Using their three-dimensional geometrical pa-

rameters, these antennas are designed to work in a true-time-delay fashion over a broad range of

frequencies (provided that a suitable feed is used). Although they are widely used in many systems

due to their wideband characteristics, ease of design, and relatively low cost, they are generally

bulky because of their inherent three-dimensional structures. Over the past few decades, signifi-

cant developments have been made in the area of flat phased arrays employed in high-gain antenna

applications. These structures are generally implemented using active or passive antenna array

architectures. The tradeoffs existing between the cost, power handling capability, and thermal

management of the transmit/receive (T/R) modules used in active electronically-steerable antenna

arrays have hindered their widespread deployments in many commercial systems. On the other

hand, large-aperture passive electronically steerable arrays suffer from excessive losses in their

feed networks and the cost and power handling capability of their phase shifters [139, 140]. With

the recent progress in the areas of periodic structures and metamaterials, numerous innovative de-

signs of reflectarray antenna systems have been reported as potential replacements of parabolic

antennas. Reflectarrays have also found applications in flat phased arrays that are used for many

high-gain antenna applications such as satellite communications [71, 141–144]. There has been a
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growing interest in reflectarray antennas for a number of reasons. First, they offer the advantages

that conventional parabolic reflectors offer but they are planar and potentially conformal structures.

Additionally, spatial feeding in reflectarrays eliminates the feed network losses that are a common

problem in large-aperture passive phased array systems [128]. Finally, using multiple feeds to

illuminate the reflectarray offers a low-cost and simple means of designing multi-beam or beam

switchable, high-gain antenna apertures. Moreover, new techniques are being developed to tune

the phase shift gradient of the elements in a reflectarray aperture that can result in beam steerable

reflectarrays [90, 145].

Reflectarray antennas are generally composed of locally-periodic structures with unit cells that

act as spatial phase shifters (SPSs) or spatial time-delay units (TDUs). These unit cells are com-

monly implemented from resonant building blocks. Numerous types of elements for designing

reflectarrays have been reported in the past [71–77]. These structures are generally made of single-

resonant elements. More recently, various attempts have been made to increase the bandwidth

of reflectarrays by using multiple layers of elements [16, 146, 147], using multi-resonant elements

fabricated on a single substrate [148–150], or using apertures with facetted shapes [151,152]. How-

ever, such reflectarrays are not true-time-delay structures and tend to be highly dispersive when il-

luminated with broadband pulses. Moreover, in situations where reflectarrays are fed with multiple

feed antennas to achieve a multi-beam aperture, the sensitivity of the responses of their elements

to the angle of incidence of the electromagnetic waves can seriously deteriorate the response of the

structure. In [153], a TDU-based reflectarray is presented. Each element in the reported structure

is based on a patch antenna aperture-coupled to a delay line. Although an improvement in the

bandwidth is demonstrated by using time-delay elements instead of spatial-phase-shifters, a lim-

itation in bandwidth is still imposed because of using radiating elements (i.e., resonant patches)

as constituting spatial time delay units of this device. In addition, the performance of the re-

ported reflectarray is expected to degrade when illuminated with an obliquely incident wave due

to large element separations. Recently, non-resonant sub-wavelength elements have also been

used in printed reflectarrays to address the shortcomings of the conventional structures using reso-

nant elements [154, 155] and achieve broadband responses. Although these reported reflectarrays
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demonstrate wideband performances, they are non-TTD reflectarrays. Therefore, such structures

are not suitable for broadband pulsed applications.

Over the past few years, a new class of frequency selective surfaces with sub-wavelength unit

cell dimensions - referred to as miniaturized-element frequency selective surfaces (MEFSSs) -

has been studied by various research groups. Unlike traditional FSSs that are composed of peri-

odic arrangement of resonant elements, MEFSS are periodic structures having highly-miniaturized,

non-resonant unit cells. Recently, these structures have been used in designing wideband planar

microwave lenses [13–15]. In [14, 15], each pixel of the lens is a unit cell of appropriately de-

signed MEFSS that act as a time-delay unit. Lately, a reflectarray antenna that uses the unit cells

of a single layer MEFSS as its spatial phase shifters was reported in [156]. It was demonstrated

that using this MEFSS, a low-profile reflectarray with a relatively wideband response could be de-

signed. However, this reflectarray suffers from chromatic aberration as it uses MEFSS unit cells as

its spatial phase shifters and not time-delay units. Also, the phase wrapping technique used in the

design of this structure causes distortion in the response of the antenna when the structure is excited

with broadband pulses. Therefore, such a reflectarray is not suitable for broadband pulsed applica-

tions. In applications where signals with instantaneously broad bandwidths are used, reflectarray

antennas free of chromatic aberration must be employed.

In this chapter, we propose a new technique for designing low-profile, ultra-wideband, and

true-time-delay reflectarray antennas. The proposed antenna is composed of numerous spatial

time delay units distributed over a planar surface that provide a desired time delay over a wide

frequency range. Each spatial TDU is a unit cell of an appropriately designed, ground-plane-

backed miniaturized-element frequency selective surface. The MEFSS is composed of stacked

non-resonant patches separated from one another by thin dielectric substrate. Each TDU is de-

signed to provide a frequency-independent time delay within the frequency band of interest. A

prototype of the TTD reflectarray with focal length to aperture diameter ratio (f/D) of 0.87 fed

with an X-band horn located at its optical axis is designed to operate at the center frequency of 10

GHz. The overall thickness of the proposed structure is less than 4.8 mm (or equivalently 0.16λ◦,
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where λ◦ is the free space wavelength at the center frequency of operation), and the lateral dimen-

sions of the aperture are 253.5 mm× 253.5 mm (or equivalently≈ 8.5λ◦× 8.5λ◦). A prototype of

the proposed structure is also fabricated and experimentally characterized in the lab. It is demon-

strated that the structure provides a gain of 23 dB with a variation of less than 4 dB over a relative

gain-bandwidth of 40%. Measurement of the fidelity factor of this device demonstrates that it can

operate relatively free of chromatic aberrations over this entire 8-12 GHz frequency range.

7.2 Reflectarray Elements

Fig. 7.1(a) shows the topology of the proposed center-fed TTD reflectarray antenna. The

structure is composed of a reflectarray fed with a horn antenna. The reflectarray has aperture

diameter of D and the distance between the feed horn and the aperture of the reflectarray is f . The

reflectarray is illuminated by the feed horn and it is designed to correct and transform the incoming

wave front from the feed horn to a planar wave front with a pencil beam in a desired direction. Since

the feed horn does not have a uniform phase pattern at the location of the reflectarray’s aperture,

the phase response of the feed is also taken into account in designing the reflecarray.

The aperture of the reflectarray is formed from numerous sub-wavelength spatial TDUs. These

TDUs provide the desired time delay over the entire aperture within the frequency range of interest.

This desired time delay over the aperture is determined from the focal distance, f , the aperture

diameter, D, and the field and phase patterns of the feed antenna. In this structure, each TDU is

the unit cell of a ground-plane backed MEFSS with a lowpass frequency response. Each TDU

is composed of multiple sub-wavelength capacitive patches, a ground plane, and a number of thin

dielectric substrates. The ground plane is located on the bottom surface of the unit cell and the other

metallic layers (sub-wavelength capacitive patches) are placed above it. All the metal layers are

separated from one another by thin dielectric substrates. The detailed topology and the equivalent

circuit model of this unit cell are shown in Fig. 7.1(b), where the capacitive patches are modeled

with parallel capacitors and the thin dielectric substrates are modeled with transmission lines with

small electrical lengths. The ground plane is modeled as a short load at one side. Mapping between

the element values of the equivalent circuit model shown in Fig. 7.1(b) and the physical parameters
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Figure 7.1 (a) Topology of the proposed reflectarray antenna. (b) The composition of each TDU
and its equivalent circuit model.

of the unit cell (patch and unit cell dimensions, etc.) can be done using the procedure described

in [1] and will not be repeated here for brevity. Due to the sub-wavelength nature of the MEFSS

unit cells, the dimensions of adjacent unit cells are not drastically different. Therefore, each unit

cell can be analyzed as if it is in a periodic structure. This periodic structure can be characterized

by its frequency response when it is illuminated with an incident plane wave from the side starting

with a patch layer. The magnitude of the reflected wave for the unit cell shown in Fig. 7.1(b)

is unity, assuming that all the materials are lossless. As far as the phase response is concerned,
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the wave experiences a phase shift behavior similar to the phase shift incurred by propagating

through a lowpass type MEFSS with 2N layers of patches (i.e., the phase response of a (4N−1)th-

order lowpass MEFSS). The presence of the metal ground adds a constant phase shift as well. In

the proposed TTD reflectarray, a relatively constant group delay over large bandwidths can be

achieved. To achieve a constant group delay, the phase of the reflected wave needs to exhibit a

linear response versus frequency, as the slope of its response determines the group delay of the

filter. Therefore, the proposed elements with linear phase responses are used to synthesize the

TDUs of the proposed reflectarray.

To design the proposed reflectarray, different time-delay values are required for different ele-

ments over the reflectarray aperture. There are a number of parameters that influence the time-delay

value provided by a TDU. These include the number of the capacitive patch layers, the lateral di-

mensions of the elements, the size of the capacitive patches, and the thicknesses and the dielectric

constants of the separating substrates. The dielectric substrates and the unit cell size are largely

determined from practical design considerations (e.g., the accessibility of substrates with given di-

electric constants and thicknesses, the tolerances of the printed circuit board lithography technique

used, and the minimum feature that can be fabricated reliably). Assuming these two parameters are

fixed, the group delay can be controlled by the number of patch layers and their respective dimen-

sions. The number of patch layers determines the maximum delay variation that can be achieved

using a given MEFSS design. As the number of the patch layers increases, the maximum delay

variation within the frequency range of interest increases. Therefore, the number of the patch lay-

ers is determined from the difference between the maximum and minimum time delays required

to achieve broadband beam collimation over the entire desired frequency band of operation. Once

the number of the patch layers is determined, they need to be tuned to obtain different group delays

for each TDU over the reflectarray aperture. Moreover, for a given range of group delay values,

increasing the number of patch layers can be used as a means of increasing the bandwidth of the

reflectarray.
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7.3 Design Procedure

The design procedure of the proposed reflectarray consists of a few different steps. The first

step is to choose the aperture diameter, D, and the separation between the feed antenna and the

aperture of the reflectarray, f . These parameters are largely determined from the practical design

consideration such as the 3 dB beamwidth, available volume, and the maximum tolerable thickness

of the reflectarray. Another important factor in choosing such parameters is the trade-off between

the spillover loss and aperture efficiency. To increase the efficiency of the antenna, spillover loss

should be minimized. Spillover loss, however, is a function of the radiation pattern of the antenna

and the f/D ratio of the reflectarray. For a given feed antenna, spillover loss can be reduced

by reducing the f/D ratio while ensuring the tapering over the aperture caused by this does not

significantly decrease the aperture efficiency of the antenna. For these TTD reflectarrays, the

maximum bandwidth of the entire antenna is primarily limited by the bandwidth of the feed.

The reflectarray aperture is then divided into M concentric zones1, where M is an integer.

The elements of each zone are assumed to be identical. The number of different zones, M , is a

design parameter that can be chosen by the designer. As M increases, the accuracy of time-delay

correction over the aperture of the reflectarray increases. The upper bound ofM can be determined

from the aperture diameter, D, and the unit cell size of the MEFSSs that are used to synthesize the

TDUs of different zones of the proposed TTD reflectarray.

Once these physical parameters are determined, the time-delay profile required from the TDUs

occupying each zone should be determined. The time-delay profile can be determined from the

phase delay profile as each element offers a linear phase response. To obtain the phase delay

profile, the level of illumination at each element by the feed horn is determined using full-wave

simulations. Since the reflectarray is composed of TDUs, this calculation only needs to be per-

formed at one single frequency (e.g. the center frequency of operation in this case) [14]. The final

1Dividing the aperture into concentric zones simplifies the design procedure, since all the elements within a specific
zone are identical to each other. However, more advanced design techniques can also be used where each TDU of the
refleactarray can be designed and optimized separately based on its illumination level from the feed. This is particularly
useful in scenarios where the reflectarray is illuminated with an offset feed. In such cases, the same design procedure
(with the exception of zoning) can still be used.
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Figure 7.2 The time-delay profile required from the TDUs distributed over the aperture of the
reflectarray. The values are in psec.

step is to use the procedure described in Section 7.2 to design the TDUs that populate the aperture

of the reflectarray based on the calculated time delay profile.

7.4 Design Example

The procedure presented in Section 7.3 was followed to design an MEFSS-based center-fed

reflectarray antenna. The proposed antenna is designed to operate within the frequency range

of 8-12 GHz. The reflectarray has an aperture diameter of 253.5 mm or equivalently ≈ 8.5λ◦
2

where λ◦ is the wavelength at the center frequency of operation. As described in Section 7.3,

the f/D ratio is determined by the radiation pattern of the feed antenna considering the tradeoff

between the spillover loss and the efficiency. For this design, a commercial X-band horn antenna

(AT-39/AP) is used as the feed antenna. The directivity of the feed antenna is ≈ 17.5 dB at 10

GHz. The half power beam widths of the horn in the E- and H-planes are approximately 24◦

and 21◦, respectively. In the design process, a 15 dB illumination tapering is considered over

2The dimensions of the reflectarray aperture are chosen primarily for ease of measurements. The concept proposed
in this chapter can easily be applied to design reflectarrays with larger apertures.
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the aperture for the compromise between the spillover and aperture efficiency. In other words,

the illumination energy is 15 dB down at the edges of the reflectarray compared to its center.

Considering this allowed tapering and the radiation pattern of the horn antenna, the f/D ratio

is calculated to be approximately 0.87, which leads to a focal distance of approximately 22 cm.

The aperture of the reflectarray is divided into 20 concentric zones. The time delays required

from the TDUs populating the aperture of reflectarray are calculated and shown in Fig. 7.2. The

maximum time-delay variation across the aperture is 101.6 psec for this combination of f and

D. The maximum time delay required is for the center element and it gradually decreases as we

move towards the outer zones. The minimum time delay required is for the outermost zone and

it is synthesized with the proposed MEFSS when all patches are etched. Following the design

guidelines provided in Section 7.3, an MEFSS structure composed of a stack of two layers of

patches backed with a ground plane is found to be needed to compensate the required time-delay

difference and achieve linear phase response within the frequency range of interest for all elements.

The dielectric substrates used in this design are non-magnetic and have a dielectric constant of

εr = 3.4 (Rogers RO4003C). Since the proposed unit cell is composed of multiple dielectric

substrates that need to be bonded together, the effect of the bonding material on the response of

each element must also be taken into account. The bonding material used here is Rogers 4450F

prepreg layer with the dielectric constant of εr = 3.52 and the thickness of 0.1 mm. The topology

of each TDU populating the aperture of the proposed reflectarray is shown in Fig. 7.3. The detailed

physical parameters of the TDUs occupying each zone of reflectarray are provided in Table 7.1.

Fig. 7.4 shows the simulated phase responses of the elements occupying different zones of the

reflectarray. Specifically, this figure shows the comparison between the full-wave simulated phase

response of the designed elements and the desired ideal case for each TDU occupying different

zones. Within the frequency range of interest, slight discrepancies are observed between both cases

for some elements. However, as will be shown in Section 7.5.2, the effect of these discrepancies

on the time-domain performance of the proposed reflectarray is minimal as they happen at the

frequency band edges. With regards to the magnitude of reflection coefficient, all elements of the
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Figure 7.3 The composition of TDUs populating the proposed reflectarray aperture discussed in
Section 7.4.

Table 7.1 Physical parameters of the TDUs that populate each zone of the proposed reflectarray.
All physical dimensions are in mm. For all these TDUs, Dx = Dy = 6.5mm,

h1 = h3 = h5 = 1.524mm, and h2 = h4 = 0.1mm. The dielectric substrates with the thickness
of 1.524mm are Rogers RO4003C with the dielectric constant of 3.4. The bonding layers with the

thickness of 0.1mm are Rogers 4450F with the dielectric constant of 3.52.

Zone 1 2 3 4 5

P1 4.50 4.50 4.45 4.40 4.33

P2 6.30 6.30 6.30 6.30 6.30

Zone 6 7 8 9 10

P1 4.22 4.16 4.09 3.93 3.83

P2 6.30 6.30 6.30 6.30 6.28

Zone 11 12 13 14 15

P1 3.66 3.46 3.22 2.96 2.69

P2 6.22 6.15 6.02 5.84 5.45

Zone 16 17 18 19 20

P1 2.66 2.66 2.47 1.5 0

P2 5.03 4.45 3.50 1.50 0

reflectarray demonstrate losses of less than 0.2 dB which is mainly attributed to the Ohmic and

dielectric losses of the elements.
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(a)

(b)

Figure 7.4 The comparison between the full-wave simulated phase responses of the designed
elements and the desired ideal responses for each TDU occupying different zones. The topology
of the designed elements is shown in Fig. 7.3 and their dimensions are reported in Table 7.1. The

ideal case represents the desired linear reflection phase with the desired time delay. (a) The
responses for the TDUs occupying the odd zones. (b) The responses for the TDUs occupying the

even zones.

As can be seen in Table 7.1, there are very small variations between different pixels of the

reflectarray. Due to these small variations and also the small features of the proposed reflectarray,
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simulating the proposed structure using full-wave electromagnetic simulations requires an exces-

sive amount of computational resources. For example, to simulate this structure using the finite

difference time domain (FDTD) technique, the minimum cell size needs to be smaller than the

minimum feature size in the structure. Considering the dimensions of the patches reported in Ta-

ble 7.1, the cell sizes need be as small as 20 µm for the aperture with the dimensions of 253.5 mm

× 253.5 mm. Therefore, simulation of such MEFSS based reflectarray using full-wave EM simu-

lations is extremely challenging. In [100], a new approach is proposed to reduce the difficulty of

the full-wave electromagnetic simulations of such structures with very small features but relatively

large aperture sizes. In this method, the constituting elements of the aperture are treated as effective

media. In [100], it was shown that, at the system level, an MEFSS with a linear phase response can

be modeled as an effective medium having the same effective permittivity and permeability values

over the frequency range where its phase response is linear. The same concept can be used here

to simulate the proposed reflectarray antenna. Using the effective medium approach, each TDU of

the reflectarray can be treated as a slab of homogenous medium with the refractive index of neff,i

and the thickness of d which is backed with a ground plane. Here the thickness d is chosen to

be the same as that of the actual reflectarray. As the response of each element is relatively linear

within the frequency range of interest, the effective permittivity and permeability are the same for

each element (εr,eff = µr,eff ). These effective constitutive parameters can be extracted through a

resonant inverse scattering approach reported in [138]. Table 7.2 shows the indices of refraction

obtained for different zones of the reflectarray. The simulated radiation patterns of the reflectarray

antenna in the E-plane (yz-plane) and the H-plane (xz-plane) in the frequency range of 8-12 GHz

are shown in Fig. 7.6. The reflectarray is fed with an X-band horn antenna with the electric field

oriented in the ŷ-direction.

7.5 Experimental Verification and Measurement Results

7.5.1 Reflectarray Antenna Prototype

The reflectarray prototype examined in Section 7.4 was fabricated and experimentally charac-

terized. The feed antenna is a commercial X-band horn antenna located on the optical axis of the
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Table 7.2 The refractive index profile of the simplified model of the proposed reflectarray
composed of the effective media with the thickness of 4.8 mm.

Zone 1 2 3 4 5

neff 5.076 5.066 5.036 4.990 4.930

Zone 6 7 8 9 10

neff 4.859 4.779 4.689 4.588 4.474

Zone 11 12 13 14 15

neff 4.341 4.185 3.998 3.770 3.495

Zone 16 17 18 19 20

neff 3.178 2.844 2.517 2.199 1.884

reflectarray at the distance of f ≈ 22 cm from the center of the reflectarray aperture. Standard

lithography as well as substrate bonding techniques were used to fabricate the reflectarray. The

fabricated prototype has three metal layers and three substrate layers. The metal layers include

two patch layers and the ground plane. Rogers RO4003C dielectric substrates (εr = 3.4) with the

thickness of 1.524 mm were used for each substrate layer, and all the dielectric substrates were

bonded together using a 0.1 mm thick Rogers 4450F binding film with εr = 3.52. The total thick-

ness of the reflectarray prototype including the bonding layers is ≈ 4.8 mm, which is equivalent to

0.16λ◦ at 10 GHz. Each time-delay unit, as shown in Fig. 7.5, has the dimensions of 6.5 mm× 6.5

mm (or equivalently≈ 0.22λ◦×0.22λ◦) in the proposed structure. Fig. 7.5 shows the photographs

of the fabricated TTD reflectarray prototype. The total dimensions of the structure are 253.5 mm

× 253.5 mm (or equivalently ≈ 8.5λ◦ × 8.5λ◦).

7.5.2 Measurement Results

The measurements of the radiation characteristics of the proposed reflectarray antenna were

carried out using a multi-probe spherical near-field system. For a feed horn located with the electric



130

2
5
3
.5

 m
m

253.5 mm

4.8 mm

×6.5 mm   6.5 mm 

(a)

(b)

Figure 7.5 (a) Photograph of the fabricated reflectarray. (b) Side view of the fabricated prototype.

field oriented in the ŷ-direction, Fig. 7.6 shows the measured and simulated far-field co- and cross-

polarized radiation patterns of the antenna in the E-plane (yz-plane) and the H-plane (xz-plane) in

the frequency range of 8-12 GHz. The radiation patterns are normalized to the peak values of their

corresponding co-polarized components. The simulation results were obtained using full-wave EM

simulations in CST Microwave Studio with the simplified model of the reflectarray using effective

media. In general, a good agreement is observed between the simulation and measurement results

despite the approximations made in the modeling of the reflectarray using effective medium theory.

Observe that the proposed antenna provides a focused beam with side-lobe level (SLL) better than -

10 dB across the entire band. The side-lobe levels of the measured and simulated radiation patterns

are generally above the side-lobe levels that are expected from an aperture illumination with a 15

dB tapering. The primary cause of this is the aperture blockage caused by the feed horn antenna.

Specifically, the feed horn antenna has aperture dimensions of 3.05λ0 × 2.62λ0, which directly

blocks the center part of the aperture of the reflectarray. Another drawback of this large aperture

blockage is the reduction of the aperture efficiency of the reflectarray. These issues, however, can

be resolved relatively easily by using an offset feed to illuminate the aperture of the reflectarray.

The measured cross-polarized radiation of the antenna is at least 20 dB below that of the co-pol

for all cases over the entire band of interest. The gain and the directivity of the antenna were also
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Figure 7.6 Measured and simulated normalized radiation patterns of the proposed reflectarray
antenna described in Section 7.4 and shown in Fig. 7.5 in the (a)-(c) xz- and (d)-(e) yz-planes at
(a), (d) 8 GHz, (b), (e) 10 GHz, and (c), (f) 12 GHz. The measurements were carried out using a
multi-probe spherical near field system. The simulated results are obtained using full-wave EM

simulations of simplified model of the reflectarray using effective medium approach. All the
patterns are normalized to the peak values of their corresponding co-polarized components.

measured using the same near field system over the frequency range of 8-12 GHz and the results

are shown in Fig. 7.7. The antenna gain is 23 dB at 10 GHz and does not vary more than 4 dB
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Figure 7.7 Measured and simulated realized gain and directivity of the proposed antenna shown
in Fig. 7.5 across the band of interest. The measurements are done using a multi-probe near-field

system and the full-wave EM simulation results are obtained by simulating the reflectarray
antenna, using the effective medium approach, in CST Microwave Studio.

within 8-12 GHz frequency range. This variation of the gain is due to the change in the electrical

dimensions of the reflectarray. The gain for electrically larger reflectarrays is expected to be higher.

Therefore, the gain gradually increases as the frequency increases. Also, the difference between

the directivity and realized gain is mainly attributed to ohmic and dielectric losses.

The reflectarray can serve as a multi-beam aperture with a wide field of view when fed with

multiple feed antennas. Fig. 7.8 shows the measured co-polarized gain patterns of the reflectarray

antenna with four feeds placed on the focal arc illuminating the reflectarray aperture under oblique

incident angles of 0◦, 15◦, 30◦, and 45◦ in the xz-plane (H-plane). As can be seen, by selecting

the appropriate feed antenna, the direction of the far-field pattern can be steered towards the de-

sired direction. As expected, the main beam steers towards the angle θi when the reflectarray was

illuminated under an incident angle of θi. The proposed antenna demonstrates a good scanning

performance in a relatively wide field of view of ±45◦ without beam squinting. However, this

capability comes at the expense of slight degradation of the side-lobe level.

As described in Section 7.4, the phase responses of the TDUs over the aperture are not quite

linear over the entire band, especially at the band edges. To quantify the potential influence of
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(a) (b)

(c)

Figure 7.8 Measured co-polarized components of the gain patterns of the proposed reflectarray
antenna at (a) 8 GHz, (b) 10 GHz, and (c) 12 GHz in the H-plane (xz-plane). For each frequency,
four feed antennas are located on the focal arc illuminating the reflectarray at incident angles of

0◦, 15◦, 30◦, and 45◦ to steer the main beam towards 0◦, 15◦, 30◦, and 45◦, respectively.

this nonlinearity in introducing distortion in the antenna response, a series of time-domain mea-

surements were carried out. The purpose of such measurements is to examine the true-time-delay

performance of the proposed reflectarray antenna. In this set of measurements, the fidelity factor

of the reflectarray was measured for time-domain signals with different fractional bandwidths. The

fidelity factor quantifies the correlation between the incident and reflected pulses from the reflec-

tarray aperture [157, 158]. The setup for doing such measurements is shown in Fig. 7.9(a). It

consists of a large metallic screen with an opening having the same dimensions as those of the re-

flectarray. The screen was used to minimize the effect of diffractions. A transmitting X-band horn

antenna was used to illuminate the reflectarray with plane waves as the reflectarray was located

in the far field of the transmitting antenna. A receiving probe was also placed on the focal point
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Figure 7.9 (a) The measurement setup used to experimentally characterized the time-domain
performance of the proposed reflectarray. (b) Measured fidelity factor of the proposed reflectarray

when it is illuminated with a modulated Gaussian pulse centered at 10 GHz with different
fractional bandwidths up to 6 GHz.

of the reflectarray to sample the received electric field. Both transmitting and receiving antennas

were connected to the two ports of the vector network analyzer (VNA) to measure the transmission

coefficient. This measurement was performed with and without the presence of the reflectarray,

and the latter measurement was used as the base line to calibrate the effect of the metallic screen

out. Additionally, the range gating in the VNA was used to eliminate the direct transmission be-

tween the transmitting and receiving antennas. This technique allows us to only capture the waves

reflected back from the reflectarray. Fig. 7.9 shows the measured fidelity factors for modulated

Gaussian incident pulses centered at 10 GHz with different fractional bandwidths up to 6 GHz.

As can be seen, a very high fidelity factor is achieved when the reflectarray is illuminated with

such pulses with wide fractional bandwidths. Observe that the fidelity factor decreases as the frac-

tional bandwidth increases which is due to the nonlinearity of the phase responses at the edges of

the operating band of the reflectarray. However, a relatively high fidelity factor (more than 0.92)

is achieved when the reflectarray is illuminated with signals with fractional bandwidths less than
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or equal to its operational bandwidth. This further confirms the TTD behaviour of the proposed

reflectarray antenna.

7.6 Conclusions

In this chapter, a broadband true-time-delay reflectarray antenna composed of a low-profile pla-

nar MEFSS-based reflectarray fed with a horn antenna was presented. The proposed reflectarray

exploits the unit cells of appropriately designed MEFSSs as its spatial TDUs to operate in a true-

time-delay fashion and to reduce chromatic aberrations within a wide frequency band. A prototype

of such TTD MEFSS-based reflectarray was fabricated and experimentally characterized. The fab-

ricated structure was designed to operate at the center frequency of 10 GHz. It was experimentally

verified that the reflectarray antenna demonstrates relatively consistent radiation properties within

the 8-12 GHz frequency range or equivalently 40% bandwidth. For the same aperture dimensions,

reflectarrys of the type reported in this chapter are expected to demonstrate larger bandwidths than

those of the previously-reported TTD reflectarrays. The TTD performance of the reflectarray was

also verified by characterizing its fidelity factor as a measure of distortion that the structure intro-

duces to wideband incident pulses. It was demonstrated that the reflectarray is indeed free of any

significant chromatic aberrations over its entire operational band. Therefore, such reflectarrays are

expected to be useful for applications where instantaneously broadband pulses are used.
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Chapter 8

Broadband True-Time-Delay Circularly-Polarized Reflectarray With
Linearly-Polarized Feed

8.1 Introduction

Reflectarray antennas have recently been proposed as a replacement to traditional reflectors in

applications such as beam-switchable [101, 159] and beam-steerable antenna designs [145, 160].

In recent years, a number of studies have examined the design of circularly-polarized reflectar-

rays [161–171]. This interest primarily stems from the fact that circularly-polarized waves are

more robust to various environmental interferences including multipath fading. Thus, circularly-

polarized antennas are widely used in modern satellite and point to point communication systems.

A reflectarray antenna is composed of a flat reflecting surface illuminated by a feed antenna.

The reflectarray aperture is treated as a locally-periodic structure. The unit cells of this structure

act as spatial phase shifters or spatial time-delay units. Both linearly-polarized and circularly-

polarized sources have been employed as the primary feed for the existing circularly-polarized

reflectarray antennas. For reflectarrays with circularly-polarized feeds, various element shapes

have been presented in the literature [161–165]. In most cases, the angular rotation of the ele-

ments is used to vary the phase shift or time delay introduced by it. Circularly-polarized reflec-

tarrays can be also designed using linearly-polarized feeds. In such architectures, the feed can

be rotated by 45◦ with respect to the aperture axis, and the circularly-polarized radiated beam is

provided by generating a 90◦ phase shift between the two orthogonal polarization components

of the incident wave. Numerous types of elements for such reflectarrays have been reported in

the past. These include dual layer T-shaped elements [166], aperture coupled patches with slot
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and two lines of variable lengths [167], cross-shaped elements with varying arms [168], and rect-

angular patch elements [169]. These structures tend to be relatively narrowband, since they are

made of resonant elements. Moreover, they have seldom been employed as a part of multibeam

apertures due the sensitivity of the response of their constituting elements to the angle of inci-

dence. Single layer non-resonant elements employing asymmetric features have also been used

to design linearly-polarized-fed, circularly-polarized reflectarrays [170, 171]. Although some of

these reported reflectarrays demonstrate wide bandwidths, they are not true-time-delay structures.

In such structures, when the aperture is illuminated with a broadband pulse whose spectral con-

tent falls within the bandwidth of the reflectarray, the radiated pulse will be significantly distorted

[101,153]. Therefore, such reflectarrays are not suitable for broadband pulsed signal applications.

In this chapter, we present a method for designing low-profile, broadband, and true-time-delay

circularly-polarized reflectarray antennas. The proposed antenna consists of a planar surface pop-

ulated with spatial time-delay units (TDUs). These TDUs are the unit cells of anisotropic ground-

plane-backed miniaturized-element frequency selective surfaces (MEFSS). MEFSSs have been

previously employed to design spatial filters [97, 102, 115, 119], transmitarrays [13], true-time-

delay microwave lenses [14, 15], multi-beam antennas [100], polarization converters [120], and

linearly-polarized reflectarrays [101]. The multilayer TDUs employed in the proposed structure

are capable of providing constant time delays over wide bandwidths. To generate a circularly-

polarized wave, TDUs are designed to behave differently for the two orthogonal polarizations.

They feature asymmetric elements to create 90◦ phase shift between two orthogonal components

of the output wave while providing the desired time delay over the wide frequency range of in-

terest. Using this approach, a linearly-polarized-fed reflectarray prototype capable of providing

a circularly-polarized output is designed, fabricated, and characterized. The prototype operates

over the frequency band of 8-12 GHz (a 40% bandwidth) and provides a gain of 23.7 dB with a

variation of less than 3 dB. Additionally, the time-domain properties of the proposed reflectarray

are characterized by measuring its fidelity factor for broadband pulsed excitations. The antenna

demonstrates a fidelity factor greater than 0.91 for wideband pulses with bandwidths as wide as

40%.
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Figure 8.1 (a) Topology of the proposed reflectarray whose aperture is populated with FSS-based
spatial TDUs. (b) The composition of each TDU. (c)-(d) The equivalent circuit model of each

TDU for the two orthogonal (x̂- and ŷ-directed) polarizations.

8.2 Reflectarray Elements

Fig. 8.1(a) shows the topology of the proposed true-time-delay, circularly-polarized reflectar-

ray antenna. The structure is composed of a reflectarray and a feed horn antenna. The aperture

diameter of the reflectarray is Dap and the distance between the reflectarray and the feed horn is f .

The feed horn is linearly polarized and is rotated 45◦ with respect to the ŷ axis. The far-field phase

pattern of the feed horn is not uniform. Due to this and the spherical wavefront of the fields radiated

by the feed, the incident field over the aperture will not have a uniform phase front over the aperture

of the reflectarray. Therefore, the reflectarray is designed to both correct the phase variations of

the feed antenna and transform the spherical incoming wave striking its aperture to a planar wave

front with a circularly-polarized pencil beam in the far field in the desired direction. The aperture

of the reflectarray is populated with numerous sub-wavelength time-delay unit pixels. These pixels



139

provide the desired time delay over the entire aperture of the reflectarray within the intended fre-

quency range. This ensures that, within the desired frequency band of operation, the reflectarray

does not demonstrate any chromatic aberrations. The TDUs also create a constant phase difference

of 90◦ between the two orthogonal polarization components of the radiated field. These time-delay

and phase-delay profiles are determined from the focal distance, f , the aperture diameter, Dap,

and the phase pattern of the feed antenna. Since the structure transforms the linearly-polarized

incoming wave to a circularly-polarized wave, it needs to behave differently for the two orthogo-

nal polarization components of the incoming wave. The time-delay profile, however, is the same

for both of these two components. The phase-delay profile, on the other hand, is different for the

horizontal and vertical components of the incident wave. To generate a circularly-polarized wave,

these two orthogonal components need to experience two different phase shifts with the phase dif-

ferences of ±90◦ as they are reflected from the reflectarray’s aperture. Depending on the sign of

the phase difference, the radiated beam can be right-handed or left-handed circularly polarized.

The radiated beam is left-handed circularly-polarized if ]Rx − ]Ry = −90◦ and right-handed

circularly-polarized if ]Rx − ]Ry = +90◦. To satisfy both the time-delay and the phase-delay

conditions, the pixels must be designed to provide linear phase responses for both polarization

components with desired slopes versus frequency. This is to ensure that the pixels provide con-

stant group delays and to minimize the chromatic aberrations in the reflectarray when it is excited

with a broadband pulse. Moreover, a phase difference of 90◦ must exist between the phase re-

sponses of the pixels for the two polarizations over the entire frequency band of operation. This is

to ensure that the radiated field of the antenna is circularly polarized. Finally, the magnitude of the

reflection coefficient for both components needs to be ideally equal over this intended frequency

range. These phase and amplitude requirements of the time-delay units are visually depicted in

Fig. 8.2. In this figure, Rx and Ry are the reflection responses of each pixel for x̂ and ŷ polariza-

tions, respectively. As discussed, |Rx| = |Ry|, ]Rx − ]Ry = 90◦, and the phases of Rx and Ry

are linear functions of frequency across the entire band of operation of the reflectarray antenna.

Each pixel of the reflectarray is the unit cell of an anisotropic, ground-plane-backed miniaturized-

element frequency selective surface. The composition of each pixel is shown in Fig. 8.1(b). Each
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Figure 8.2 Conceptual depiction of the idealized response needed from the TDUs populating the
aperture of the proposed reflectarray. The magnitudes and phases of the reflection coefficient of

each TDU for the two orthogonal polarizations are shown.

pixel is composed of a stack of multiple subwavelength capacitive patches. These patches are sep-

arated from one another by a number of thin dielectric substrates. The entire structure is backed

by a ground plane. As discussed in [101], such a configuration is capable of providing linear phase

responses having different slopes versus frequency over a wide bandwidth. This wide bandwidth

is due to the phase shift behaviour that the wave experiences as it propagates through the pixel,

which is similar to that of a low-pass type MEFSS with twice number of layers. Since a flat group

delay response can be achieved using low-pass filters, the proposed pixel can provide constant

group delay over a wide bandwidth. The pixels also employ asymmetric elements to generate two

distinct frequency responses for the vertical and the horizontal components of the incident wave.

Therefore, the capacitive patches are in the form of rectangular metallic patches with the dimen-

sions of P x
i and P y

i . The dimensions of the unit cells are D ×D. The equivalent circuit model of

each pixel is shown in Figs. 8.1(c) and 8.1(d). In this model, the capacitive patches are modeled

with parallel capacitors. The short sections of transmission lines with characteristic impedances of

Z1, Z2, ..., ZN model the thin dielectric substrates. The ground plane is also modeled with a short

circuit. Since the asymmetry of the structure is only in the capacitive patches, the equivalent circuit

model is the same for both polarizations with the exception of the capacitance values.
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To design the proposed reflectarray, pixels with various time-delay and phase-delay values are

required to populate the aperture. These two values are functions of a number of geometrical pa-

rameters including the unit cell dimensions, dielectric constants and thicknesses of the substrates,

the number of patch layers, and the size of patches in each layer. The choice of the pixel dimen-

sion, D, is arbitrary as long as it is small compared to the wavelength. The characteristics of

the substrates are largely determined form the practical design considerations. These include the

accessability of the substrates with given dielectric constant and thickness, the resolution of the

employed printed circuit board lithography techniques as well as the minimum features that can

be reliably fabricated. Assuming that the pixel dimensions and the substrate characteristics are

known, the number of patch layers and their respective dimensions can control the time and phase

delays. The number of patch layers mainly determines the maximum variation of time and phase

delays that can be achieved with a given pixel design. To compensate a larger delay variation and

achieve broadband collimation over the band of interest, a higher number of layers is required.

Also, for a given range of delay values, using a higher number of patch layers can be used as a

means of increasing the operational bandwidth of the reflectarray. Once the number of the layers is

determined, the dimensions of the patches can be varied to obtain the required responses for each

pixel. This variation is in between the minimum and maximum available delays. The minimum

delay available for such configuration is synthesized when the patches in all layers are etched and

the maximum available delay can be obtained when the gaps in between the patches are equal to

the minimum features that can be reliably fabricated using the specific lithography technique em-

ployed for fabricating the device. For a more detailed discussion about designing TDUs of the type

used in this chapter to achieve a desired time delay value, the interested reader is referred to [101].

8.3 Design Procedure and Design Example

The design procedure of the proposed reflectarray starts with the choice of the focal distance,

f , and the aperture diameter, Dap. These two parameters are determined based on the practical

design considerations as well as the tradeoff between the spillover loss and the aperture efficiency.
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Figure 8.3 (a)-(b) The phase-delay profile required from the pixels distributed over the aperture
of the reflectarray for (a) x̂- and (b) ŷ-directed polarizations. (c) The time-delay profile required

by the time delay units populating the reflectarray aperture.

The spillover loss can be reduced by decreasing the aperture f/D while ensuring the aperture effi-

ciency is within an acceptable range. Once these physical parameters are determined, the required

time- and phase-delay profiles for each pixel can be determined based on its level of illumination

from the feed. To simplify the design procedure, the reflectarray aperture is divided into con-

centric zones assuming that the elements in each zone are identical. The number of zones is an

arbitrary parameter that determines the accuracy of time-delay correction over the aperture. For

more advanced design techniques, each time delay unit can be designed separately based on its

illumination level from the feed. In the final step, once the number of zones is determined, the

procedure described in Section 8.2 can be used to design the pixels populating the aperture of the

reflectarray.

This design procedure was followed to design a center fed reflectarray antenna radiating a right-

handed circularly-polarized wave. The proposed reflectarray with the aperture diameter of 235.5
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mm1 is designed to operate at X-band. For this design, an X-band horn antenna (AT-39/AP) is used

as the linearly-polarized feed antenna. The directivity of the feed antenna is 17.5 dB and its half

power beam width in the x-plane and y-plane are 24◦ and 21◦, respectively. The gain variation of

the feed antenna is considered negligible in the design process. Considering a 15 dB illumination

tapering allowed over the aperture, the approximate focal distance is calculated to be 220 mm

(i.e. f/D=0.87). The phase-delay for both x̂ and ŷ polarizations and the time-delay profile are

shown in Fig. 8.3. Following the design guidelines discussed in Section 8.2, a stack of two layers

of asymmetric, ground-plane-backed patches is used to implement each pixel of the reflectarray.

Collectively, the pixels generate the required time-delay and phase-delay profiles shown in Fig. 8.3

over the entire aperture. The pixel dimensions in this design are 6.5 mm× 6.5 mm. The dielectric

substrates used in the design have dielectric constant of εr = 3.4 (Rogers RO4003C). Since the

design is a multilayer structure, different layers are bonded together using a bonding material with

a dielectric constant of εr=3.52 (Rogers 4450F) and thickness of 0.1 mm. The topology of each

pixel is shown in Fig. 8.4. The physical parameters of the pixels populating each zone are listed in

Table 8.1. Figs. 8.5(a) and 8.5(b) show the full-wave simulated frequency responses of the different

pixels populating each zone of the aperture for the x̂ and ŷ polarizations, respectively. For brevity,

only the responses of the pixels occupying the odd zones of the reflectarray are presented. In each

graph, the ideal responses desired from each pixel are also shown. As can be seen, each pixel

provides a relatively linear phase response for both orthogonal polarizations while maintaining a

90◦ phase difference between its response for the ŷ and x̂ polarizations. The full-wave simulated

radiation patterns of the reflectarray in the x − z and y − z planes in the frequency range of 8-12

GHz are also calculated in CST Microwave Studio R© and the results are presented in Fig. 8.6 for

a reflectarray fed with a horn antenna whose polarization is tilted 45◦ with respect to the axis (the

polarization of the antenna is along the unit vector ê = 1√
2
{x̂ + ŷ}). The radiation patterns are

normalized to the peak values of their corresponding co-polarized components.

1The aperture dimensions of the reflectarray are selected primarily for the ease of measurements. The proposed
concept can be simply applied to design structures with larger apertures.
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Figure 8.4 Topology of the TDUs used in the design of the prototype reflectarray discussed in
Section 8.3.

Table 8.1 Physical properties of the time-delay units that populate each zone of the proposed
TTD reflectarray. The unit of all the physical dimensions is mm. The unit cell dimensions for

each time-delay unit is Dx = Dy = 6.5 mm. The substrate thicknesses are
h1 = h3 = h5 = 1.524 mm and h2 = h4 = 0.1 mm. The substrates with the thickness of
1.524 mm are all Rogers RO4003C with the dielectric constant of 3.4. The 0.1-mm-thick

bonding layers are Rogers 4450F with the dielectric constant of 3.52.
Zone P x

1 P x
2 P y

1 P y
2 zone P x

1 P x
2 P y

1 P y
2

1 3.70 5.90 4.70 6.30 11 3.50 5.20 3.45 6.25

2 3.70 5.90 4.70 6.30 12 3.50 5.10 3.30 6.15

3 3.60 5.90 4.70 6.30 13 3.50 4.90 3.10 6.05

4 3.60 5.90 4.60 6.30 14 3.50 4.60 3.00 5.85

5 3.60 5.80 4.50 6.30 15 3.00 4.20 3.00 5.70

6 3.60 5.80 4.40 6.30 16 2.50 3.80 3.00 5.50

7 3.60 5.70 4.30 6.30 17 2.50 3.00 3.00 5.40

8 3.60 5.60 4.15 6.30 18 2.00 1.90 3.00 5.30

9 3.50 5.50 3.90 6.30 19 1.00 1.00 3.00 5.40

10 3.50 5.40 3.70 6.30 20 0.50 0.50 3.00 5.30

8.4 Experimental Results

A prototype of the proposed reflectarray was fabricated. As shown in Fig. 8.4, two substrates

with thicknesses of h1 and h2 are bonded together to achieve the required separation between
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(a)

(b)

Figure 8.5 The full-wave simulated phase responses alongside the desired ideal phase responses
for time-delay units populating different zones. (a) The phase responses of TDUs occupying the

odd zones for x̂-polarization. (b) The phase responses of TDUs occupying the odd zones for
ŷ-polarization. Solid line: ideal phase response. Dashed line: full-wave simulated phase

responses.

patches. The aperture diameter of the prototype is 235 mm and its total thickness including the

bonding layers is 5.4 mm. This corresponds to 0.18λ0 where λ0 is the wavelength at the center

frequency of operation. Fig. 8.7(a) shows the photograph of the fabricated device. The feed was

located on the optical axis of the reflectarray. The distance between the feed and the reflectarray

aperture was approximately 22 cm. Radiation patterns of the antenna were measured using a multi-

probe spherical near-field system. Fig. 8.6 shows the measured far-field co- and cross-polarized

radiation patterns of the antenna in the x − z and y − z planes alongside the full-wave simulated

results. As can be seen, the proposed reflectarray provides a focused RHCP beam with side lobe
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level better than 10 dB over the entire band of operation. The measured and simulated side-lobe

levels of the radiation patterns are generally above those expected from an aperture illumination of

15 dB. This is caused by the aperture blockage created by the feed antenna, which has dimensions

of 3.05λ0 × 2.62λ0. This feed blocks the center part of the reflectarray’s aperture, which has the

diameter of 8.5λ0. The reduction of the aperture efficiency from the expected values does occur

in all center-fed reflectarrays due to the feed blockage. Fig. 8.6 shows that the measured cross-

polarized radiation level is at least 8 dB below that of co-polarization for all cases over the band of

interest. One factor contributing to the measured cross-polarized radiation is the scattering by the

relatively large feed horn placed in front of the aperture. The cross-polarization discrimination can

be improved by by minimizing the phase deviations of the responses of the designed TDUs from

the ideal responses and possibly by using an offset feed to illuminate the aperture.

The directivity and gain of the antenna were also measured using the near-field system. The

simulated and measured gain and directivity of the antenna are shown in Fig. 8.7(b). Observe that

the antenna gain is 23.7 dB at the center frequency with gain variations less than 3 dB within the X-

band. These variations are mainly due to the increasing of the electrical dimensions of the aperture

and the decreasing of the beam width of the feed antenna as frequency increases. This is similar

to the behavior of other broadband aperture antennas where the gain increases with frequency.

In this regard, the behaviour of the proposed reflectarray differs from those employing narrow-

band, resonant-type elements. In those structures, the gain variations are mainly determined by the

narrow-band nature of the beam collimation. The difference between the gain and the directivity

is primarily due to the Ohmic and dielectric losses.

If the reflectarray is fed with multiple feed antennas, it can potentially be used as a multi-beam

antenna. To examine this, the radiation patterns of the reflectarray are also measured when the feed

horn is placed off of the optical axis of the reflectarray and illuminates it with an oblique incidence

angle. Fig. 8.8(a) shows the co-polarized gain patterns (RHCP) of the reflectarray antenna at the

center frequency with four feeds placed on the focal arc illuminating its aperture off axis under

incident angles of 0◦, 15◦, 30◦, and 45◦ in the x − z plane. Fig. 8.8(b) shows the axial ratios of

the antenna for these four different feeding arrangements. Observe that the antenna demonstrates
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Figure 8.6 Full-wave simulated and measured normalized radiation patterns of the prototype
discussed in Section 8.3 at (a), (d) 8 GHz, (b), (e) 10 GHz, and (c), (f) 12 GHz in both (a)-(c)
x− z- and (d)-(f) y − z-planes. The full-wave simulated results were obtained using CST

Microwave Studio and the experiments were carried out using a multiprobe spherical near-field
system.

a very good scanning performance for incidence angles in the range of ±30◦. At 45◦, the antenna

shows an axial ratio below 1.5 across the entire X-band. However, its radiation pattern starts to

deteriorate. This is mostly due to the variations of the amplitude illumination tapering over the

aperture as well as the spillover losses. Nevertheless, in all these cases, the antenna demonstrates
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(a) (b)

Figure 8.7 (a) Photograph of the fabricated reflectarray prototype. In this prototype, L = 253.5
mm, h = 4.8 mm, and D = 6.5 mm. (b) Full-wave simulated and measured directivity and realized

gain of the prototype discussed in Section 8.3 and shown in Fig. 8.7(a).

an axial ratio better than 2 over most of the operating band and the radiation pattern of the antenna

remains stable without any beam squiting. This is due to the TTD nature of the reflectarray.

As can be seen in Fig. 8.5, the phase responses of the time-delay units occupying the reflec-

tarray aperture shows some minor nonlinearity especially at the band edges. These nonlinearities

can potentially cause distortions in the antenna response. To quantify the impact of these, a num-

ber of time-domain experiments were carried out in which the fidelity factor of the reflectarray

was characterized for pulsed excitations with different fractional bandwidths. The fidelity factor

is a measure of the correlation between the time-domain incident and reflected pulses from the

reflectarray aperture [157, 158] and its value is unity in a distortion-less system. The fidelity fac-

tor measurements were carried out in the transmitting mode for which the transfer function of the

reflectarray was measured using the multi-probe near-field system. Fig. 8.9 shows the measured

fidelity factors of the reflectarray antenna for the cases where the antenna is illuminated with mod-

ulated Gaussian pulses with a center frequency of 10 GHz with different fractional bandwidths up

to 6 GHz. The fidelity factor results shown in Fig. 8.9 are impacted by the response of the reflectar-

ray itself and that of the feed antenna. Observe that a high fidelity factor close to unity is achieved

when the reflectarray is illuminated with pulses with bandwidths less than 4 GHz. As expected, as
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(a) (b)

Figure 8.8 (a) Measured RHCP gain pattern of the prototype discussed in Section 8.3 at 10 GHz
in the x− z plane. These patterns are measured when the feed is moved on the focal arc to

illuminate the aperture off axis with angles of 0◦, 15◦, 30◦, and 45◦. This steers the beam toward
0◦, 15◦, 30◦, and 45◦, respectively. (b) Measured axial ratios of the radiated beams in all these

four cases over the entire band of operation.

the fractional bandwidth of the incident pulse increases, the fidelity factor decreases. This is in part

due to the nonlinearity of the phase responses of the time-delay units at the band edges. Another

factor contributing to this is the frequency dispersion of the response of the standard horn antenna

used to feed the reflectarray. Nevertheless, a relatively high fidelity factors (≥ 0.91) is achieved

when the bandwidth of the illuminating pulses are less than or equal to the operational bandwidth

of the reflectarray. This indicates that the proposed reflectarray does not significantly impact the

temporal characteristics of the incident pulse and confirms its TTD behavior.

8.5 Conclusions

A broadband true-time-delay circularly-polarized reflectarray antenna was presented. The an-

tenna is composed of a low-profile MEFSS-based reflectarray fed with a linearly-polarized horn an-

tenna. The constituting elements of the reflectarray are unit cells of anisotropic, low-pass, ground-

plane backed MEFSSs. Within the desired frequency band of operation, these structures provide

linear phase responses with different slopes to achieve the desired time-delay profiles over the

aperture of the reflectarray. Moreover, each pixel provides a 90◦ phase difference between the re-

flection phase of the two different polarizations. A prototype of the proposed TTD MEFSS-based
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Figure 8.9 Measured fidelity facor of the prototype discussed in Section 8.3 when the antenna
transmits modulated Gaussian pulses with a center frequency of 10 GHz and the fractional

bandwidths up to 6 GHz.

circularly-polarized reflectarray was fabricated and experimentally characterized. The fabricated

prototype was designed to operate within the X-band and it was experimentally demonstrated to

be capable of providing a wideband, true-time-delay equivalent operation over a 40% bandwidth.

The offset-fed version of the fabricated prototype were demonstrated to be capable of providing

off-axis RHCP beams with directions of maximum radiation ranging up to 45◦ off the main axis.

The TTD nature of the reflectarray was demonstrated by measuring its fidelity factor for broad-

band pulsed excitations. It was demonstrated that, when the reflectarray antenna was fed with a

rectangular horn, the device shows fidelity factors greater than 0.91 for pulases with bandwidths

as high as 40%.
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Chapter 9

Exploiting Mechanical Flexure as a Means of Tuning the Responses
of Large-Scale Periodic Structures

9.1 Introduction

Periodic structures are used in a wide range of applications spanning the microwave and

millimeter-wave to THz and optical bands of the spectrum. With the emergence of the field of

metamaterials in recent years, the number of applications of such structures has skyrocketed. At

RF/microwave frequencies, some of the applications of periodic structures include the design of

frequency selective surfaces [2,8], radar absorbers [91,92], artificial magnetic conductors [11,12],

metamaterials [9, 172], microwave lenses [13–15, 100], and reflectarray antennas [16, 101]. With

the ever-growing development and deployment of multifunctional systems, the need for designing

periodic structures with agile frequency responses is also growing.

To date, significant research has been devoted to developing periodic structures with dynami-

cally reconfigurable responses. The most common approach used in the design of a reconfigurable

periodic structure is to incorporate electronically-tunable elements into its unit cells [78–82]. Ex-

amples of this approach include using solid state or micro-electro-mechanical system switches

[78,79] and varactors [80–82] to switch or tune the response of the structure. This approach, how-

ever, suffers from several challenges. First, each of the unit cells of the structure must be loaded

with at least one switch or varactor (two if polarization independence is needed in planar structures)

that must be biased. Since even a medium-sized periodic structure may have tens of thousands of

unit cells1, integration of so many switches or varactors with the structure presents a significant

1e.g. Consider an FSS operating at 10 GHz with an aperture of 1 m × 1 m and a period of 5 mm (see [80] for
example). In this panel size 40,000 unit cells are present.
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challenge. Moreover, these elements need to be biased. Also, depending on the design technique,

they may need to have integrated RF/DC isolation which presents an additional level of difficulty

into the design of large-scale periodic structures. Finally, the nonlinearity of varactors limits the

power handling capability of varactor-tunable periodic structures [89]. In addition to electronic

tuning, other techniques used to tune the responses of periodic structures have included using fer-

roelectric dielectrics [83], magnetically controlled materials [84], liquid crystals [85], optically

controlled materials [86], and fluidic tuning techniques [89, 90]. While these techniques have

certain advantages that make them interesting for particular applications, they are not as widely

studied as electronic tuning techniques. Consequently, more research and development is needed

to determine whether or not they can be suitable to design large-scale tunable periodic structures.

One way to overcome the aforementioned challenges of using electronically-tunable periodic

structures is to use mechanical reconfiguration. Using mechanical reconfiguration in periodic

structures has been examined before [173–178]. For instance, frequency tuning of coupled split-

ring resonators (SRRs) is obtained by changing the near-field coupling using in-plane displacement

of layers [173,174] and folding of the surface in a corrugated fashion [175]. In addition, stretching

or folding in an origami fashion of a periodic arrangement of conducing cross-shaped elements

have been also studied in [176, 177]. In [178], tuning is achieved in stacked ring resonators by

mechanically aldjusting the spacing between elements using spring-like spacers. While the earlier

works conducted in this area demonstrate the possibility of using mechanical techniques to tune

the responses of periodic structures, they tend to focus on specific types periodic structures that of-

ten use complex resonant-type unit cells (e.g. see [173–175]). Consequently, the findings reported

in one study may not necessarily be applicable to the design of a different mechanically-tunable

structure.

In this chapter, we first examine how three different mechanical techniques can be used to

tune the responses of two elementary types of periodic structures with non-resonant capacitive

or inductive response types. These techniques include overlapping combined with relative move-

ment, stretching/compression, and flexure. The importance of the elementary capacitive and in-

ductive structures examined here is that they are the fundamental building blocks of a wide range



153

of other different periodic structures with more complex unit cells and response types. For ex-

ample, by combining these inductive and capacitive surface impedances in single- or multi-layer

periodic structures, devices with more complex response types and functions such as FSSs [2, 8],

lenses [13–15,100], and reflectarrays [16,101] can be obtained. Therefore, understanding how the

inductance or capacitance of these elementary structures change when mechanical deformation is

introduced into the picture is critical in understanding how different periodic structures with more

complicated unit cells behave under the same conditions. Towards that end, in Section 9.2, we

study how mechanical techniques can be used to tune the responses of these elementary periodic

structures to obtain variable inductance and capacitance values. For each case examined in this

section, we derive analytic expressions for calculating the effective inductance or capacitance of

the structure under the specific mechanical deformations considered. The accuracy of these closed-

form formulas is verified through full-wave EM simulations. In Section 9.3, we demonstrate the

application of the findings of Section 9.2 in understanding the behavior of mechanically-tunable

periodic structures with more complicated unit cells. Specifically, we examine the operation of

a mechanically-tunable frequency selective surface whose unit cells are composed of the series

combination of the inductive and capacitive structures presented in Section 9.2. We demonstrate

that the change in frequency response of this structure under contraction and expansion conditions

can be predicted using the theoretical studies presented in Section 9.2. In Section 9.4, we discuss

the fabrication and experimental characterization of a prototype of this mechanically-tunable FSS.

The simulation and measurement results presented in Sections 9.3 and 9.4 demonstrate the validity

of the proposed concepts and verify the efficiency of the analytical methods developed. Finally, in

Section 9.5, we discuss a number of practical issues and challenges that must be overcome before

such mechanically-tunable periodic structure can be used in practical applications.

9.2 Mechanically-Tunable Periodic Structures with Inductive or Capacitive
Responses

To demonstrate the concepts proposed in this chapter, we start with a simple one-dimensional

periodic structure composed of long metallic strips arranged in one dimension as shown in Fig. 9.1.
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Figure 9.1 Topology oof a periodic arrangement of metallic strips. (a) If the incident electric field
is perpendicular to the strips, the plane wave creates positive and negative charges on the edges of
adjacent strips, which produces a capacitive effect. (b) If the electric field is parallel to the strips,
the structure acts as a reactive impedance surface with inductive impedance. The metallic pattern

and the substrate are shown in brown and gray, respectively.

These one-dimensional periodic structures present capacitive or inductive surface impedances to a

plane wave depending on the polarization of the incident electromagnetic (EM) wave. If the polar-

ization of the incident wave is aligned with the strips, the surface transmits high-frequency content

and reflects the lower frequencies. Therefore, such a structure acts as an inductive impedance

surface. On the other hand, if the incident electric field is perpendicular to the strips, the surface

has a capacitive response and acts as a low-pass filter. These two reactive surfaces are the funda-

mental building blocks of a number of other periodic structures with more complex functionalities

and response types. Examples include microwave lenses [13–15, 100], reflectarrays [16, 101], and

miniaturized-element frequency selective surfaces [20–27, 97, 98, 102, 114, 115, 119]. Therefore,

understanding how the responses of the elementary structures shown in Fig. 9.1 change in response

to mechanical deformations is critical for designing more complex tunable devices that use a com-

bination of these inductive or capacitive structures in single- or multi-layer periodic structures.

The frequency response of an inductive or capacitive impedance surface is a function of its

geometrical parameters as well as the material parameters of the substrate it is implemented on.

The approximate analytic solutions for the reactance value of these surfaces have been reported in
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Figure 9.2 Illustration of the three concepts of (a) overlapping along with relative movement, (b)
stretching and contraction, and (c) deforming used to mechanically tune the frequency responses

of reactive impedance sheets shown in Fig.9.1. The metallic pattern and substrates are
respectively shown in brown and gray.

the literature. The effective capacitance of the periodic arrangement of capacitive strips shown in

Fig. 9.1(a)can be calculated using the following formula [179]:

C = ε0εr,eff
2D

π
ln
(

csc(
πg

2D
)
)
. (9.1)

Here, D is the unit cell size, g is the gap between adjacent capacitive strips, ε0 is the free-space

permittivity, and εr,eff represents the effective permittivity of the medium surrounding the capaci-

tive strips. The effective inductance of the periodic arrangement of inductive strips, shown in Fig.

9.1(b), can be approximated using the following formula [179]:

L = µ0µr,eff
D

2π
ln
(

csc(
πw

2D
)
)

(9.2)

where D is the period of the structure, w is the strip width, µ0 is the free-space permeability, and

µr,eff is the effective permeability of the medium surrounding the inductive strips. Details of the

derivation and proof of the validity of (9.1) and (9.2) are presented in [179]. These expressions con-

firm that the impedance of a capacitive or inductive layer can be changed by changing the physical

dimensions of the structure’s features or by dynamically changing the effective dielectric constant

or permeability of the medium surrounding it. The focus in this chapter is on the first technique.

According to (9.1)-(9.2), the reactance of the surfaces can be varied by changing the unit cell di-

mensions D or the ratio of the width of the metallic strips to the unit cell dimensions w/D. Based

on these parameters, different techniques to tune the frequency response of the impedance surfaces
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can be envisioned. To do so, three concepts are proposed in this chapter: overlapping combined

with relative movement, stretching/contraction, and deforming. These concepts are illustrated in

Fig. 9.2.

9.2.1 Overlapping and Relative Movement of Layers

Fig. 9.2(a) shows a three-dimensional view of two cascaded layers of periodic metallic strips

separated by a very thin substrate. This arrangement functions like a single reactive layer with a

tunable effective reactance value. There are different parameters controlling the effective reactance

of this structure. These include the widths of the metallic strips (w), the gap sizes (g), the thickness

and the dielectric constant of the separating substrate, and the offset overlap between two cascaded

reactive surfaces (O). Here, we propose that the offset overlap can be used as the tuning parameter.

This requires one of the reactive surfaces to have the ability to move with respect to the other. The

maximum movement in this case is half of the unit cell dimension (i.e., D/2). To demonstrate

the effect of offset overlapping, we examined a periodic structure composed of two layers sharing

the metallic strip width w = 2 mm, the strip separation g = 3 mm, and the unit cell size D = 5

mm. Both layers were assumed to be in free space (εr,eff = 1) and the spacing between layers

was h = 0.1 mm. As shown in Fig. 9.2(a), the overlap was modeled with an offset vector, O,

connecting the centers of two strips within each unit cell of the structure together. To compute the

effective inductance and capacitance, the transmission coefficient of the structure for a normally-

incident wave was calculated for two orthogonal polarizations using full-wave simulations in CST

Studio R©. The electric field is oriented along the x̂- and ŷ-directions for the capacitive and inductive

cases, respectively. Figs. 9.3(a) and 9.3(c) show the full-wave simulation results obtained for both

cases. Subsequently, the full-wave simulation results were matched to the frequency responses

of the simplified equivalent circuit models of the structures, shown in the inset of Fig. 9.1, and

the effective inductance and capacitance of each surface was extracted. Figs. 9.3(b) and 9.3(d)

display the ratios of Leff/L0 and Ceff/C0 versus the offset dimension, O, where L0 and C0 are

the inductance and capacitance values when two strips are aligned, i.e. O = 0 mm. Fig. 9.3(b)

shows that increasing the offset O decreases the effective inductance. Therefore, the maximum
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inductance happens when the two layers are aligned with each other. For the case where the

electric field is oriented in x̂-direction, increasing the length of the offset O increases the effective

capacitance. It means that the minimum value of the capacitance corresponds to the case where

the two strips are aligned. In this case, the maximum value of capacitance happens when the offset

is maximum.

To better understand the impact of the offset overlap, approximate analytical formulas are de-

veloped to determine the effective inductance and capacitance as a function of offset value. Be-

cause of the very thin substrate between the two layers, this two-layer structure can be approxi-

mated as a single periodic layer of metallic strips where the widths of the strips are variable and

dependent on the offset. Replacing w with w + O in (9.1) and (9.2), the effective inductance and

capacitance values can be approximated using the following formulas:

Leff = µ0µr,eff
D

2π
ln

(
csc(

π(w +O)

2D
)

)
(9.3)

Ceff = ε0εr,eff
2D

π
ln

(
csc(

π(D − w −O)

2D
)

)
(9.4)

Fig. 9.3(b) and 9.3(d) show the inductance and capacitance values calculated using these formulas

and compare the results with the reactance values extracted from full-wave simulations. As can be

seen, (9.3) and (9.4) can be used to accurately predict the effective inductance and capacitance of

the two periodic structures. In a practical application, one can envision that the two layers can be

fabricated on two separate substrates where one of the substrates can be mechanically moved by

small distances. Specifically, the maximum useful linear movement of one layer with respect to the

other layer is half of the unit cell dimension (D/2). Therefore, the tuning speed is determined by

how fast this movement can be accomplished. Some implementation challenges that may arise in

using this technique in practice include maintaining the flatness of, the separation height between,

and the alignment between the layers over a large area.
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Figure 9.3 (a) Transmission coefficients of the structure shown in Fig. 9.2(a) with w = 2 mm, g =
3 mm, and h = 0.1 mm and different overlappings once excited by a plane wave with a

polarization aligned with the direction of strips. (b) Calculated effective inductance using the
full-wave simulation results shown in Fig. 9.3(a) and equation (9.3). L0 refers to the effective

inductance value at O=0 mm. (c) Transmission coefficients of the same structure with w = 2 mm
and g = 3 mm where the incident electric field is perpendicular to the direction of strips. (d) The

effective capacitance computed using the simulated results shown in Fig. 9.3(c) alongside the
calculated values using equation (9.4). C0 refers to the capacitance inductance value at O=0 mm.

9.2.2 Stretching

Changing the dimensions of the metallic strips’ widths and spacings of the structures shown

in Fig. 9.1 can tune their inductance and capacitance values. However, dynamically changing

such parameters in conventional metallized and patterned structures is not easily achievable since

they are typically fabricated by etching metallic films on a fixed rigid substrate. With the recent

progress in stretchable and flexible electronics, a number of techniques have been proposed to
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(a) (b)
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Figure 9.4 (a) Transmission coefficients of the stretched reactive surface, shown in Fig. 9.2(b)
composed of inductive strips with w1 = 2 mm and g1 = 3 mm for g2/g1 = 1, 1.1, 1.2, and 1.3. (b)
The calculated effective inductance using the full-wave simulation results shown in Fig. 9.4(a)

alongside the predicted value from Leff/L0 = g2/g1. L0 refers to the effective inductance value
at g2/g1=1. (c) Transmission coefficients of the stretched impedance sheet, shown in Fig. 9.2(b)

composed of capacitive strips with w1 = 2 mm and g1 = 3 mm for g2/g1 = 1, 1.1, 1.2, and 1.3. (d)
The effective capacitance computed using the simulated results shown in Fig. 9.4(c) alongside the
calculated values using Ceff/C0 = g2/g1. C0 refers to the effective capacitance value at g2/g1=1.

design stretchable reconfigurable devices [180]- [181]. For example, in [180] a fluidic dipole an-

tenna obtained by injecting liquid metal into an elastomeric microfluidic channel is proposed. This

antenna is mechanically stretchable and this property was used to tune its response over a rela-

tively broad frequency range. In [181], stretchable electronics, circuits, and antennas consisting

of fractal-shaped metallic patterns and interconnects fabricated on elastomeric substrates are pro-

posed. The aforementioned techniques can also be used to design periodic structures with tunable

frequency responses. Fig. 9.2(b) shows a periodic arrangement of metallic strips on a stretchable

substrate. A driving external force in the direction perpendicular to and in the plane of the strips
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w

Folding angle

Figure 9.5 A method for emulating stretching in the periodic structures shown in Fig. 9.1. This
method does not rely on stretching of an elastic substrate to change the w/D ratio.

can change the unit cell dimensions while the w/D ratio is fixed assuming that the substrate and

metallic strips are stretched at an equal rate. (9.1)-(9.2) confirm that these variations change the

reactances of the surfaces. To demonstrate this effect, a case study for a periodic arrangement of

metallic strips with the width of w1 = 2 mm and the gap spacing of g1 = 3 mm was conducted.

w2 and g2 show the strip width and gap spacing after exerting the force. For simplicity to prove

the the concept, the substrate was assumed to be extremely thin having a low dielectric constant.

Therefore, the effective dielectric constant of the substrate was assumed to be 1. Similar to the case

study for the overlapping technique, the transmission coefficients of the structure for a normally

incident wave were calculated for both orthogonal polarizations. Fig. 9.4(a) and 9.4(c) show the

full-wave simulation results obtained for both cases. Based on these responses, the effective in-

ductance and capacitance were calculated as a function of g2/g1 and are shown in Figs. 9.4(b) and

9.4(d). As expected, the values of inductance and capacitance increase as the structure is stretched.

This behavior can be explained by examining (9.1) and (9.2). As described for both cases, after

exerting the force, the w/D ratio was assumed to remain constant while the unit cell dimension,

D, changed. Therefore, the effective values of inductance and capacitance, which are directly pro-

portional to the unit cell dimensions, increased. The predicted values using Leff/L0 = g2/g1 and

Ceff/C0 = g2/g1 are also shown in Figs. 9.4(b) and 9.4(d).

In practical implementation, the effective substrate thickness will also change due to the stretch-

ing and contraction. This variation depends on the stretching displacement. This is generally small

compared to the unit cell dimensions. Thus, the impact of this variation on the structure’s response
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Figure 9.6 Different cases for folding an impedance sheet composed of parallel metallic strips in
an accordion-like fashion. Case (a): The incident electric field is along the direction of strips
(inductive) and folding is parallel to the metallic strips. Case (b): The incident electric field is

along the direction of strips (inductive) but the surface is folded perpendicular to the strips. Case
(c): The incident electric field and the folds are both perpendicular to the direction of strips. Case
(d): The incident electric field is perpendicular to the direction of the strips (capacitive) and the

folds are parallel to the metallic strips. The metallic pattern and the substrate are shown in brown
and gray, respectively. α is the folding angle.

is not expected to be significant. This is particularly the case for single-layer structures as the

response is primarily determined by the physical dimensions of the elements. Fig. 9.5 shows a

technique for emulating a stretchable version of the structures shown in Fig. 9.1. In this case, the

substrate on which the inductive/capacitive grids are fabricated is folded in parallel and between

each two strips. This way, by compressing or expanding the structure, the unit cell dimensions

of the periodic structure change. This technique can be used to emulate the stretching concept

shown in Fig. 9.2(b) without the need to use stretchable or elastic dielectric substrates. Using this

technique may also alleviate some of the practical implementation concerns discussed earlier in

this paragraph.

9.2.3 Mechanical Flexure

An alternative technique for dynamically tuning the frequency response of the reactive surfaces

is shown in Fig. 9.2(c). This technique is based on deforming the surface in such a way that

the effective dimensions of the unit cells can be changed without needing to stretch the substrate.

Let’s assume that a plane wave polarized in the ŷ direction is incident on the structure shown in Fig.

9.2(c). When the structure is deformed from its planar version as shown in Fig. 9.2(c), the inductive
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(a)
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(b) (f)

Figure 9.7 (a), (c), (e), and (g) The transmission coefficients of the structures shown in Figs.
9.6(a), 9.6(b), 9.6(c), and 9.6(d), respectively. In all cases, w = 2 mm and g = 3 mm. (b), (d), (f),
and (h) The effective reactance values calculated using simulated results shown in Figs. 9.7(a),

9.7(b), 9.7(c), and 9.7(d), respectively. These results are also compared with the predicted values
calculated from equations (9.5), (9.6), (9.7), and (9.8), respectively. In (b) and (d), L0 refers to the
effective inductance value at α = 0◦. In (f) and (h), C0 refers to the effective capacitance value at

α = 0◦.

strips are brought closer together. Intuitively, this is similar to reducing the dimensions of the unit

cell without changing the width of the inductive strips. Consequently, the overall inductance of the

structure should decrease as the structure is flexed. Using a similar argument, when the polarization

of the incident EM wave is along the x̂ direction, flexing the surface will increase its capacitance.

This intuitive prediction was confirmed by conducting full-wave EM simulations for a periodic

arrangement of metallic strips with the width ofw. The strips were assumed to be in free space with

spacing between two adjacent strips of g. To simplify the simulation and eventual fabrication of the

structure, a simpler version of this flexure was investigated. Specifically, rather than sinusoidally

deforming the planar structure as shown in Fig. 9.2(c), a folded, accordion-like substrate was used.

The folds of this structure were identical and parallel to each other. Also, the effects of placing

the folds both perpendicular and parallel to the direction of metallic strips were studied. These

different cases are illustrated in Fig. 9.6.
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In the first two cases of this study, we investigated an inductive structure as illustrated in Figs.

9.6(a)-(b). In both cases, w = 2 mm and g = 3 mm, and the polarization of the incident wave was

aligned with the metallic strips. Fig. 9.7(a) shows the transmission coefficients of the inductive

surface when it was folded along the direction of the strips. The distance between two adjacent

folds in the flattened planar version of the structure is D, and the folding angle, α, is measured

from the horizontal plane. The calculated inductance value as a function of α is shown in Fig.

9.7(b). The figure shows that the inductance decreases by increasing the folding angle. To explain

this, consider a fixed unit area of 1 m × 1 m coinciding with the equi-phase plane of the incident

wave. When the structure is bent as shown in Fig. 9.6(a), the number of metallic strips that

occupy this area increase, or equivalently the unit cell dimension decreases while the widths of the

inductive strips remain fixed. This is equivalent to placing multiple inductors in parallel, reducing

the effective inductance of the overall surface. The effective inductance value for this type of

folding can be approximated using the following formula:

Leff = µ0µr,eff
D

2π
ln

(
csc(

πw

2D cos(α)
)

)
(9.5)

The predicted inductance values using (9.5) are also shown in Fig. 9.7(b). It is seen that for α

angles between 0◦ − 60◦, (9.5) predicts the change of inductance reasonably well. Fig. 9.6(b)

shows the situation where the inductive surface is folded perpendicularly to the direction of strips.

In this case, the number of strips that occupy a reference 1 m × 1 m area does not change but the

overall conductive path length of each strip within the reference area increases. This results in an

increase of the effective inductance of the surface. Figs. 9.7(c) and 9.7(d) show the transmission

coefficient and also the computed effective inductance value, respectively. The figures show that

the inductance increases as the folding angle increases. Mathematically, in this case, the w/D ratio

remains constant while the lengths of the strips in a fixed area increase. Therefore, the effective

inductance value can be approximated using the following formula:

Leff = µ0µr,eff
D

2π cos(α)
ln
(

csc(
πw

2D
)
)

(9.6)
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The predicted inductance values using (9.6) are shown alongside the full-wave simulated results in

Fig. 9.7(d). Observe that (9.6) provides an acceptable approximation of the change of inductance

for fold angles, α, between 0◦ − 60◦.

Figs. 9.6(c)-(d) show these scenarios for both cases where the capacitive surface is folded

along and perpendicular to the direction of the strips. For these cases, the strip widths and the gap

spacings are w = 2 mm and g = 3 mm, respectively. Figs. 9.7(e) and 9.7(f) show the full-wave

simulated transmission coefficients and the corresponding calculated effective capacitance values,

respectively. The figures show that when the surface is folded perpendicularly to the direction of

the strips, the capacitance value increases as the folding angle increases. The effective capacitance

values can be approximated using the following formula:

Ceff = ε0εr,eff
2D

π cos(α)
ln

(
csc(sin(

π(D − w)

2D
))

)
(9.7)

The capacitance values predicted using (9.7) are shown in Fig. 9.7(f). Fig. 9.7(g) shows the full-

wave simulated transmission coefficient of the structure when the surface is folded parallel to the

direction of the strips. Fig. 9.7(h) shows that the effective capacitive decreases as the folding angle

increases. The analytic approximation for the effective capacitance for this case can be represented

as:

Ceff = ε0εr,eff
2D cos(α)

π
ln

(
csc(sin(

π(D − w)

2D
))

)
(9.8)

Fig. 9.7(h) shows the effective capacitance value calculated using (9.8). Table 9.1 shows the

summary of this study. Observe that all types of control on the impedances of an inductive or

a capacitive reactive surface can be achieved through these deformations. Potential challenges

that need to be addressed before this technique can be used in commercial applications include

maintaining the folding angle throughout a large panel, ensuring the repeatability of the folding

process over large areas, and maintaining the material integrity and electrical connections at critical

pinch points, such as folds and creases where the support structure undergoes significant strain.

Despite the practical challenges associated with the use of the techniques reported in Sections

9.2.1, 9.2.2, and 9.2.3, the results presented in these sections demonstrate the possibility of using
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Table 9.1 The variations of the impedances of the inductive and capacitive metallic sheets with
increasing folding angle α. The sheets are composed of periodic arrangement of metallic strips

where the folding is along and perpendicular to the direction of the strips. (EQC: Equivalent
Circuit Model)

Impedance Folding Type Trans. Mag. EQC

Inductive Along
−→
E ↘ L↘

Inductive Perp. to
−→
E ↗ L↗

Capacitive Along
−→
E ↘ C ↗

Capacitive Perp. to
−→
E ↗ C ↘

mechanical techniques to design periodic structures with tunable inductance or capacitance values.

These results and equations (9.1)-(9.8) can be used to design or analyze other mechanically-tunable

periodic structures that use a combination of these inductive and capacitive building blocks to

obtain more complicated unit cells and more elaborate functionalities. For example, by combining

these inductive and capacitive structures in single- or multi-layer structures frequency selective

surfaces [8], microwave lenses [13], or reflectarrays [101] may be obtained. In the subsequent

sections, we will demonstrate this in practice by examining a mechanically tunable FSS, which is

obtained by combining the inductive and capacitive structures examined in this section in a single-

layer periodic structure. The FSS demonstrates a bandstop response that can be mechanically

tuned over a relatively wide frequency band. We show that the behavior of this tunable FSS can

be understood by examining how the responses of its inductive or capacitive constituting elements

change as a function of mechanical flexure and present simulation and measurement results of a

fabricated prototype. We emphasize that the specific example presented in Sections 9.3 and 9.4 is

meant to be an illustrative example demonstrating how the findings presented in Section 9.2 can

be used to analyze more complex structures. A similar analysis can be used to design or analyze a

variety of other structures that use the same inductive and capacitive building blocks.
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Figure 9.8 (a) The unit cell of a bandstop frequency selective surface formed by combining the
inductive and capacitive strips discussed in Section 9.2 in series on a single layer. (b) The

equivalent-circuit model of the structure shown in part (a).

9.3 Design Example

To demonstrate the application of the tunable inductive and capacitive structures discussed in

Section 9.2 in designing more complex devices, we examine a surface consisting of a periodic

arrangement of metallic square loops. The unit cell of this structure is shown in Fig. 9.8(a). This

unit cell is obtained by combining the inductive and capacitive strips discussed in Section 9.2

in a single layer. The sides of the loop that are parallel to the E-field of the incident wave act as

inductors and the sides that are perpendicular to it form coplanar-strip capacitors with the similarly-

oriented sides of the two adjacent loops. Therefore, this structure represents a series combination

of inductive and capacitive surface impedances in the same layer. The equivalent circuit model of

the structure is shown in Fig. 9.8(b). At the frequency where the L and C values resonate, a filter

with a first-order bandstop response is obtained. As an example, a structure with strip width w =

1.5 mm, strip spacing g = 1 mm, and unit cell dimensions of 15 mm × 15 mm was examined. We

assumed the structure was illuminated by a normally incident plane wave with the electric field

polarized along the ŷ-direction. Also, we assumed that structure is fabricated on an accordion-

like substrate where the folds were along the electric field polarization as shown in Fig. 9.9. As

discussed in Section 9.2.3, contraction and expansion of the substrate causes the inductance and

capacitance values of this structure (see Fig. 9.8(b)) to change. Therefore, the frequency response

of this FSS can be tuned by changing the folding angle.
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Figure 9.9 The bandstop FSS composed of metallic squares of the type shown in Fig. 9.8(a) can
be folded to tune its frequency response. α is the folding angle.

(a) (b)

Figure 9.10 (a) Effective inductance and capacitance values of the structure shown in Fig. 9.8(a)
as a function of folding angle. The results obtained using full-wave EM simulations and those

predicted using equations (9.5) and (9.7) are shown. Physical dimensions of the structure are w =
1.5 mm, g = 1 mm, and unit cell dimensions of 15 mm × 15 mm. (b) The predicted resonant
frequency of the bandstop FSS shown in Fig. 9.9 based on the calculated effective reactance

values shown in Fig. 9.10(a).

To predict the frequency response tuning, the behavior of both capacitive and inductive sections

of each loop should be taken into account when the structure is stretched or contracted. For this

setup, the inductive strips are along the folding. Therefore, according to the results of Section 9.2.3,

increasing the folding angle reduces the inductance. On the other hand, the capacitive strips are

perpendicular to the folds. Thus, increasing the folding angle increases the capacitance. Similar

to the procedure described in Section 9.2.3, the variation of inductance and capacitance for this

particular combination of strip widths and gap spacings are calculated and shown in Fig. 9.10(a).

Fig. 9.10(a) also shows the variations of inductance and capacitance predicted by the closed form
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(a) (b)

Figure 9.11 (a) Full-wave simulated and (b) measured frequency responses of the
mechanically-tunable bandstop FSS prototype shown in Fig. 9.9 having folding angles of α = 0◦,

15◦, 30◦, 45◦, and 60◦.

formulas presented in Section 9.2.3. Observe that equations (9.5) and (9.7) predict the variations

of the inductance and capacitances of the equivalent-circuit model shown in Fig. 9.8(b) accurately.

The resonant frequency of the bandstop filter with the equivalent circuit model shown in Fig.

9.8(b), is proportional to 1√
LC

. Therefore, the resonant frequency of the deformed structure can be

predicted using the calculated values of Leff/L0 and Ceff/C0 shown in Fig. 9.10(a). Fig. 9.10(b)

shows the predicted resonant frequency as a function of the folding angle obtained using full-wave

EM simulations and the values predicted from (9.5) and (9.7). Therefore, we expect the resonant

frequency to increase as the folding angle increases. Fig. 9.11(a) shows the simulated frequency

responses of the structure for a normally-incident plane wave and folding angles of α= 0◦, 15◦, 30◦,

45◦, and 60◦. Consistent with the predictions of the analytical methods presented in Section 9.2.3,

the resonant frequency increases from 6.35 GHz to 8 GHz (or equivalently over a 23% fractional

bandwidth) as the folding angle increases from 0◦ to 60◦.

9.4 Experimental Verification and Measurement Results

We fabricated a prototype of the FSS analyzed in Section 9.3. The square loops were etched

on strips of copper tape and attached to a 0.1 mm-thick sheet of paper which was manually folded

into the accordion shape of Fig. 9.9. The prototype has panel dimensions of 180 mm × 240 mm
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(a) (b)

Figure 9.12 The photographs of the fabricated prototype of the mechanically-tunable bandstop
FSS where the folding angle is (a) 0◦ and (b) 45◦.

when stretched completely flat. Fig. 9.12 shows a photograph of the fabricated prototype for two

folding angles of 0◦ (Fig. 9.12(a)) and 45◦ (Fig. 9.12(b)). The measurement setup consisted of a

large metallic screen with a rectangular opening having the same dimensions as those of the FSS

at its center. The transmitting and receiving antennas were placed on each side of the structure

such that the FSS was located in the far field of each of the antennas. The large fixture was used

to ensure that all transmitted waves passed through the FSS. Absorbers were also used to reduce

diffractions form the surrounding environment. Additionally, range gating techniques were used

to eliminate the effect of multiple reflections between transmitting and receiving antennas. The

transmission coefficient in the absence of FSS was measured and used for calibration. The FSS

panel was then placed in the opening of the fixture and its transmission coefficients under different

conditions were measured and calibrated (using the transmission coefficient of the fixture without

the presence of the FSS). The measured transmission coefficients of the FSS for the five different

folding angles examined in this chapter are shown in Fig. 9.11 along with the simulated results. To

maintain the folding angle of the structure during the measurement process, a styrofoam panel was

used to support the structure. Each of the bottom corners of the folded structure was attached to the

styrofoam panel. During the measurement, the placement of these attached corners were adjusted

to maintain the folding angle at the desired angle. The measured resonant frequencies agree well

with the simulation predictions, typically within 4%. These results confirm the feasibility of using

the proposed mechanical technique to dynamically tune the response of a large-scale periodic
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Figure 9.13 Measured transmission coefficients of the fabricated prototype shown in Fig. 9.12
with three folding angles of 0◦, 30◦, and 60◦. (a) Polarization: TE, α = 0◦, (b) Polarization: TE,
α = 30◦, (c) Polarization: TE, α = 60◦, (d) Polarization: TM, α = 0◦, (e) Polarization: TM,

α = 30◦, and (f) Polarization: TM, α = 60◦.

structure. Additionally, there is a good agreement between the measured center frequencies of

operation of the FSS with those predicted using he analytical formulas presented in Section 9.2.3.

This further highlights the importance of the understanding gained from the analysis presented in

Section 9.2 in analyzing periodic structures with more complicated unit cells.
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The sensitivity of the frequency response of the fabricated structure to the angle of incidence

was also examined by measuring the transmission coefficient of the structure for various oblique

angles of incidence for three folding angles. The measurements were carried out in the range of

θinc = 0◦ − 60◦ for both TE and TM polarizations of incidence and the results are shown in Fig.

9.13. These results demonstrate that the change in the resonant frequency of the structure (versus

the folding angle) is rather insensitive to the incident angle and the polarization of incidence of the

EM wave for incidence angles between 0◦ and 60◦.

9.5 Discussion

We presented several approaches for using mechanical flexure to design tunable periodic struc-

tures with elementary inductive and capacitive responses. These included the overlapping and rela-

tive translation of multiple metallic structures, stretching/compression, and flexure or deformation.

It was demonstrated that these tuning techniques can be used to control the surface impedances

of inductive and capacitive reactive surfaces. A wide range of devices with different response

types (e.g. frequency selective surfaces, lenses, and reflectarrays) can be designed by combining

these elementary inductive and capacitive structures in single- or multi-layer structures. Such de-

vices can be made tunable using the proposed mechanical tuning techniques. We also presented

an example of such a device whose unit cell consists of the series combination of the elementary

inductive and capacitive elements in a single layer. The device was fabricated on an accordion-like

substrate that could be contracted or expanded mechanically. We demonstrated both theoretically

and experimentally that the frequency response of this FSS can be tuned over a relatively large

bandwidth. The experimental results were in good agreement with the results predicted by the

analytical models developed for the tunable inductive and capacitive structures.

The analytical and experimental studies presented in this chapter demonstrate the capabilities

that mechanical tuning techniques offer in developing large-scale tunable periodic structures. How-

ever, similar to any other idea that is at its infancy, significant research and development is needed

to take the proposed ideas from these initial demonstration stage to the higher maturation level

needed to make them ready for use in a real-life application. The practical challenges that one may
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face in this process were also briefly discussed in Section 9.2. One advantage of these mechanical

tuning techniques over electronic tuning techniques include the elimination of numerous elec-

tronic switches or varactors and their associated dc bias networks. This elimination also alleviates

the thermal management of the aperture. Furthermore, mechanically-tunable periodic structures

are expected to be capable of handling significantly higher power levels than their electronically-

tunable counterparts as they do not use any nonlinear devices that can drastically limit the power

handling capability of the device as demonstrated in [89]. In any practical application, however,

these advantages must be carefully weighed against the additional complexity introduced by using

mechanical movements in the structure as discussed in Section 9.2. Finally, one obvious disad-

vantage of the proposed technique over electronic tuning techniques is its slower tuning speed.

However, the mechanical movements involved in the proposed techniques are generally small (in

the order of half a unit cell dimension). Therefore, using electro-mechanical actuation mechanisms

(e.g., piezoelectric devices, linear motors, etc.), reconfiguration rates of tens of Hertz or possibly

greater are expected to be achievable.
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Chapter 10

MAcro-Electro-Mechanical Systems (MÆMS) Based Concept for
Beam Steering in Reflectarray Antennas

10.1 Introduction

In recent years, there has been a growing interest in employing phased-array antennas in various

applications ranging from satellite and airborne communications to radars and imaging systems.

While a number of phased-array systems have been deployed, their extreme cost and complexity

have limited their application only to the most expensive pieces of military hardware. There-

fore, many systems that can potentially benefit from the capabilities offered by phased arrays are

left behind [140]. Thus, new ideas for developing affordable phased arrays are needed to enable

the widespread use of this technology. Beam steerable reflectarray antennas have been consid-

ered as a promising approach for realizing affordable phased arrays. Tuning approaches in the

existing beam steering reflectarrays can be categorized into either feed switching techniques or

element tuning techniques [182]. In the feed switching techniques, the spatial delay profile over

the aperture can be tuned by displacement of the feed [101]. Although this technique is simple

to implement, it does not provide a continuous beam scanning and requires multiple feed anten-

nas to illuminate the aperture. Using multiple feed antennas can reduce the aperture efficiency

of the system, due to aperture blockage, as the number of feeds increases. In the element tuning

technique, on the other hand, a tunable phase shifting mechanism needs to be incorporated into

each spatial phase shifting element on the aperture of the reflectarray to achieve beam steering.

Various designs of element tuning techniques have been reported in the literature over the years.
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Examples of these include using mechanically actuated patch antennas [183] or integrating var-

actors [184], micro-electromechanical systems (MEMS) switches [185], PIN diodes [186], and

functional materials [83, 87, 88, 187–190] with the constituting elements of the aperture. The cost

and complexity of the fabrication, reliability issues, and relatively low scanning rates are the pri-

mary challenges of the approach reported in [183]. Varactors and MEMS switches, on the other

hand, offer faster scanning speed and have lower power consumption compared to the previous

technique. However, reflectarray antennas that use such electronically tunable elements to achieve

tunability suffer from several major problems. First and foremost, these structures suffer from

limited power handling capability due to the nonlinearity of these electronically tunable devices.

In [89], it was demonstrated that the phase shift provided by a tunable spatial phase shifter used

in a typical reflect- or transmit-array employing BST or GaAs varactors would drastically change

as the incident RF power level of it was increased from low to moderate power levels. This is

a major factor that limits the use of electronically-reconfigurable reflectarrays to relatively low

power applications. Moreover, a moderate-size electronically-tunable reflectarray may have hun-

dreds to thousands of pixels that need to be tuned individually. Varactors need to be integrated

with each pixel and must be appropriately biased. Often times, it is required to have RF/dc iso-

lation mechanisms (e.g. dc block capacitors) integrated with the unit cell as well. These factors

increase the cost and complexity of the design and control of the reflectarray. Additionally, the

ohmic losses of the electronically-tunable elements as well as the bias line losses also deteriorate

the radiation efficiency of the reflectarray and generate unwanted heat that needs to be dissipated,

complicating the thermal managements of the aperture in high power applications. These issues

are significantly exacerbated as we move from microwave frequencies to millimeter-wave (MMW)

and sub-MMW frequencies. Functional materials including liquid crystals [187–189], ferroelectric

dielectrics [83], photonically-controlled materials [190], and graphene [87,88] have also been used

to design beam steerable reflectarrays. While these technologies have certain advantages that make

them interesting for particular applications, they are not as widely studied as other techniques and

most of the demonstrations of these techniques have been done at the unit cell level as opposed to
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the full size apertures. Therefore, more research and development is required to determine if these

techniques are suitable to design large-scale reflectarray antenna apertures with tunable responses.

Over the past few years, innovative mechanical reconfiguration techniques have been used to

overcome the afromentioned challenges of using electronic tuning and to achieve tuning in re-

flective and transmissive type apertures [89, 114, 160, 173, 174, 191, 192]. In [191], a reconfig-

urable beam steering reflector based on mechanical motion of a movable board with respect to a

fixed board was presented. In the proposed structure, a mushroom-like high impedance surface is

topped with rotating periodic arrangement of capacitive patches. As the top layer moves, the phase

gradient over the aperture changes which consequently steers the reflecting beam. In-plane dis-

placement of layers were also used to achieve tunability in the response of periodic arrangement of

coupled split-ring resonators in [173,174]. This tunability of the response could be used to change

the phase gradient over the aperture and achieve beam steering. In [192], a tunable high impedance

surface was achieved by changing the displacement between two layers. Liquid tuning of the re-

sponses of transmissive spatial phase shifters is examined in [89,114]. In [175–177], stretching or

folding of the layer were used to achieve reconfigurability in periodic structures. Finally, in [160],

several techniques for designing large-scale tunable periodic structures are presented. One of these

techniques is used to design a mechanically-tunable reflecting type spatial phase shifter. It was

shown that tunability of the response can be achieved through flexure of the surface. Such tunable

spatial phase shifter can be used to design beam steering reflectarrays.

In this chapter, we propose a new mechanical beam steering technique that exploits macro-scale

mechanical movements over parts of a reflecting-type aperture to achieve beam steering [193].

Since we envision that these mechanical movements will ideally be performed using electro-

mechanical actuators, we refer to this technique as MAcro-Electro-Mechanical Systems (MÆMS)

based beam steering. Beam steering using this concept does not require the use of any solid state

phase shifters, varactors, or switches. Consequently, the proposed technique is expected to ad-

dress many of the shortcomings of electronically-tunable reflectarray antennas discussed earlier in

this section and is expected to enable the development of affordable, high-power capable phased-

array antennas. Moreover, the spatial phase shifters constituting the reflectarrays do not need to
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be individually controlled. Rather, they are controlled collectively, over a macro scale, which

significantly reduces the complexity of two dimensional (2D) beam steering in a reflectarray an-

tenna. We present a design example where a MÆMS-based tuning technique is applied to an

aperture composed of reflecting type spatial phase shifters. This spatial phase shifter is the unit

cell of a non-resonant sub-wavelength periodic structure similar to the one reported in [101]. The

elements of such sub-wavelength periodic structures have been previously used in the design of

reflectarrays [101], spatial filters [8,24,97,102], transmitarrays [14,15,100], and polarization con-

verters [120]. Subsequently, the proposed tunable spatial phase shifter are used in the design of

a beam steering reflective type aperture where only small tilting of the ground plane underneath

the entire aperture is used to change the direction of the radiated beam in two dimensions. Finally,

we discuss the fabrication and experimental characterization of a prototype of this MÆMS-based

reflective aperture.

10.2 MÆMS-based Spatial Phase Shifters

Fig. 10.1(a) shows a reflecting-type spatial phase shifter of the type used in [101]. The structure

is composed of an array of sub-wavelength capacitive patches separated from a ground plane with a

thin dielectric substrate. To an incident electromagnetic wave, this surface acts as a resonator with

the equivalent circuit model shown in Fig. 10.1(b). In this configuration, the patch array is modeled

with a capacitor and the small separation between the patch and the ground plane is modeled

with two short transmission line sections representing the dielectric substrate and the separation

between the dielectric substrate and the ground plane. Assuming that t, h� λ, this short circuited

transmission line has an inductive input impedance. Therefore, the structure shown in Fig. 10.1

can be modeled with a parallel LC resonator with the resonant frequency of ω0 = 1√
LC

. Far from

the resonance frequency, this structure acts as a perfect electric conductor (PEC). Therefore, it

reflects the wave with a ±π phase shift. At resonance, the phase of the reflection coefficient is

zero and the structure acts as a perfect magnetic conductor (PMC). Assuming that the structure

is lossless, the magnitude of the reflection coefficient is always equal to 1. The capacitance and
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inductance values of the equivalent circuit model shown in Fig. 10.1 can be calculated using the

following formulas:

Ltotal =
Z0

ω

{
1
√
εr

tan (ω
√
µ0ε0εrt) + tan (ω

√
µ0ε0h)

}
(10.1)

C = ε0εr,eff
2D

π
ln
(

csc(
πs

2D
)
)

(10.2)

where D is the dimension of the unit cell, s is the gap spacing between two adjacent patches, t is

the thickness of the substrate on which the patches are etched, εr is the dielectric constant of the

substrate, and h is the spacing between the ground plane and the bottom of the substrate. Also,

εr,eff is the effective dielectric constant for the capacitive patch array, ω is the operating frequency,

and Z0 = 377 Ω. For the structure under discussion in this section, εr,eff ≈ 1+εr
2

. To change

the reflection phase at a certain fixed operating frequency, the resonant frequency of the effective

LC resonator shown in Fig. 10.1 needs to be tuned. This can be done by tuning the inductance

or the capacitance values of this structure. In the vast majority of periodic structures of this type

the literature, the response tunability is achieved by tuning the capacitance values. In doing so,

various techniques including loading of varactors and MEMS switches [33, 80, 184, 194, 195] and

fluidic tuning [90] were employed. Unlike most previous studies, however, we propose to tune the

response of this spatial phase shifter by changing its effective inductance as opposed to changing

the capacitance values. We first reported this tuning technique in [193]. To change the inductance

value, the separation between the ground plane and the capacitive patch layer can be changed as

shown in Fig. 10.1(c). Therefore, the tuning parameter that controls the value of the inductance in

this case is h. The inductance value continuously changes as the separation between the capacitive

patches and the ground plane changes. This, however, does not significantly impact the value of

the capacitance of the structure, since most of the fringing effects are negligible and most of the

fields in the capacitive layer are confined in the gap region between adjacent capacitive patches.

Thus, a continuous tuning can be performed without using any solid-state devices. Moreover, since

the separation between the ground plane and the patch is sub-wavelength, only small movements

of the ground plane are needed to change of the phase shift over a wide range.
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Figure 10.1 (a) Topology of a phase shifting surface composed of an array of sub-wavelength
capacitive patches backed with a ground plane. Each unit cell of this phase shifting surface is
considered to be a single spatial phase shifter. (b) The equivalent circuit model of the spatial

phase shifter and the phase shifting surface shown in Fig. 10.1(a). (c) Topology of the
MÆMS-based phase shifting surface and its equivalent circuit model.

To demonstrate the capabilities of the proposed tuning technique, we examined a high-impedance

surface designed to operate at 9.5 GHz. The design parameters for this structure are the dielectric

constant and thickness of the substrates, the unit cell size, the gap spacing between patches, and the

maximum variation of the spacing between ground plane and the bottom of the patch. The choice

of the unit cell size is arbitrary as long as it is small compared to the wavelength. The needed

resonant frequency scanning to achieve a fixed phase shift is smaller for a resonator with higher

quality factor. However, increasing the quality factor of reduces the bandwidth of the structure. In

our initial experiments, we focused on narrow-band operation around a single frequency (9.5 GHz)

to demonstrate the fundamentals of beam steering using this concept. Therefore, a resonator with
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(a)

(b)

f = 9.5 GHz

Figure 10.2 (a) The phase of the reflection coefficient of the spatial phase shifters discussed in
Section 10.2 as a function of frequency and for different h values. h represents the separation

between the ground plane and the bottom of the dielectric substrate on the top surface of which
the two-dimensional array of sub-wavelength capacitive patches are printed. (b) The reflection

phase of the SPS described in Section 10.2 at the operating frequency of 9.5 GHz as a function of
the tuning parameter, h.

a moderate quality factor was chosen. In wideband applications, resonators with a higher-order

response (e.g. using multiple capacitive patch layers) may be used in conjunction with similar

tuning techniques. For a first-order parallel LC resonator, the quality factor is proportional to
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√
C/L. Thus, to tune the response with minimized mechanical movements, a higher capacitance

value and a smaller inductance value is needed. To achieve a higher capacitance, the gap spacing

between the adjacent capacitive patches should be decreased for a fixed unit cell size, D, and rela-

tive permittivity of the substrate, εr. Smaller inductance values can be achieved by using a thinner

substrate. Then, considering all these values including the substrate characteristics and the gap

spacing between patches are known a priori, the required variation range for the distance between

the ground plane and the capacitive patch array can be calculated. The unit cell size in this exam-

ple is D = 6.5 mm or equivalently ≈ 0.2λ0, where λ0 is the free-space wavelength at the center

frequency of operation. The dielectric constant and thickness of the substrate used in this design

are εr = 3.4 (Rogers RO4003C) and 0.5 mm, respectively. The minimum gap spacing is limited by

the fabrication technology. In this example, a relatively small gap spacing of s = 0.45 mm, which

can be reliably fabricated, is considered. Knowing all these parameters, the range of the ground

plane movements needed to achieve the desired phase shift range can be obtained. The capaci-

tance value can be calculated using (10.1). Using this value and knowing the center frequency of

operation, the inductance value can be determined. Then, h can be calculated using (10.2). For

the center frequeny of 9.5 GHz, h is calculated to be 0.75 mm. Therefore, the range of variations

for the spacing between ground plane and the substrate is considered to be 0-1.5 mm. Fig. 10.2(a)

shows the reflection phase of the structure shown in Fig. 10.1 as a function of frequency for dif-

ferent values of h. As can be observed, for a fixed operating frequency (9.5 GHz), the reflection

phase changes as the value of h is changed. Also, the reflection phase at 9.5 GHz as a function of

the tuning parameter, h, is shown in Fig. 10.2(b). Observe that small movements of the ground

plane with a maximum variation of 1.5 mm allow for changing the phase shift over a wide range of

≈ 270◦. As discussed, to achieve a wider phase shift range using the same mechanical movements,

a larger capacitance value in the equivalent circuit model is needed. The higher capacitance can

be achieved by either reducing the gap spacings between the patches or using a dielectric substrate

with a higher dielectric constant.
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10.3 MÆMS-Based Beam Steering

The unit cell of the spatial phase shifter discussed in Section 10.2 can be used in the design

of MÆMS-based beam-steerable reflectarrays. Fig. 10.3 shows the basics of beam steering in a

MÆMS-based reflector. The structure is composed of a planar uniform reflector surface illumi-

nated by a feed antenna. The reflector’s aperture is populated by identical spatial phase shifters

that locally manipulate the phase of the reflected wave. In this structure, the ground plane backing

the reflectarray can be tilted freely by small distances compared to the wavelength. In doing so, the

other parts of the structure including the capacitive patch layer and its supporting dielectric sub-

strate remain fixed and do not move. The tilting of the ground plane locally changes the resonant

frequencies of the SPSs located at different points on the aperture. At a fixed operating frequency,

this change in the resonant frequency of the SPSs changes the phase shift that each SPS provides.

Therefore, the SPSs occupying different locations on the aperture can provide different phase shifts

simply by tilting the ground plane underneath the structure while maintaining the remaining parts

of the structure fixed. In the simplest form, if all SPSs are composed of capacitive patches with

identical physical dimensions, the tilting of the ground-plane creates a phase shift gradient over

the aperture of the reflectarray. This phase shift gradient determines the direction of maximum ra-

diation (or the direction of main lobe of the radiation pattern) of the antenna in the far field. For an

aperture with a linear phase gradient of ∂φ
∂r

, where φ is the phase of the reflection coefficient from

the aperture, a normally incident wave will be reflected towards the angle of θ = ± arcsin( λ
2π

∂φ
∂r

).

By dynamically changing this phase shift gradient (∂φ
∂r

) over the aperture of the reflector, the direc-

tion of maximum radiation can be changed dynamically and the scattered beam can be steered. The

beam scanning range in this structure is a function of several factors. In a narrow-band application

as is the case studied here, the range increases as the reflector’s aperture dimension decreases or

the maximum phase shift provided by the SPSs increases. For a single, first-order resonant spatial

phase shifter of the type examined in this chapter, the maximum variation of the phase is less than

2π. Therefore, the phase gradient in the extreme case can be approximated as ∂φ
∂r
≈ 2π

D
, where D

is the aperture dimension. For this case, the scanning range is limited in the range of ± arcsin( λ
D

).
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The spatial phase shifters discussed in Section 10.2 are used to design a flat, non-focusing

beam-steerable reflector. The surface is designed to operate at 9.5 GHz and has aperture dimen-

sions of approximately 5.6λ0 × 5.6λ0. The reflecting surface is illuminated with a horn antenna

placed at a distance of≈ 7λ0 away from it. The structure is fabricated on a 0.5-mm thick RO4003C

substrate (from Rogers Corp.) with a dielectric constant of 3.4. In this embodiment, all of the ca-

pacitive patches are identical. Therefore, unlike a reflectarray antenna, this reflecting surface does

not perform any collimation of the beam. Nevertheless, the beam steering concepts can be demon-

strated equally well without having beam collimation. The ground plane is located underneath the

substrate separated by 0.75 mm from the bottom of the substrate. Assuming that the ground plane

is fixed at its center, it can be tilted up or down along this pivot point by a maximum distance of 1.5

mm. This tilting allows for achieving a phase shift gradient over the surface of the reflector along

any desired direction. This way, two dimensional continuous beam scanning can be performed.

Fig. 10.4(a) shows the phase profile over the aperture for three different ground plane tilts. For the

first case (State A), the ground plane is fixed and not tilted. For the second and third cases (State B

and State C), the ground plane is tilted by the maximum distance along either edge of the aperture

to steer the beam in the x−z plane along +x̂ or−x̂. Fig. 10.4(b) shows the simulated co-polarized

normalized radiation patterns of this structure for these three cases. Observe that by tilting of the

ground plane up or down by a maximum distance of 1.5 mm, the direction of the reflected beam

can be steered in the range of ±10◦.

The beam scanning technique described in the previous paragraph relies on creating a phase

shift gradient over the aperture by locally manipulating the resonant frequencies of its constituting

spatial phase shifters. Because of the resonant nature of the structure, small shifts in the ground

plane distance can cause significant changes in the resonant frequency of its spatial phase shifters.

Consequently, large phase shift gradients can be achieved using this approach that cause a larger

beam scanning field of view. In comparison, if one were to rotate the whole reflectarray structure

(excluding its feed) and tilt it with the same maximum distance of 1.5 mm (or equivalently a

rotation angle of α ≈ 1◦), the beam steering would be only in the range of±2◦. On the other hand,

if the reflector surface is maintained and the feed is rotated by an angle of ±1◦, the maximum
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Figure 10.3 A possible implementation of a MÆMS-based beam-steerable reflectarray antenna.
In this structure, the ground plane underneath the array of capacitive patches can be freely tilted

in two dimensions along a pivot point located at its center. This locally changes the resonant
frequencies of the spatial phase shifters occupying different locations in the aperture and the

phase shift that they provide. The phase shift gradient created by this technique will determine the
direction of the radiated beam in the far field. Using this approach the radiated beam can be

steered in two dimensions using a single control variable.

beam scanning range that can be achieved is limited to ±1◦. Both of these scanning ranges are

much smaller than the scanning range provide by tilting only the ground plane. This is due to

the fact that neither of these two alternative techniques impact the resonant frequency of the SPSs

occupying the aperture of the reflectarray. This ±10◦ scanning range is in agreement with the

predicted result in which θ = 2 arctan( λ
2π

∂φ
∂r

) where ∂φ
∂r
≈ 2π

5.6λ
. The transition within this range

is not abrupt and the beam steers continuously as the ground plane tilts along the pivot point

between state A and states B and C. The side lobe levels of the far field scattered pattern are

generally above the expected values. This is mainly attributed to the aperture blockage caused

by the feed antenna. The feed horn antenna used in the experiments has aperture dimensions of

3.21λ0× 2.76λ0, which directly blocks the center part of the reflector’s aperture. The issue of feed

blockage can be resolved relatively easily by using offset feed to illuminate the reflector’s aperture.

Nonlinearity of the reflection phase as a function of displacement also contributes to enhance the

level of side lobes.
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Figure 10.4 (a) Phase profile over the aperture for three cases where the ground plane is not-tilted
and fully-tilted along the x̂ or the −x̂ axes. (b) Simulated and measured far field radiation patterns

of the structure shown in Fig. 10.3 and described in Section 10.3 for the three tilting cases
described earlier.

10.4 Experimental Results

An experimental prototype of the beam-steerable flat reflector surface analyzed in Section 10.3

was fabricated using standard PCB lithography. The prototype panel dimensions are 175.5 mm
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Figure 10.5 Photograph of the fabricated prototype.

× 175.5 mm. Fig. 10.5 shows the photograph of the fabricated prototype. The feed antenna is a

commercial X-band horn antenna located on the optical axis of the structure at a distance of ≈ 22

cm from its center. For initial characterization, dielectric spacers were used to fix the separation

between the ground plane and the substrate panel and the measurements were performed for a static

prototype. To dynamically tilt the ground plane, these dielectric spacers can be replaced by spacers

whose lengths can be electrically controlled (e.g. using piezoelectric actuators). Fig. 10.6 shows

an illustration of a potential implementation of the structure with two-dimensional dynamic beam

steering. In this structure, four piezoelectric actuators are placed at four corners of the reflecting

surface and are employed to control the tilt angle of the ground plane. The displacement of each

actuator from its idle position depends on the voltage applied to its two bias lines. When a positive

voltage is applied, the actuator will displace in the positive z-axis and when a negative voltage is

applied, the actuators will displace the same distance in position direction from its idle position.

By controlling the voltage applied to each actuator, the desired tilt vector of the ground plane can

be achieved. In this arrangement, two dimensional beam steering can be performed by simply

controlling the heights of the piezoelectric actuators, which determines the tilt vector of the ground

plane. Based on the maximum displacement provided by actuators, bending actuators appear to
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be suitable for microwave frequencies (e.g. X-band) while stacked actuators are better options to

be used at higher frequencies (e.g. MMW). Commercially-available bending actuators (e.g. [196])

provide maximum displacement of 2-3 mm with speeds up to few KHz. These characteristics make

them a good candidate to be used in this design example.

The far-field scattering patterns of this structure were measured using a multi-probe spherical

near-field system. For our static prototype, Fig. 10.4(b) shows the co-polarized normalized radi-

ated fields from this structure at the center frequency of operation. In general, a good agreement is

observed between the simulation and measurement results. Observe that the main beam is steered

towards the expected direction by tilting the ground plane.

When all the parameters including the aperture dimensions, distance between feed and the

aperture, and bandwidth are fixed, the scan range is only a function of the phase variation over

the aperture. For a single resonant structure, the maximum variation of the phase is less than

2π. This limits the scanning range of the structure. However, the scan range of the array can

still be improved if minor modifications are made to the architecture of the array shown in Fig.

10.3. An effective method for enhancing the phase shift range over the aperture is to use mul-

tiple independently-controlled tiltable ground planes instead of the single tiltable ground plane.

This way, a saw-tooth-shaped phase function over the aperture can be created. This broadens the

achievable phase shift gradient over the aperture for given f and D parameters. However, since 2π

discontinuities created by the adjacent ground planes are required to achieve a monotonic phase

function, the beam scanning is abrupt and the resulting structure can be used as a beam switching

reflector. To demonstrate the capabilities offered by this new feature, the same flat reflector sur-

face discussed in Section 10.3 is examined again but this time with three independently-controlled

tiltable ground planes as shown in Fig. 10.7. Each ground plane can now be tilted freely up or

down by a maximum distance of 1.5 mm. Fig. 10.8(a) shows the phase profile over the aperture

for two states. For “State A”, all three ground planes are fixed and not tilted. For “State B”, all

the ground planes are tilted by the maximum values to achieve beam-steering in x− z plane along

+x̂. Since the structure is symmetric, the state corresponding to “State C” of the structure with
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Figure 10.6 Illustration of a potential implementation of a MÆMS-based reflectarray antenna
with dynamic beam steering. Four piezo-electric actuators are placed on the corners of the ground
plane of the structure below the ground plane. By applying a DC bias voltage to each actuator, its

height can be controlled. Changing the relative heights of the piezoelectric actuators allows for
tilting the ground plane in any desired direction. This can be used to control the phase shift
gradient vector over the aperture of the structure in the x− y plane and achieve the desired

two-dimensional steering. Finally, placement of the actuators below the ground plane shields the
from the incident antenna thereby ensuring that they do not impact the radiation patterns of the

reflectarray antenna.

one ground plane scanning along in −x̂ is not shown for brevity. The simulated and measured co-

polarized normalized radiation patterns of the reflector for both cases are shown in Fig. 10.8(b).

As can be observed, using multiple independently-controlled ground planes successfully steers the

beam to larger angles by increasing the range of phase gradient over the aperture. For the case of

three ground planes tilted, the maximum reflection occurs at±30◦ when the aperture is illuminated

under normal incidence. Other than nonlinearity of the reflection phase response as a function of

displacement, the relatively high level of the side lobes here (compared to the case of single ground
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Figure 10.7 Topology of a MÆMS based reflecting surface with a segmented ground plane. In
this structure the continuous ground plane is replaced with three segments of independently
controllable ground planes. This allows for creating phase wrapping over the aperture of the

reflectarray and widening the beam scanning range of the structure.

plane) is mostly due to the imperfect 2π phase discontinuities created by each two adjacent ground

planes.

10.5 Discussion

We investigated a new approach for designing passive phased arrays based on electro-mechanical

beam steering. We discussed a specific design where MÆMS tuning techniques were applied to a

planar, high-impedance surface (HIS) to achieve a beam-steerable flat reflector. We demonstrated

that beam-scanning in this reflector can be achieved without the need for integrating individual

electronic tuning elements with each unit cell of the structure. Rather, small, macro-scale me-

chanical movements of the ground plane of the high-impedance surface were exploited to achieve

the same beam steering that would have been provided by integrating individual electronic tuning
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(a)

(b)

Figure 10.8 (a) Phase profiles over the aperture of the structure shown in Fig. 10.6 for the two
cases where none of the three ground planes are tiltled or all of them are tilted with the maximum

values of tilt. (b) The simulated and measured far field patterns of the structure for these two
different tilt conditions.

elements (e.g. varactors) with each unit cell of the HIS. If the proof-of-concept prototype struc-

ture demonstrated in this chapter was to be made tunable using varactors, 1458 varactors1 would

1The structure has 27 unit cells in each direction and each unit cell needs two varactors to ensure dual-polarization
operation. This results in a total of 1458 varactors.
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have needed to be integrated with the unit cells of the structure and appropriately biased to achieve

the same phase tuning and beam scanning range. In sharp contrast with this alternative electronic

tuning technique, the proposed technique achieves two-dimensional beam steering by controlling

significantly fewer variables. Namely, the tilt vector(s) of the ground plane (segmented ground

planes). Moreover, unlike other mechanical beam steering techniques where the entire reflecting

surface of a reflector (or a reflectarray) antenna and its feed are rotated to scan the beam, in the

proposed technique most of the structure (including the feed horn and the capacitive patch array

constituting the high-impedance surface) remains stationary and only the ground plane is moved

by small distances.

This proposed concept is expected to make the task of designing large-scale tunable reflectar-

ray and transmitarrays considerably simpler and more practical. Compared to their electronically-

tunable counterparts, MÆMS-based reflect- and transmit-arrays have several unique advantages.

These include the capability to handle significantly higher power levels, reduced design and con-

trol complexity, reduction of losses associated with electronic tuning elements, and ease of thermal

management. These attributes are expected to make this technology a promising candidate for de-

velopment of affordable phased-array antennas at microwave, millimeter-wave, and THz frequency

bands. One area where electronically-tunable structures have an advantage over MÆMS-based

structures is the tuning speed. However, because the mechanical movements involved in a MÆMS-

based phased array are very small and the parts of the structure that need to be moved are light

weight, mechanical movements are expected to be performed quite rapidly using commercially-

available electro-mechanical actuators (e.g. piezoelectric actuators). While further research and

development is needed before all practical issues involved in implementing phased-array antennas

based on this technology are addressed, we expect MÆMS-based phased arrays to be capable of

providing beam scanning speeds of at least several tens to several hundreds of Hertz2. Finally,

we like to emphasize that the proof-of-concept structure demonstrated in this chapter was meant

to demonstrate the feasibility of using the proposed concepts to perform passive beam steering.

Several practical engineering issues regarding the implementation, actuation, and control of such

2This estimate is based on existing commercially-available electro-mechanical actuators.
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structures need to be addressed before MÆMS-based phased arrays can be commercialized. Many

of these issues, however, are addressed in the field of adaptive optics where optical devices (e.g.

mirrors) are reconfigured using electro-mechanical actuation techniques similar to the ones that

would be needed to be used by a MÆMS-based phased array antenna.
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Chapter 11

Future Work

This dissertation work arose from the need to advance the current state-of-the-art in spatial

filters, reflectarrays, and transmitarrays in order to satisfy the demands in both commercial and

military sectors. To this end, each chapter of this dissertation was devoted to address one of the

existing limitations in the design of these devices. For instance, two major challenges in the design

of spatial filters were addressed in chapters 2 and 3. The new presented capabilities are highly

desired in low-observable and stealth platforms. In chapters 4 and 5, new techniques for design-

ing broadband polarization converters and polarization selective surfaces were introduced. These

devices are key elements in many applications including satellite and point-to-point communica-

tions. In chapters 6 to 8, novel approaches in designing wideband true-time-delay reflectarrays and

transmitarrays were presented. In addition to the wide-angle scanning performance, demonstrating

wideband bandwidths and chromatic abberation free operation are the unique features of the pro-

posed devices. These features are highly desired in applications where signals with intravenously

broad bandwidths are used. Finally, in chapters 9 and 10, novel approaches for designing periodic

structures with tunable frequency responses were presented. Affordable phased arrays, active cam-

ouflage skins offering adaptive stealth capabilities, and adaptive emissivity control against imagers

are some of the applications expected to be enabled by this proposed technology. To continue the

efforts undertaken in this dissertation, some ideas about the future work is listed in the following

subsections.
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11.1 Random Frequency Selective Surfaces

As discussed in chapter 2, the suppression of spurious harmonics of an FSS is highly desired in

stealth applications since they can potentially lead to a significant large RCS at high frequencies.

As also discussed in the same chapter, since these spurious passbands of the FSSs are generally

caused by natural harmonics of their constituting elements, the studies in this area are commonly

focused on reducing the unit cell size of the FSS and shifting these harmonics to considerably

higher frequencies to achieve a wideband harmonic suppressed region. Using conventional printed

circuit board (PCB) fabrication technology, however, there is a miniaturization level that can be

reliably achieved. This issue makes it challenging to achieve harmonic-free operation over wide

bandwidths using single-layer structures. Therefore, new approaches are needed to enable the sup-

pression of harmonics as opposed to shift them to very high frequencies. One suggested solution

is to use random frequency selective surfaces whose aperture is populated by numerous different

resonant elements. These resonant structures share the same main transmission band while hav-

ing vastly different spurious transmission windows. At the main transmission band, the FSS is

transparent allowing the transmission of EM waves with little attenuation. At other frequencies,

however, the random nature of the responses of elements causes the re-radiated fields of all the

elements to interfere destructively, thereby significantly reducing the magnitude of the transmitted

wave. This way, the transparency of the FSS at higher frequencies is substantially reduced over

a very wide bandwidth and its spurious harmonics are suppressed. Fig. 11.1 shows a conceptual

depiction of the proposed concept.

11.2 MÆMS-Based Beam Steering in Leaky-Wave Antennas

A major part of this dissertation was centered around high-gain antennas including transmi-

tarrays and reflectarrays. In chapters 6, 7, and 8, the design of broadband transmtiarrays and

reflectarrays using non-resonant sub-wavelength periodic structures were presented. These an-

tenna prototypes, however, were not tunable and had fixed beams only. In chapter 10, then, a new

concept referred to as MÆMS-based beam steering were introduced to make these arrays tunable.
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Figure 11.1 (a) A random frequency selective surface whose aperture is populated with two
resonant slot elements. Black pixels represent “Element 1” and white pixels represent “Element

2”. (b) The frequency response of a frequency selective surface with pattern shown in Fig.
11.1(a). The transmission coefficient is compared with two cases in which the aperture is

uniformly populated.

As discussed, the capabilities offered by these technologies are highly desired in many applica-

tions ranging from satellite communication to radars and imaging systems. However, a major

practical problem with such arrays is the relatively high profile of their configurations due to their

spatial feeding schemes. A potential solution to this issue is to use leaky-wave antennas instead

of spatially-fed arrays. Leaky-wave antenna is a type of travelling-wave antennas for which no

protruding feed is needed. In future studies, the applicability of the MÆMS-based techniques in

the design of leaky-wave antennas with reconfigurable beams will be examined.

11.3 Infrared Spatial Filters and Lenses

As discussed in the earlier chapters, the focus of this dissertation was on the design of spatial

filters, reflectarrays, and transmitarrays in the microwave domain. A potential research direction

to continue these existing efforts is to extend these concepts to higher frequencies such as IR

and MMW. For instance, IR filters are key devices in any astronomical instrument including tele-

scopes. These devices reject the out-of-band radiation before reaching the detector. This way,

they allow for reducing the noise level and improving the detection sensitivity. In recent years,

long mid-infrared (LMIR) frequency range has attracted attention in astronomy since they allow
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for observation of highly reddened sources as well as a wide variety of molecular and atomic fea-

tures. The development of filters at this frequency window, however, has been hindered due to

the practical issues. These include the need for high accuracy fabrication techniques in dielectric

interference filters and robustness issues in air-gap metal mesh filters. One possible solution to

this problem is to use the concept of inductively-coupled spatial filters introduced in chapter 3.

Structural rigidity for a self-standing design and simple/low-cost fabrication techniques are some

of the main advantages of the proposed filter that are well suited for space applications. Alterna-

tively, another solution is to design reflecting-type spatial filters. These spatial filters are inspired

by monochromators in Optics. The general operating mechanism of these devices is to reflect a

selected narrowband of wavelengths of the incident wave to another chose direction from a wider

range of wavelengths in the incident waveform. This scheme eliminates the need for multilayer

fabrications which are potentially challenging at IR and MMW frequencies.

Another niche area to continue the research efforts in this dissertation is to investigate the

design of abberation free lenses at optical wavelengths. Chromatic abberation is an important

phenomenon observed in most lenses operating at optical wavelengths. Overcoming this issue

is necessary in various imaging systems ranging from conventional microscopy and photography

to sophisticated astronomical spectroscopy and coherence tomography. The goal of the research

activity in this area can be to use the concepts introduced in chapters 6, 7, and 8 to develop optical

true-time-delay lenes free of any chromatic abberations.
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FDTD: Finite Difference Time Domain

FSS: Frequency Selective Surface

GaAs: Gallium Arsenide

HIS: High Impedance Surface

IR: Infrared

LHCP (RHCP): Left(Right)-Handed Circularly-Polarized

LH-CPSS (RH-CPSS): Left(Right)-Handed Circular-Polarization Selective Surface

MÆMS: MAcro-Electro-Mechanical Systems

MEFSS: Miniaturized-Element Frequency Selective Surface
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PCB: Printed Circuit Board

PEC (PMC): Perfect Electric (Magnetic) Conductor
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