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Abstract 

Inductive wireless power transfer (WPT) is being actively investigated as a promising 

technology to conveniently charge electric vehicles. Existing WPT systems generate large air-

gap region magnetic (B) and electric (E) fields to transfer multi-kW of power, which violate 

typical safety standards.  This research focuses on developing general design methodologies to 

meet the safety requirements by maintaining inherently low air-gap B and E fields while 

achieving multi-kW, large distance inductive WPT with high power transfer efficiency.  

General design variables are identified, and their effects on the air-gap B and E fields, 

and power transfer efficiency are investigated. A general design methodology based on fast 

converging analytical models for the estimation of the air-gap B and E fields, and transfer 

efficiency is developed. Particular winding configurations such as the surface spiral parallel and 

anti-parallel windings are proposed to achieve high efficiency, low dielectric losses, and reduced 

spatial voltage stress. A design example is analyzed in detail using both FEA and experiments.  

Besides the mutual coupled magnetic flux, the power transfer capability within the safety 

standard was found to be fundamentally limited by the leakage flux. A combination of new 

active and passive techniques is developed to mitigate these limitations. In particular, an “I” type 

shielding design is developed to shape the magnetic flux paths as desired to achieve low air-gap 

B field and shield the E field without affecting the transfer efficiency. The shielding design is 

optimized with reduced mass. In addition, the power-scaling law within the field safety limits are 

developed. Thermal modeling is developed based on the loss distribution analysis. 

At the end, the impact of coil misalignment is investigated. Unavoidable misalignment 

leads to reactive power and change of field distributions.  Low loss capacitor and inductor online 

active tuning techniques are developed to reduce the reactive power, and improve the output 

power capability. Alternative compensation techniques are investigated to mitigate the variations 

of the field distributions, and provide an access to tune the field distributions actively. 



ii 

Acknowledgements 

I would like to thank Professor Lorenz, for his guidance and support during the Ph.D. 

program. The incredible courage and optimism Profess Lorenz are demonstrating, and 

unbounded enthusiasm will always inspire me in my whole life. Without your spiritual reference 

as command feedforward, I can’t achieve this final goal. 

I would like to thank the committer members, Professor Thomas M. Jahns, Professor 

Bulent Sarlioglu, Professor Daniel C. Ludois, Professor Neil A. Duffie and Professor Michael 

Zinn for the comments and suggestions on the thesis. 

I would like to thank Ted Bohn for his support. The experimental tests would not be 

possible without his and Algonne National Lab’s generous support. 

I would like to express appreciation for the opportunity to take classes and conduct 

research with the Wisconsin Electric Machines and Power Electronics Consortium (WEMPEC). 

I enjoyed every day studying and living in WEMPEC. It’s such a special place that makes me 

feel in a family. I thank the whole WEMPEC family for making my stay in Madison an 

enjoyable and unforgattable experience. 

I would also like to thank the WEMPEC peers for the stimulating discussions and 

overshelming support. Thank you for the following, especially Hao Jiang, Apoorva Athavale, 

Jiejian Dai, Cong Deng, Yang Xu, Huthaifa Flieh, Hung-Yen Ou Yang, Kang Wang, Minhao 

Sheng, Shang-Chuan Lee, Zhe Chen and all the members of the CAST group from 2013-2018. 

At the end, the greatest gratitudes are expressed to my parents, my families, my girlfriend 

Huilin, and my best partner Jinxin for your long-time confidence in me and conditionless 

supports. Love you all!!! 

 



iii 

Table of Contents 
 

Abstract ...................................................................................................... i 

Acknowledgements ................................................................................... ii 

Table of Contents .....................................................................................iii 

List of Figures ........................................................................................ viii 

List of Tables .......................................................................................... xvi 

Nomenclature ....................................................................................... xviii 

Introduction .............................................................................................. 1 

Research Motivation .................................................................................................. 1 

Research Overviews ................................................................................................... 2 

Research Contributions .............................................................................................. 4 

Summary of Chapters................................................................................................. 5 

Chapter 1 State-of-the-Art Review ........................................................... 7 

1.1 Wireless power transfer systems ....................................................................... 7 

1.1.1 Far- and near-field regions ..............................................................................................8 

1.1.2 Far-field wireless power transfer ..................................................................................10 

1.1.3 Near-field wireless power transfer ................................................................................13 

1.1.4 Summary of wireless power transfer technologies .......................................................20 

1.2 Human body safety regulations for RF magnetic field and electric field 

exposure ........................................................................................................... 22 

1.2.1 Introduction ...................................................................................................................22 

1.2.2 IEEE standard C95.1 - 2005..........................................................................................22 

1.2.3 ICNIRP Guidelines - 1998 ............................................................................................26 

1.2.4 ICNIRP Guidelines - 2010 ............................................................................................29 

1.2.5 Summary of human body safety guidelines review ......................................................30 

1.3 Operating principle and field distribution of loosely coupled inductive 

wireless EV chargers ....................................................................................... 30 

1.3.1 Operating principle and field distribution of stationary inductive wireless EV 

chargers .........................................................................................................................30 



iv 

1.3.2 Operating principle and field distribution of in-motion inductive wireless EV 

chargers .........................................................................................................................52 

1.3.3 Summary and identified research opportunities ............................................................59 

1.4 Loosely coupled inductive WPT system modeling for equivalent circuit 

and electromagnetic field ................................................................................. 62 

1.4.1 Lumped equivalent circuit model .................................................................................63 

1.4.2 Compensation topologies in loosely coupled systems ..................................................64 

1.4.3 Magnetic field and electric field analytical models ......................................................77 

1.4.4 Summary and identified research opportunities ............................................................83 

1.5 Loosely coupled WPT system design methodologies ..................................... 84 

1.5.1 WPT system design methodologies for low power (below 1 kW) applications ...........84 

1.5.2 WPT system design methodologies for high power (over 1 kW) applications ............93 

1.5.3 Summary and identified research opportunities ..........................................................103 

1.6 Loosely coupled WPT system magnetic component design ......................... 104 

1.6.1 Comparison of mutual coupling and misalignment tolerance .....................................104 

1.6.2 Mutual inductance calculation under aligned and misaligned conditions ..................115 

1.6.3 Magnetic component loss distributions .......................................................................124 

1.6.4 Methods to improve the coil-to-coil efficiency ...........................................................135 

1.6.5 Power scalability of different coil geometries ............................................................137 

1.6.6 Summary and identified research opportunities ..........................................................138 

1.7 Summary of research opportunities identified .............................................. 140 

Chapter 2 Analytical Modeling of the Air-Gap Center Plane 

Magnetic and Electric Fields ............................................... 143 

2.1 Introduction .................................................................................................... 143 

2.2 Comparison of basic winding configurations ................................................ 143 

2.2.1 Illustration of winding configurations and geometries ...............................................143 

2.2.2 Comparison of the winding parameters and the coil-to-coil efficiencies ...................145 

2.2.3 Comparison of the air-gap magnetic field distribution ...............................................147 

2.2.4 Comparison of the air-gap electric field distribution ..................................................149 

2.2.5 Effect of the terminal clearance on the air-gap electric field ......................................151 

2.3 Loosely coupled inductive WPT system modeling ....................................... 154 

2.3.1 Analytical calculation of self- and mutual inductances ..............................................155 

2.3.2 Analytical calculation of the AC resistance ................................................................161 

2.3.3 Loosely coupled inductive WPT system equivalent circuit model .............................164 



v 

2.3.4 Loosely coupled inductive WPT system coil-to-coil efficiency .................................168 

2.4 Analytical modeling of the air-gap center plane magnetic flux density ....... 176 

2.5 Analytical modeling of the air-gap center plane electric field intensity ....... 181 

2.6 Summary ........................................................................................................ 186 

Chapter 3 Multi-kW Loosely Coupled Inductive Wireless Power 

Transfer System Design Methodologies .............................. 189 

3.1 Introduction .................................................................................................... 189 

3.2 Loosely coupled inductive WPT system general design methodology ......... 189 

3.2.1 Design requirements....................................................................................................189 

3.2.2 Design assumptions .....................................................................................................191 

3.2.3 Design variables identification ....................................................................................192 

3.2.4 System general design methodology ...........................................................................192 

3.2.5 Effects of the number of turns and the operating frequency .......................................196 

3.2.6 Effects of the coil radii and the inter-turn distance .....................................................199 

3.2.7 Effects of the transfer distance ....................................................................................202 

3.2.8 Effects of the operating frequency with respect to the safety standard.......................205 

3.3 Low dielectric losses, low spatial voltage stress, low ESR surface 

spiral, parallel and antiparallel windings design methodologies ................... 207 

3.3.1 Low dielectric losses surface spiral winding designs .................................................208 

3.3.2 High dielectric breakdown voltage surface spiral winding designs ............................215 

3.3.3 Emulating the 3D printed SSW using copper tubing ..................................................218 

3.3.4 Copper tubing-based surface spiral, parallel and antiparallel windings .....................222 

3.4 Experimental evaluation of power transfer efficiency, and magnetic 

field and electric field distributions ............................................................... 227 

3.4.1 Experiment test setup ..................................................................................................227 

3.4.2 Analysis of the DC-to-DC power transfer efficiencies under aligned and 

misaligned conditions .................................................................................................230 

3.4.3 Air-gap center plane magnetic flux density and electric field intensity ......................236 

3.5 Summary ........................................................................................................ 237 

Chapter 4 Low Air-Gap Magnetic Field, Low Air-Gap Electric 

Field Shielding Designs ....................................................... 239 

4.1 Introduction .................................................................................................... 239 



vi 

4.2 Effects of traditional magnetic shield on air-gap magnetic field and 

electric field ................................................................................................... 239 

4.3 Active design to reduce air-gap magnetic field ............................................. 245 

4.4 Passive designs to reduce the leakage flux .................................................... 248 

4.4.1 Adding copper rings to reduce the outside leakage flux .............................................249 

4.4.2 Adding center cylindrical magnet to reduce the inside leakage flux ..........................251 

4.5 New “I” type shielding design ....................................................................... 253 

4.6 Effects of vehicle metal chassis ..................................................................... 256 

4.7 Optimization of “I” type shielding design ..................................................... 261 

4.8 System general design methodology ............................................................. 268 

4.9 Summary ........................................................................................................ 270 

Chapter 5 Power Scaling Laws within Safety Standard ..................... 273 

5.1 Introduction .................................................................................................... 273 

5.2 Air-core winding power scaling law based on feasible design variables ...... 273 

5.2.1 Power scaling law based on winding enclosed area....................................................273 

5.2.2 Power scaling law based on operating frequency .......................................................275 

5.2.3 Power scaling law based on transfer distance .............................................................276 

5.2.4 Theoretical maximum air-gap power under resonant condition .................................278 

5.3 “I” type shielding design power scaling law ................................................. 284 

5.4 Summary ........................................................................................................ 293 

Chapter 6 Active Tuning Methods for Operation under 

Misalignment ........................................................................ 295 

6.1 Introduction .................................................................................................... 295 

6.2 Performance analysis under misalignment operation .................................... 295 

6.3 Limitations of conventional active tuning methods ...................................... 302 

6.4 Low loss active tuning method ...................................................................... 306 

6.4.1 Low loss capacitor active tuning method ....................................................................306 

6.4.2 Low loss inductor active tuning method .....................................................................311 

6.5 Active compensation design method to manipulate field distribution .......... 317 

6.6 Summary ........................................................................................................ 328 



vii 

Chapter 7 Conclusions, Contributions, and Proposed Remaining 

Work ...................................................................................... 330 

7.1 Research conclusions ..................................................................................... 330 

7.1.1 Analytical modeling of the air-gap magnetic and electric fields ................................330 

7.1.2 Multi-kW loosely coupled inductive WPT system design methodologies .................330 

7.1.3 Low copper loss, low dielectric loss, and low spatial voltage stress winding 

configurations ..............................................................................................................331 

7.1.4 Magnetic shielding design methodologies for low air-gap B&E fields ......................331 

7.1.5 Power scaling law within safety standard ...................................................................332 

7.1.6 Tunable matching network for operation under misalignment ...................................333 

7.1.7 Active compensation design method to manipulate the air-gap magnetic field .........334 

7.2 Research contributions ................................................................................... 335 

7.2.1 Developed a general, scalable loosely coupled inductive WPT system design 

methodology ................................................................................................................335 

7.2.2 Developed low copper and dielectric losses winding configurations .........................336 

7.2.3 Developed low loss passive shielding design methodologies .....................................336 

7.2.4 Developed low loss tunable matching network ..........................................................336 

7.2.5 Developed active transmitter and receiver current phase difference and current 

ratio tuning methods to manipulate the air-gap magnetic field...................................337 

7.3 Recommended future work............................................................................ 337 

References ............................................................................................. 340 

 



viii 

List of Figures 
Fig. 1-1.  Antenna regions depending on the distance from a transmitting antenna ................. 8 

Fig. 1-2.  Classification of wireless power transfer systems ..................................................... 9 

Fig. 1-3.  Pictures of microwave antennas for far-field transfer ............................................. 11 

Fig. 1-4.  Conceptual diagrams of laser beaming power transfer for far-field ....................... 12 

Fig. 1-5.  Lumped circuit approximation of near-field WPT systems .................................... 13 

Fig. 1-6.  Examples of strongly coupled systems ................................................................... 14 

Fig. 1-7.  Approximation of near-field inductive power transfer systems .............................. 16 

Fig. 1-8.  Examples of loosely coupled systems ..................................................................... 17 

Fig. 1-9.  Conceptual diagram of capacitive WPT systems .................................................... 18 

Fig. 1-10.  Comparison of IPT and CPT systems output power versus gap distance ............... 19 

Fig. 1-11.  Electric field distribution for a six-plate capacitive coupler transferring 2 

kW through 150 mm air-gap at 1 MHz ................................................................... 20 

Fig. 1-12.  Induced current density limit for head and torso in ICNIRP guidelines ................. 27 

Fig. 1-13.  RMS maximum permissible exposure limits illustration ........................................ 28 

Fig. 1-14.  2 kW WPT system over 200 mm distance using circular pad ................................ 31 

Fig. 1-15.  DD pad and DDQ pad design variables, flux pattern, coupling modes .................. 33 

Fig. 1-16.  Comparison of circular coupler, DD-DDQ coupler charge zones, and 

simulated leakage magnetic flux ............................................................................. 34 

Fig. 1-17.  DD pad and bipolar pad structures and flux patterns .............................................. 35 

Fig. 1-18.  Tripolar pad and bipolar pad for inductive power transfer systems ........................ 35 

Fig. 1-19.  A double-sided coil flux loop and leakage flux measurement ................................ 37 

Fig. 1-20.  Test set-up, and results of magnetic field and electric field .................................... 38 

Fig. 1-21.  Evaluation positions of human body expose to WPT system ................................. 39 

Fig. 1-22.  A 3.7 MHz WPT system transmitter, field distribution, and properties ................. 41 

Fig. 1-23.  Effects of coil and ferrite geometry on magnetic field ............................................ 43 

Fig. 1-24.  Passive shield methods using metal plate and metal brush ..................................... 44 

Fig. 1-25.  Reactive shield coil topologies and field distributions ............................................ 45 

Fig. 1-26.  Comparison of different reactive shield structures to reduce stray magnetic 

field .......................................................................................................................... 46 

Fig. 1-27.  Reducing stray magnetic field by phase shift control ............................................. 48 

Fig. 1-28.  Plugless test setup and test results ........................................................................... 51 

Fig. 1-29.  Halo pad dimensions and operating modes ............................................................. 52 

Fig. 1-30.  On-line wireless charging systems .......................................................................... 53 

Fig. 1-31.  I-type wireless power supply rail and magnetic field.............................................. 54 

Fig. 1-32.  Simulation geometries of four power lines. (a) Straight single line. (b) 

Meander single line. (c) Conventional three-phase. (d) Proposed three-

phase. ....................................................................................................................... 55 

Fig. 1-33.  Side view of magnetic flux density distributions. (a) Straight single-phase. 

(b) Meander single-phase. (c) Conventional three-phase. (d) Proposed three-

phase. (e) Overall setup for simulation side view and geometrical dimension 

of the pickup coil. (f) Simulated magnetic field at the observation position .......... 56 

Fig. 1-34.  Close-packed discrete transmitter charging system ................................................ 58 

Fig. 1-35.  1 MW WPT system for a train ................................................................................ 59 

Fig. 1-36.  Equivalent lumped element model of inductive transfer system ............................ 64 



ix 

Fig. 1-37.  Illustration of the SS, SP, PS, and PP compensation topologies ............................. 65 
Fig. 1-38.  Dependence of the coil-to-coil efficiency η on the load resistance RL and 

the coupling coefficient k ........................................................................................ 67 

Fig. 1-39.  Circuit diagram of an ICPT system driven by an LCL load resonant inverter ....... 68 

Fig. 1-40.  Double-sided LCC compensation topology for WPT ............................................. 69 

Fig. 1-41.  Tunable capacitor with bias voltage on the auxiliary terminals .............................. 72 

Fig. 1-42.  Ceramic capacitor property and double clamped auxiliary circuit for 

capacitor tuning ....................................................................................................... 73 

Fig. 1-43.  Capacitor matrix circuit design for impedance matching (a) M x N capacitor 

matrix circuit. (b) Example of a capacitor matrix with seven capacitors. (c) 

Equivalent circuit of (b) .......................................................................................... 74 

Fig. 1-44.  Topologies and waveforms of full-wave SCI and full-wave SCC .......................... 75 

Fig. 1-45.  The magnitude and phase plot of the input impedance versus frequency ............... 76 

Fig. 1-46.  The magnitude and phase plot of the input impedance versus frequency ............... 77 

Fig. 1-47.  Configuration of a single current loop .................................................................... 78 

Fig. 1-48.  System block diagram and EMF measurement location ......................................... 80 

Fig. 1-49.  Relationship between wave impedance and distance from source.......................... 81 

Fig. 1-50.  Configuration of a ring with a battery ..................................................................... 82 

Fig. 1-51.  Diagrams and efficiency of a four-coil WPT system .............................................. 85 

Fig. 1-52.  Design methodology of the four-coil implantable biomedical device .................... 86 

Fig. 1-53.  System overview of inductive link using class E amplifier .................................... 87 

Fig. 1-54.  Loss and H-field dependence on secondary coil inductance ................................... 87 

Fig. 1-55.  Laptop battery wireless charging system ................................................................ 88 

Fig. 1-56.  Quadruple coil dimensions, coil current directions and simulation results ............. 89 

Fig. 1-57.  300 W power transfer system over 10 mm distance ............................................... 91 

Fig. 1-58.  100 W inductive WPT system design using Pareto fronts ...................................... 92 

Fig. 1-59.  Loosely coupled WPT system for EV battery charger ............................................ 93 

Fig. 1-60.  Design flowchart of electric vehicle battery charger............................................... 95 

Fig. 1-61.  Design flowchart of a loosely coupled wireless EV battery charger ...................... 97 

Fig. 1-62.  The design space for SP system .............................................................................. 98 

Fig. 1-63.  Optimum geometry calculation in feasible design space ........................................ 99 

Fig. 1-64.  SP LCIPT system performance trade-offs .............................................................. 99 

Fig. 1-65.  Overall system block diagram of a target online WPT system ............................. 100 

Fig. 1-66. Design flowchart of a 300 kW online WPT system .............................................. 101 

Fig. 1-67.  Pot core geometry of kHz frequency WPT systems ............................................. 104 

Fig. 1-68.  Optimization of the ferrite bar pads ...................................................................... 105 

Fig. 1-69.  Configuration of the DD and DDQ pad ................................................................ 106 

Fig. 1-70.  Transferred power dependence on horizontal misalignment ................................ 107 

Fig. 1-71.  DD pad and bipolar pad structures and flux patterns ............................................ 108 

Fig. 1-72.  Tripolar pad for inductive power transfer systems ................................................ 109 

Fig. 1-73.  Double-sided windings design (unit: mm) ............................................................ 109 

Fig. 1-74.  Surface spiral winding geometry, voltage distribution, and breakdown ............... 111 

Fig. 1-75.  Schematic and coupling coefficient of the simulated inductor shapes .................. 112 

Fig. 1-76.  Schematic and coupling coefficient of various coil geometries ............................ 114 

Fig. 1-77.  Comparison of self-inductance and coupling coefficient of SSW and PSW ........ 114 

Fig. 1-78.  Laterally misaligned coils ..................................................................................... 118 



x 

Fig. 1-79.  Mutual inductance dependence on misalignments ................................................ 119 

Fig. 1-80.  Laterally misaligned sandwich structure coils ...................................................... 119 

Fig. 1-81.  Laterally misaligned coils for numerical calculation ............................................ 120 

Fig. 1-82.  Angular misaligned coils for numerical calculation.............................................. 121 

Fig. 1-83.  Configuration of angular misalignment ................................................................ 122 

Fig. 1-84.  Configuration of general misalignment ................................................................. 123 

Fig. 1-85.  Applications and performance ranges of typical soft magnetic materials and 

their development objectives ................................................................................. 124 

Fig. 1-86.  Fit parameters to calculate the power loss density ................................................ 125 

Fig. 1-87.  Configuration of foil winding and equivalent cross-section ................................. 126 
Fig. 1-88.  Relationship between FD and h/δw ....................................................................... 128 

Fig. 1-89.  Proximity effect factor dependence on turn-spacing ............................................. 129 

Fig. 1-90.  The AC resistance of the Litz-wire ....................................................................... 131 

Fig. 1-91.  The AC resistance comparison of the Litz-wire and copper tubing ...................... 132 

Fig. 1-92.  Simulated AC resistance of conventional spiral coil and SSW coil ..................... 132 

Fig. 1-93.  Resistance versus frequency .................................................................................. 133 

Fig. 1-94.  Comparison of SSW coil-to-coil power transfer efficiency .................................. 135 

Fig. 1-95.  Adjusting pitches to achieve high coupling coefficient ........................................ 136 

Fig. 1-96.  Methods to reduce the proximity effect loss ......................................................... 137 

Fig. 2-1.  Coil geometries and current directions .................................................................. 144 

Fig. 2-2.  Magnetic flux patterns ........................................................................................... 145 

Fig. 2-3.  Comparison of magnetic field distributions .......................................................... 147 

Fig. 2-4.  Comparison of magnetic flux densities in the air-gap center plane along the 

x-direction and the y-direction .............................................................................. 148 

Fig. 2-5.  Configuration of WPT coils with inversely placed terminals ............................... 149 

Fig. 2-6.  Comparison of electric field distributions ............................................................. 150 

Fig. 2-7.  Comparison of electric field intensities in the air-gap center plane along the 

y-direction ............................................................................................................. 151 

Fig. 2-8.  Test setup to evaluate the effect of terminal clearance ......................................... 152 

Fig. 2-9.  Evaluation of the effect of the terminal clearance on air-gap electric field .......... 153 

Fig. 2-10.  Typical types of circular coils ............................................................................... 154 

Fig. 2-11.  A planar circular spiral coil ................................................................................... 155 

Fig. 2-12.  A laterally misaligned transmitter and receiver configuration .............................. 156 

Fig. 2-13.  Receiver coil of laterally misaligned coils ............................................................ 156 

Fig. 2-14.  Comparison of analytical calculation results and FEA results of the self- and 

mutual inductances with respect to different number of turns .............................. 159 

Fig. 2-15.  Normal and inverted conical spiral coils ............................................................... 160 

Fig. 2-16.  Comparison of analytical calculation results and FEA results of the 

coupling factor with respect to lateral misalignment ............................................ 160 

Fig. 2-17.  Skin effect and proximity effect of a conductor .................................................... 161 

Fig. 2-18.  Proximity effect factor dependence on turn-spacing ............................................. 162 

Fig. 2-19.  Comparison of analytical calculation results and FEA results of the total AC 

resistance with respect to different number of turns ............................................. 163 

Fig. 2-20.  Equivalent lumped element model of inductive WPT coils .................................. 164 

Fig. 2-21.  Output diode rectifiers and filter networks ........................................................... 165 

Fig. 2-22.  H-bridge resonant inverter and output voltage waveform .................................... 165 



xi 

Fig. 2-23.  Equivalent lumped circuit models of inductive WPT systems ............................. 166 

Fig. 2-24.  PLECS simulation waveforms and comparison with analytical current 

waveforms ............................................................................................................. 168 

Fig. 2-25.  Equivalent circuit models of inductive WPT system with series-series 

resonant compensation network ............................................................................ 169 

Fig. 2-26.  Equivalent circuit models of inductive WPT system with series-parallel 

resonant compensation network ............................................................................ 171 

Fig. 2-27.  Comparison of analytical calculation results and FEA results of the 

maximum achievable coil-to-coil efficiency with respect to different 

number of turns ..................................................................................................... 175 

Fig. 2-28.  Configuration of a single current loop .................................................................. 177 

Fig. 2-29.  Configuration of air-gap center plane magnetic flux density calculation ............. 178 

Fig. 2-30.  Comparison of the analytical results and FEA results of the air-gap center 

plane magnetic flux density ................................................................................... 180 

Fig. 2-31.  Effect of the number of turns on the air-gap center plane peak magnetic flux 

density ................................................................................................................... 180 

Fig. 2-32.  Configuration of a current loop with an excitation voltage................................... 182 

Fig. 2-33.  Configuration of air-gap center plane electric field intensity calculation ............. 183 

Fig. 2-34.  Comparison of the analytical results and FEA results of the air-gap center 

plane electric field intensity .................................................................................. 185 

Fig. 2-35.  Effect of the number of turns on the air-gap center plane peak electric field 

intensity ................................................................................................................. 186 

Fig. 3-1.  Flow chart for proposed general design methodology .......................................... 193 

Fig. 3-2.  Effects of the number of turns and operating frequency on the maximum 

coil-to-coil efficiency, the air-gap center plane peak magnetic flux density 

and peak electric field intensity ............................................................................. 197 

Fig. 3-3.  Effects of the coil radii on the air-gap center plane peak magnetic flux 

density via analytical calculation .......................................................................... 199 

Fig. 3-4.  Effects of the coil radii on the air-gap center plane peak magnetic flux 

density via FEA simulation ................................................................................... 200 

Fig. 3-5.  Effects of the inter-turn distance on the air-gap center plane peak magnetic 

flux density and the maximum achievable coil-to-coil efficiency ........................ 201 

Fig. 3-6.  Evaluation configuration for the effects of the transfer distance .......................... 202 

Fig. 3-7.  Effects of the transfer distance on the air-gap center plane peak magnetic 

flux density and peak electric field intensity, and the maximum coil-to-coil 

efficiency ............................................................................................................... 204 

Fig. 3-8.  Effects of the transfer distance on the air-gap center plane peak magnetic 

flux density and the maximum achievable coil-to-coil efficiency ........................ 206 

Fig. 3-9.  Comparison of electric field intensity and volume loss density of dielectric 

bridge cross-section region for SSW using PC and PEA at 3 kW, 3.7 MHz ........ 209 

Fig. 3-10.  Comparison of loss distribution and coil-to-coil power transfer efficiency 

using PC and PEA at 3 kW, 3.7 MHz ................................................................... 210 

Fig. 3-11.  Surface spiral parallel winding geometry .............................................................. 211 

Fig. 3-12.  Comparison of electric field intensity and volume loss density of dielectric 

bridge cross-section region for SSW and SSPW using PC at 3 kW, 3.7 MHz ..... 212 



xii 

Fig. 3-13.  Comparison of loss distribution and coil-to-coil power transfer efficiency 

for SSW using PC and PEA, and SSPW using PC at 3 kW, 3.7 MHz ................. 213 

Fig. 3-14.  Comparison of volume loss density of dielectric bridge cross-section region 

for SSW and SSPW with normal dielectric geometry and concave dielectric 

geometry using PC and PFA, respectively, at 3 kW, 3.7 MHz ............................. 214 

Fig. 3-15.  Definitions of Creepage and Clearance ................................................................. 215 

Fig. 3-16.  Voltage breakdown region when transferring 1 kW ............................................. 215 

Fig. 3-17.  Comparison of dielectric bridge cross-section region for SSW with normal 

bridge and solid insulated barrier using PC at 3 kW, 3.7 MHz ............................. 216 

Fig. 3-18.  Comparison of volume loss density of dielectric bridge cross-section region 

for SSW with hollow and open insulated barriers using PC at 3 kW, 3.7 

MHz ....................................................................................................................... 217 

Fig. 3-19.  Surface spiral winding voltage distribution .......................................................... 218 

Fig. 3-20.  A copper tubing SSW configuration with dielectric support pads ........................ 219 

Fig. 3-21.  Comparison of spatial electric fields across dielectric supports and loss 

distributions for 3D printed and copper tubing SSWs operating at 3.7 MHz ....... 220 

Fig. 3-22.  Comparison of spatial electric fields across dielectric supports and loss 

distributions for 3D printed and copper tubing SSWs operating at 0.1 MHz ....... 221 

Fig. 3-23.  A copper tubing SSW configuration and its voltage distribution ......................... 222 

Fig. 3-24.  A copper tubing SSPW configuration and its voltage distribution ....................... 223 

Fig. 3-25.  A copper tubing SSAPW configuration and its voltage distribution .................... 224 

Fig. 3-26.  Comparison of spatial electric field distributions.................................................. 224 

Fig. 3-27.  Comparison of spatial voltage and spatial electric field distributions................... 226 

Fig. 3-28.  WPT coil prototype built with 3-turn copper tubing surface spiral winding ........ 227 

Fig. 3-29.  Magnetic field and electric field distributions of a 3-turn CT SSPW ................... 228 

Fig. 3-30.  Topology and test setup of proposed WPT system ............................................... 229 

Fig. 3-31.  Overlay of gate PWM signal and primary coil current ......................................... 230 

Fig. 3-32.  The input and output voltage and current waveforms when transferring 

3099.2 W ............................................................................................................... 231 

Fig. 3-33.  System loss distribution under 3 kW power level ................................................. 232 

Fig. 3-34.  Test setups and DC-to-DC efficiencies under lateral and angular 

misalignments ........................................................................................................ 233 

Fig. 3-35.  Effects of lateral misalignment on mutual inductance (Analytical, FEA) ............ 234 

Fig. 3-36.  Effects of lateral misalignment on Zin, Pout, and ηcoil ........................................ 235 

Fig. 3-37.  The air-gap center plane magnetic flux density and electric field intensity 

along the x-direction measurement line ................................................................ 236 

Fig. 4-1.  Comparison of proposed coil size and feasible design space ................................ 239 

Fig. 4-2.  Configuration of inductive WPT windings installed under the vehicle ................ 240 

Fig. 4-3.  Magnetic design flow chart for low low air-gap magnetic and electric fields, 

and high efficiency ................................................................................................ 240 

Fig. 4-4.  Comparison of winding configurations ................................................................. 241 

Fig. 4-5.  Comparison of the air-gap electric field distributions and the air-gap center 

plane electric field intensities along the measurement line ................................... 243 

Fig. 4-6.  Comparison of magnetic field distributions and the air-gap center plane 

magnetic flux densities along the measurement line ............................................. 244 

Fig. 4-7.  Relationship between current phase difference and air-gap magnetic field .......... 245 



xiii 

Fig. 4-8.  Equivalent circuit model of a loosely coupled inductive WPT system using 

SS and SP resonant compensation networks ......................................................... 245 

Fig. 4-9.  Comparison of magnetic field distributions and air-gap center plane 

magnetic flux densities along the measurement line with SS and SP 

topologies .............................................................................................................. 246 

Fig. 4-10.  Comparison of magnetic field distributions and air-gap center plane 

magnetic flux densities along the measurement line with different Crx ............... 248 

Fig. 4-11.  Magnetic field distribution and magnetic field strength direction ........................ 249 

Fig. 4-12.  Configuration of a winding with a single copper ring .......................................... 250 

Fig. 4-13.  Configuration of a winding with three copper rings ............................................. 250 

Fig. 4-14.  Comparison of the air-gap magnetic field distributions and the air-gap 

center plane magnetic flux densities with and without copper rings .................... 251 

Fig. 4-15.  Configuration of a winding with three copper rings and a cylindrical ferrite ....... 252 

Fig. 4-16.  The air-gap magnetic field distribution and the air-gap center plane 

magnetic flux density of the winding with three copper rings and a 

cylindrical ferrite ................................................................................................... 252 

Fig. 4-17.  The desired magnetic flux paths ............................................................................ 253 

Fig. 4-18. Configuration of “I” type passive shield ............................................................... 253 

Fig. 4-19.  Lines of magnetic flux in the inductive WPT system ........................................... 254 

Fig. 4-20.  The air-gap magnetic field distribution and the air-gap center plane 

magnetic flux density of the winding with “I” type passive shield ....................... 254 

Fig. 4-21.  The air-gap magnetic field distribution and the air-gap center plane 

magnetic flux density when Crx = 14.25 nF ......................................................... 255 

Fig. 4-22.  The electric field distribution and the air-gap center plane electric field 

intensity when Crx = 14.25 nF .............................................................................. 255 

Fig. 4-23.  FEA setup for evaluation of vehicle chassis effects .............................................. 256 

Fig. 4-24.  Comparison of shielding configurations and field distributions ........................... 258 

Fig. 4-25.  Effects of different radii combinations on Pagm and ηcoil ................................... 260 

Fig. 4-26.  Illustration of baseline design FEA configuration and dimensions ...................... 261 

Fig. 4-27.  Baseline design magnetic and electric field distributions ..................................... 262 

Fig. 4-28.  Illustration of hollow “I” type shielding design .................................................... 262 

Fig. 4-29.  Field distributions of hollow “I” type shielding design magnetic and electric ..... 263 

Fig. 4-30.  Illustration of hollow “I” type shielding design built by ferrite block .................. 264 

Fig. 4-31.  Field distributions of hollow “I” type shielding design built by ferrite block ...... 264 

Fig. 4-32.  Field distributions of hollow “I” type shielding design built by ferrite block 

after adding an aluminum plate below the transmitter .......................................... 265 

Fig. 4-33.  Illustration of FEA configuration with bottom aluminum plate and hollow 

“I” type shielding design built by less ferrite block .............................................. 266 

Fig. 4-34.  Field distributions of hollow “I” type shielding design built by less ferrite 

block with an aluminum plate below the transmitter bottom ferrite ..................... 267 

Fig. 4-35.  “I” type magnetic design flowchart for low air-gap magnetic and electric 

field, and high efficiency ....................................................................................... 268 

Fig. 4-36.  Systematic general design flowchart for low air-gap magnetic and electric 

field, and high efficiency with conventional magnetic design .............................. 269 



xiv 

Fig. 4-37.  Systematic general design flowchart for low air-gap magnetic and electric 

field, and high efficiency with “I” type magnetic design ...................................... 270 

Fig. 5-1.  Investigated winding configurations ..................................................................... 273 

Fig. 5-2.  The maximum output power Pmo through 300 mm air-gap within the IEEE 

C95.1-2005 standard under different operating frequency ................................... 275 

Fig. 5-3.  The maximum output power Pmo through 200 mm and 300 mm air-gap 

within the IEEE C95.1-2005 standard under different operating frequency ......... 277 

Fig. 5-4.  Winding configuration and equivalent transformer models .................................. 278 

Fig. 5-5.  System equivalent circuit models .......................................................................... 279 

Fig. 5-6.  Effects of Ntx, Ntx, and dint on M and M/(Ntx Ntx) ............................................ 281 

Fig. 5-7.  Comparison of the PCSW and the SSW ............................................................... 282 

Fig. 5-8.  Effects of operating frequency f0 and winding radius rw on Pagm ...................... 283 

Fig. 5-9.  Relationship between Pagm/Vag and rw at 100 kHz ............................................ 283 

Fig. 5-10.  Analysis of coefag and coefM ............................................................................... 284 

Fig. 5-11.  Comparison of winding configurations and Pagm within safety standard ............ 285 

Fig. 5-12.  A 3kW design FEA test setup and loss distributions ............................................ 286 

Fig. 5-13.  Steady-state thermal distribution FEA setup and simulation results (Unit: °C)

 ............................................................................................................................... 287 

Fig. 5-14.  Comparison of winding configurations and Pagm within safety standard ............ 289 

Fig. 5-15.  Illustration of initial design FEA configuration and dimensions .......................... 290 

Fig. 5-16.  Field distributions when the initial design transferring Pagm = 9171.05 W ......... 291 

Fig. 5-17.  Field distributions when the optimized design transferring Pagm = 10451.04 

W ........................................................................................................................... 292 

Fig. 6-1.  FEA configurations of conventional and “I” type magnetic designs .................... 295 

Fig. 6-2.  Effects of lateral misalignment on winding parameters ........................................ 296 

Fig. 6-3.  Effects of lateral misalignment on winding parameters and coil-to-coil 

efficiency ............................................................................................................... 297 

Fig. 6-4.  Comparison of ηcoil and Pagm for SS and SP topologies under no 

misalignment ......................................................................................................... 298 

Fig. 6-5.  SP circuit topology and waveforms under aligned and misaligned conditions ..... 298 

Fig. 6-6.  C2M0025120D switching loss and conduction loss, and its body diode 

conduction loss ...................................................................................................... 300 

Fig. 6-7.  Waveforms and loss distributions under aligned condition .................................. 301 

Fig. 6-8.  Waveforms and loss distributions under misaligned condition ............................ 301 

Fig. 6-9.  Circuit topologies to tune capacitance................................................................... 302 

Fig. 6-10.  SCC circuit topology and operation waveforms ................................................... 303 

Fig. 6-11.  System circuit topology with active tuning capacitor ........................................... 304 

Fig. 6-12.  Waveforms and loss distributions with conventional α → π capacitor 

active tuning technique under misaligned condition ............................................. 306 

Fig. 6-13.  SCC circuit topology and α → 0 tuning method operation waveforms ................ 307 

Fig. 6-14.  SCC topology and operation waveforms under aligned and misaligned 

conditions .............................................................................................................. 308 

Fig. 6-15.  Waveforms and loss distributions with improved α → 0 capacitor active 

tuning technique under misaligned condition ....................................................... 310 



xv 

Fig. 6-16.  SCI circuit topology and operation waveforms ..................................................... 312 

Fig. 6-17.  SP compensated system topology with SCI circuit and its operation 

waveforms ............................................................................................................. 313 

Fig. 6-18.  Waveforms and loss distributions with improved α → π inductor active 

tuning technique under misaligned condition ....................................................... 315 

Fig. 6-19.  Parallel resonant compensation circuit and its equivalent series version .............. 317 

Fig. 6-20.  Series and parallel compensated receiver topologies using transformer T-

model ..................................................................................................................... 318 

Fig. 6-21.  Current and efficiency comparison with different Crx + δCrx ............................. 320 

Fig. 6-22.  The relationship between ηcoil and θ .................................................................... 321 

Fig. 6-23.  Air-gap magnetic field distributions using SS and SP topologies (Aligned 

condition) .............................................................................................................. 322 

Fig. 6-24.  Air-gap magnetic field distributions using SS and SP topologies (200 mm 

lateral misalignment) ............................................................................................. 324 

Fig. 6-25.  System topology using LCC network and its equivalent circuits ......................... 325 

Fig. 6-26.  Air-gap magnetic field distribution using LCC network when δCrx = 0 .............. 327 

Fig. 6-27.  Air-gap magnetic field distribution using LCC network when δCrx = 0.5 

Crx ......................................................................................................................... 328 



xvi 

List of Tables 
Table 1-1.  MPE for exposure of head and torso, 3 kHz to 5 MHz ........................................... 23 

Table 1-2.  MPE for exposure of limbs, 3 kHz to 5 MHz ......................................................... 23 

Table 1-3.  BRs for frequencies between 100 kHz and 3 GHz .................................................. 24 

Table 1-4.  MPE for the people in controlled environments ..................................................... 25 

Table 1-5.  MPE for the general public when an RF safety program is unavailable ................. 25 

Table 1-6. BRs for frequencies up to 10 GHz .......................................................................... 26 

Table 1-7. Reference levels for occupational and general public exposure ............................. 27 

Table 1-8.  Reference levels for occupational exposure and general public exposure to 

time-varying electric and magnetic fields (unperturbed RMS values) ................... 29 

Table 1-9.  Summary of inductive wireless EV charging couplers ........................................... 60 

Table 1-10.  The primary and the secondary compensation capacitance .................................... 66 

Table 1-11.  Stability conditions of the four topologies .............................................................. 76 

Table 2-1.  Comparison of the coil electrical parameters and the coil-to-coil efficiency........ 146 

Table 2-2.  Comparison of the coupling coefficient and the quality factor ............................. 146 
Table 2-3.  Comparison of Bpk along x- and y-direction measurement lines in the air-

gap center plane ..................................................................................................... 149 

Table 2-4.  Comparison of Epk along the y-direction measurement line in the air-gap 

center plane ........................................................................................................... 151 

Table 2-5.  Typical copper tubing sizes and AC resistances caused by skin effect ................ 158 

Table 2-6.  The coil-to-coil power transfer efficiency ............................................................. 173 

Table 2-7.  The optimal loads for the maximum coil-to-coil power transfer efficiency ......... 174 

Table 2-8.  The maximum coil-to-coil power transfer efficiency............................................ 174 

Table 2-9.  The magnetomotive forces of the transmitter and receiver coils .......................... 181 

Table 3-1.  Selected suitable 3D printing materials ................................................................. 208 

Table 3-2.  Comparison of the self- and mutual inductances, the ESRs, and the 

maximum achievable coil-to-coil efficiencies (N = 3) .......................................... 225 

Table 3-3.  Comparison of the self- and mutual inductances, the ESRs, and the 

maximum achievable coil-to-coil efficiencies (N = 5) .......................................... 226 

Table 3-4.  FEA and measured results of the self- and mutual inductances, and the 

ESRs ...................................................................................................................... 228 

Table 3-5.  The DC-to-DC power transfer efficiency under different power level ................. 230 

Table 4-1.  Comparison of the self- and mutual inductances, ESRs, and efficiencies ............ 241 
Table 4-2.  Comparison of winding electrical parameters, ηcoil, and Pagm with and 

without metal chassis and conventional magnetic shield ...................................... 256 

Table 4-3.  Comparison of winding electrical parameters, ηcoil, and Pagm for 

conventional magnetic shield and “I” type magnetic shield ................................. 259 

Table 4-4.  Comparison of winding parameters and ηcoil for designs in optimization 

process ................................................................................................................... 267 

Table 5-1.  Comparison of different winding configurations .................................................. 274 

Table 5-2.  A 3kW design winding and “I” type shielding parameters ................................... 286 

Table 5-3.  Summary of battery capacity ................................................................................. 288 

Table 5-4.  Summary of initial design dimensions (Unit: mm) ............................................... 290 



xvii 

Table 5-5.  Summary of initial design parameters, power capability and loss 

distributions ........................................................................................................... 291 

Table 5-6.  Summary of initial and optimized design dimensions (Unit: mm) ....................... 292 

Table 5-7.  Summary of initial design parameters, power capability and loss 

distributions ........................................................................................................... 292 

Table 6-1.  Summary of switching loss events corresponding to current polarity and 

gate signals ............................................................................................................ 299 

Table 6-2.  Summary of winding parameters and compensation capacitors ........................... 300 

Table 6-3.  Summary of loss distribution and efficiency for capacitor active tuning 

techniques .............................................................................................................. 311 

Table 6-4.  Summary of loss distribution and efficiency for active tuning techniques ........... 315 

Table 6-5.  Summary of winding parameters with conventional shield .................................. 320 

Table 6-6.  Summary of parameters for LCC compensation network ..................................... 327 

Table 6-7.  Magnetic field distribution and ηcoil under SS, SP and LCC-LCC with 

different δCrx ........................................................................................................ 328 



xviii 

 Nomenclature 
Symbol Description 

Ltx, Lp, L1 Transmitter self-inductance 

Ctx Transmitter resonant compensation capacitance 

Rtx, Rp, R1 Transmitter equivalent series resistance 

Ntx Transmitter number of turns 

rtx Transmitter coil radius 

Lrx, Ls, L2 Receiver self-inductance  

Crx Receiver resonant compensation capacitance  

Rrx, Rs, R2 Receiver equivalent series resistance 

Nrx Receiver number of turns 

rrx Receiver coil radius 

rw Winding radius 

rin “I” type shield inner radius 

rout “I” type shield outer radius 

Lm, M Mutual inductance between the transmitter and the receiver 

dag Air-gap distance between the transmitter and the receiver 

dint Inter-turn distance between adjacent turns 

ηcoil, max Maximum achievable coil-to-coil efficiency 

ηcoil Coil-to-coil efficiency 

ηdc DC-to-DC efficiency 

δ Skin depth 

tanδ Dissipation factor or loss tangent 

Rskin AC resistance caused by skin effect 

RAC AC resistance caused by skin and proximity effects 

RL Load resistance 

Gp Proximity factor 

Bagcppk Air-gap center plane peak magnetic flux density   

Bagcppk, r Air-gap center plane radial direction peak magnetic flux density  

Eagcppk Air-gap center plane peak electric field intensity 

Bpk Peak magnetic flux density   

Epk Peak electric field intensity 

H Magnetic field intensity 

k Coupling coefficient 

a Transfer ratio 

Q Quality factor 

μ Permittivity of a material 

σ Conductivity of a material 

f Operating frequency 

f0 Resonant frequency 

ω0 Angular resonant frequency 

X Reactance 



xix 

Z Impedance 

Pin Input power 

Itx Transmitter coil current 

Vtx Transmitter coil voltage 

Irx Receiver coil current 

Vrx Receiver coil voltage 

IL Load current 

K0 Modified Bessel function of the second kind of order zero 

K1 Modified Bessel function of the second kind of order one 

I0 Modified Bessel function of the first kind of order zero 

I1 Modified Bessel function of the first kind of order one 

→
A   Magnetic vector potential 

Φ Electric potential 

Pagm Air-gap maximum transferrable power within safety limits 

Pmout Maximum output power within safety limits 

  

Subscripts 

  

(  )tx, (  )p Transmitter 

(  )rx, (  )s Receiver 

(  )x x-direction component 

(  )y y-direction component 

(  )z z-direction component 

(  )r r-direction component 

(  )θ θ-direction component 

(  )agcppk Air-gap center plane peak 

 

Abbreviations  

  

EV Electric vehicle 

WPT Wireless power transfer 

LCIPT Loosely coupled inductive power transfer 

CPT Capacitive power transfer 

SS Series primary – series secondary resonant topology 

SP Series primary – parallel secondary resonant topology 

PS Parallel primary – series secondary resonant topology 

PP Parallel primary – parallel secondary resonant topology 



xx 

ZVS Zero voltage switching 

ZCS Zero current switching 

EMF Electromagnetic field 

MMF magnetomotive force 

FEA Finite element analysis 

SSW Surface spiral winding 

CT Copper tubing  

SSPW Surface spiral parallel winding 

SSAPW Surface spiral antiparallel winding 

RF Radio frequency 

ESR Equivalent series resistance 

ABS Acrylonitrile butadiene styrene 

PC Polycarbonate 

RMS Root mean square 

SAR Specific absorption rate 

AWG American wire gauge 

  



1 

Introduction 

This section provides research motivation, an overview of the research, key research 

contributions, and a chapter-by-chapter list of the material discussed in this report. 

Research Motivation 

In the loosely coupled WPT systems applicable to electric vehicles, electromagnetic 

fields (EMF) between a transmitter coil and a receiver coil may cause severe injuries in adjacent 

human bodies and animals, such as electrostimulation of nerve and muscle, or thermal heating of 

tissues. In existing inductive WPT designs, although the magnetic field at a certain distance away 

from the coils is in compliance with safety regulations, the air-gap center region magnetic flux 

density is still far above safety limit, which is still a potential threat to human beings and 

animals. In addition, it can also generate huge eddy current losses if metal parts, like keys and 

cans, are placed in the air-gap region. Besides that, less attention is paid to the air-gap electric 

field, which is also very important and increases significantly as the operating frequency 

increases. There has been found no general design methodologies that focus on the air-gap center 

region magnetic and electric field safety issues, and power transfer efficiency simultaneously.  

The magnetic component design methodologies in the literature focused on improving 

the coupling coefficient k or the quality factor Q independently to improve the coil-to-coil 

efficiency, which didn’t capture the fundamental terms that determine the coil-to-coil efficiency. 

In addition, it turned out that the magnetic component design methodologies in the literature are 

not scalable to multi-kW level because of the high magnetic and electric fields in the air-gap 

region. General power scaling laws with the air-gap region magnetic and electric fields satisfying 

the safety standard are necessary.  

In the existing literature, active, passive, and reactive techniques were developed to 

reduce the leakage magnetic field in the near field outside of the winding. However, these 

techniques have a negligible effect on the air-gap region magnetic field, the effect on the air-gap 
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region electric field was not investigated. Shielding techniques to reduce the whole air-gap 

region magnetic and electric fields without affecting the transfer efficiency must be developed. 

Unavoidable misalignment between transmitter coil and receiver coil leads to efficiency 

reduction, reactive power and change of field distributions. The main research focus in existing 

literature is to maintain the power transfer efficiency. Less attention is paid to the change of field 

distributions and the reactive power component during misalignment. 

Research Overviews 

This dissertation develops a multi-kW loosely coupled inductive WPT system general 

design methodology that can inherently achieve low air-gap magnetic flux density, low air-gap 

electric field intensity, and high power transfer efficiency simultaneously. Analytical calculation 

models of the magnetic flux density and electric field intensity over the entire air-gap center 

plane are developed and evaluated via FEA. The effects of identified general design variables, 

such as coil radius, number of turns, inter-turn distance, transfer distance, and operating 

frequency, on the air-gap center plane peak magnetic flux density and peak electric field 

intensity, and the maximum coil-to-coil efficiency are investigated, general winding design 

guidelines to meet both magnetic field and electric field safety limits are presented. 

Coil geometric solutions that can simultaneously achieve low copper loss, low dielectric 

losses, and low spatial voltage stress are required for high coil-to-coil efficiency and high power 

scalability. Previously, WEMPEC created, evaluated, and documented a surface spiral winding 

(SSW) design methodology to improve the quality factor and the coupling coefficient at MHz 

operating frequency. Dielectric losses are the limiting factor to further improve coil-to-coil 

power transfer efficiency. In addition, high spatial voltage stress between the first turn and the 

end turn limits the power scalability due to voltage breakdown. Further investigations of 

dielectric material properties and alternative coil geometries are performed in this work.  



3 

The dielectric losses are reduced by using low loss materials, by increasing the equivalent 

dielectric resistance, and by reducing the spatial voltage stress. Through emulating the 3D 

printed SSW using copper tubing, large spatial inter-turn clearance is achieved to reduce the 

dielectric losses, the spatial voltage stress, and the proximity effect. Through adding another 

winding in parallel, the surface spiral parallel winding design is developed to reduce ESR, 

thereby improving the coil-to-coil efficiency. Through twisting two parallel windings in opposite 

direction, the surface spiral antiparallel winding design is developed to equalize the spatial 

voltage stress between adjacent turns while maintaining a low ESR, which improves the power 

scalability limitation due to voltage breakdown.  

In order to understand the limitations of the maximum power transmission capability 

within given magnetic and electric field limits, the analytical relationship between the air-gap 

power and the given field limited is derived. The fundamental limitations are identified as 

magnetic field. An active capacitor tuning method is developed to tune the air-gap magnetic field 

distribution, which can be used to reduce the mutual coupled magnetic field.  

Besides the mutual coupled magnetic field, the power transfer capability within the safety 

standard was found to be fundamentally limited by the leakage field. Passive methods are 

developed to reduce the leakage flux. In particular, an “I” type shielding structure is proposed to 

shape the leakage and mutual flux paths to reduce the leakage field significantly without 

affecting the mutual coupling and confine the electric field within the shield structure. The 

shielding structure is optimized with reduced mass while maintaining nearly the same 

performance. In addition, the power-scaling law within the field safety limits is developed. 

Thermal modeling is developed based on the loss distribution analysis. 

In the last part of this research, the loss distributions in the power converter are analyzed. 

Low loss capacitor and inductor online active tuning methods are developed to continuously tune 

the resonant compensation capacitance and inductance online to reduce the reactive power, and 

improve the output power capability, while maintaining the transfer efficiency and mitigating the 
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change of field distribution during misalignment. Alternative resonant compensation techniques, 

such as LCC-CCL, are investigated to mitigate the variations of the field distributions during 

misalignment and provide another access to tune the field distributions actively. 

Research Contributions 

The primary contribution of this research is a general, scalable design methodology for 

loosely coupled inductive WPT systems that can inherently achieve low air-gap center plane 

magnetic flux density and low air-gap center plane electric field intensity within the IEEE C95.1-

2005 electrostimulation and tissue heating safety standards, and high power transfer efficiency, 

even under misalignment conditions. The proposed methodology lays a good foundation for 

designing inductive WPT systems to charge the electric vehicles safely and efficiently. 

Moreover, a surface spiral parallel winding configuration is proposed to reduce the ESR 

effectively while maintaining the same mutual inductance, thereby improving the coil-to-coil 

efficiency. A surface spiral antiparallel winding configuration is proposed to equalize the spatial 

voltage stress between adjacent turns while maintaining a low ESR and the same mutual 

inductance, which improves the power scalability limitation due to voltage breakdown between 

adjacent turns and the coil-to-coil efficiency. 

In addition, a combination of new active and passive techniques is developed to reduce 

the axial magnetic flux and the leakage flux simultaneously, thereby reducing the air-gap center 

plane peak magnetic flux density. In particular, an “I” type shielding design is developed to 

shape the magnetic flux paths as desired to achieve low air-gap center region magnetic field and 

shield the electric field without affecting the power transfer efficiency. The shielding structure is 

optimized with reduced mass. In addition, the power-scaling law within the field safety limits is 

developed. Thermal modeling is developed based on the loss distribution analysis. 

Last but not least, the loss distributions in the power converter are analyzed. Low loss 

capacitor and inductor online active tuning techniques are developed to continuously tune the 
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resonant compensation capacitance and inductance online to reduce the reactive power, and 

improve the output power capability, while maintaining the power transfer efficiency and 

mitigating the change of field distribution during misalignment. Alternative compensation 

techniques are investigated to provide another access to tune the field distributions actively. 

Summary of Chapters 

 Chapter 1 reviews the state-of-the-art human body safety regulations, winding geometric 

solutions, shield techniques, air-gap magnetic field and electric field distributions, system 

equivalent models, and system design methodologies. 

Chapter 2 compares winding configurations with respect to power efficiency, and air-gap 

field distributions, and develops system equivalent circuit model, and analytical models for the 

inductive WPT system and the air-gap magnetic and electric fields. 

Chapter 3 develops the system general design methodology and investigates the effects of 

identified general design variables, and verified the proposed general design methodology via 

FEA and experimental test. 

Chapter 4 develops an active method and passive methods to reduce the air-gap region 

magnetic field, and proposes an “I” type shielding structure to reduce both magnetic field and 

electric field in the whole air-gap region. 

Chapter 5 develops the general power scaling laws within the magnetic and electric field 

safety limits based on available degrees of freedom, and developed optimized shielding design 

with reduced mass, and develops the thermal modeling based on loss distribution analysis. 

Chapter 6 develops capacitor and inductor online active tuning techniques to reduce the 

reactive power and mitigate the change of field distributions under misalignment. Alternative 

compensation techniques are investigated to tune the field distributions actively. 
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Chapter 7 contains the conclusions, and contributions of this research along with the 

recommended future work. 
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Chapter 1 State-of-the-Art Review 

This chapter reviews the state-of-the-art of wireless power transfer technologies. In the 

first part of this chapter, a review on the state-of-the-art of far- and near-field wireless power 

transfer technologies is provided. Human body electromagnetic field (EMF) exposure safety 

guidelines are investigated in the following section. The review of state-of-the-art system safety 

problems is identified in the next section. Then modeling and design methodologies for loosely 

coupled inductive wireless power transfer systems are reviewed. The state-of-the-art review for 

low loss winding geometries is followed. Identified research opportunities in the wireless power 

transfer system are addressed in the final section. 

1.1 Wireless power transfer systems 

When the transfer distance between the transmitter and the receiver is comparable or 

longer than half of the characteristic lengths (e.g. diameter) of the primary and secondary coils, 

the system can be treated as a large distance wireless power transfer system. Electric vehicle 

wireless chargers, implantable biomedical devices wireless chargers, radio frequency (RF) 

sensors, and radio frequency identification (RFID) are examples of large distance wireless power 

transfer systems. On the other hand, the transfer distance is short if it is smaller than 0.1 times of 

the characteristic lengths of the primary and secondary coils. Contactless cellular phone battery 

chargers, contactless electric toothbrushes, conventional power transformers, DC and AC electric 

machines are examples of short distance wireless power transfer systems. 

The most important difference between short and large distance air-gap WPT systems is 

the coupling coefficient between the primary coil and the secondary coil. In conventional short 

air-gap systems, coupling coefficients are generally greater than 0.5, which can be also treated as 

a strongly coupled system. Widely used transformer design technologies can be applied to 

strongly coupled systems. However, the coupling coefficients are normally lower than 0.2 for 
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loosely coupled WPT systems. Due to low coupling coefficients, traditional transformer design 

methodologies, which result in low power transfer efficiency, are not applicable.  

The following sections begin with a review of different types of wireless power transfer 

systems. Transmitting power over large air-gap can be accomplished by two different 

technologies depending on the operating frequencies: far- and near-field power transfer systems. 

A review of the definitions of far- and near-field regions is addressed in the subsequent section. 

1.1.1 Far- and near-field regions 

Based on the distance from a transmitting antenna, the surrounding area of the antenna 

can be categorized into three sub-regions: reactive near-field region, radiative near-field region, 

and far-field region as shown in Fig. 1-1 [1].  

 Far-field region 

Radiating near-field region 

Reactive  

near-field region 

D 

R1 

R2 

R1 = λ / (2*π) 

R2 = 2D
2 

/ λ + λ 

 

Fig. 1-1. Antenna regions depending on the distance from a transmitting antenna 

The reactive near-field region is the zone where the reactive fields and their oscillating 

energy are predominant [1]. The boundary of this region is 0.62 D3/λ , where D is the diameter 

of the antenna, and λ is the wavelength of the electromagnetic fields [1][2]. If D << λ, near-field 
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region boundary is approximated to λ/(2π). Wavelength λ can be calculated using λ = c / f, where 

c is the speed of light, and f is the operating frequency. 

Radiating near-field region is a transition area between the reactive near-field region and 

the far-field region. In this region, the reactive fields do not exist, but radiation fields 

predominate, and angular field distribution is dependent on the distance from the antenna [1]. 

The boundary of this region is from λ/(2π) to 2D2 / λ + λ, where D is the largest dimension of the 

antenna [3]. 

Far-field region is the zone that radiating field is predominant and the angular field 

distribution is independent of the distance from the antenna. In this region, field components are 

transverse, and the angular distribution is independent of the radial distance. Electromagnetic 

fields in this area are nearly plane waves. The inner boundary of the far-field region is 2D2 / λ + 

λ, and the region extends to infinity [3]. In far-field region, the system must be analyzed using 

antenna theory and Maxwell equations. 

Far-field WPT systems can be categorized into two systems depending on the operating 

principle: directional radiation antenna (microwave antennas) and power beaming by visible 

light (laser and photovoltaic cells). Near-field WPT systems can also be categorized into two 

systems depending on the coupling medium: electric field (capacitive) coupling and magnetic 

field (inductive) coupling. The diagram of classified WPT systems is shown in Fig. 1-2. 

Wireless power 

transfer system

Far-field WPT

Near-field WPT

Microwave antenna

Laser and PV cell

Inductive coupling

Capacitive coupling

Strongly coupled

Loosely coupled

Strongly coupled

Loosely coupled
 

Fig. 1-2. Classification of wireless power transfer systems 



10 

1.1.2 Far-field wireless power transfer 

Far-field WPT systems deliver power from one or more source antennas to one or more 

receiver antennas by electromagnetic field radiation. Typically, far-field systems operate at 

above 300 MHz to achieve high transfer efficiency. The size of λ/4 or λ/2 antennas is commonly 

used for radiation antennas. Since the wavelengths of the systems are comparable with the size of 

the antennas, Maxwell’s equations and wave theories must be applied to analyze the system. 

Lumped element electric circuit theory cannot be used to analyze far-field systems. 

Transmission antennas operating in the range of hundreds of MHz to tens of GHz are 

called “microwave antennas”, and antennas operating over THz are referred as “laser beam 

antennas”. A review on microwave and laser beaming antennas is following in the subsections. 

•  Power radiation with microwave antennas 

The operating frequencies of microwave antennas are usually between hundreds of MHz 

and tens of GHz, thus the wavelengths of the fields are from multi-centimeter to multi-meter. 

Therefore, the first advantage is that they can transmit power over very large distances. 

Secondly, compact antennas can be designed due to high operating frequency.   

However, radiation antennas have several disadvantages for using in large gap, high 

efficiency, kW level WPT systems. Firstly, it is difficult to achieve over 90% efficiency from 

transmitters to receivers, because radiated power is inversely proportional to the square of the 

distance from the antenna. Secondly, maximum radiation power to far-field is legally limited. A 

federal government regulation is given for human body safety. The maximum permissible 

radiated power limit for human body safety in the microwave frequency range in 10 W/m2 

[6][7]. Therefore, high power radiation is strictly limited by human safety issues.  

Due to the poor efficiency and the human safety problems, microwave radiation systems 

typically have been employed in low power and large distance applications, such as RF sensors 
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and RFID cards. High power radiation applications have been investigated only for special 

purposes, such as military or aerospace projects. 

 

 

(a) Energy harvesting [4] (b) Solar power transmission [5] 

Fig. 1-3. Pictures of microwave antennas for far-field transfer 

It has been shown that high power transfer over a large distance is technically achievable 

by radiation at GHz frequencies. However, because the power transfer efficiency is lower than 

90% and the radiated power is legally limited for human safety, the microwave radiation 

technique is not suitable for kW rated electric vehicle battery chargers. 

• Power-beaming with visible laser 

When the operating frequency is increased to the THz range, electromagnetic fields 

become a visible laser. WPT can be achieved by using laser beaming as a transmitter and 

photovoltaic (PV) cells as receivers [8][9][10]. The wavelength is from a few micrometers to 

nanometers. 

In laser beaming WPT systems, electric energy is converted into optical energy through 

laser diodes, and then optical energy is beamed to the far-field area, PV cells located in far-field 

regions convert optical energy to electric energy. 
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(a) Laser beaming power transfer over space [8] (b) Laser power for UAV [9] 

Fig. 1-4. Conceptual diagrams of laser beaming power transfer for far-field 

Compared with microwave systems, the laser-beaming systems have advantages as 

follows: (1) Longer transfer distance can be achieved due to THz operation. (2) The smaller size 

of transmitters and receivers can be fit into small devices. (3) Laser-beaming system can be used 

in some special environments where RF interference with other devices is problematic. 

However, it has several severe drawbacks to be used in high power and high efficiency 

systems. Firstly, the energy conversion efficiency between electric energy and optical energy is 

very low. The efficiency of solid state laser sources was lower than 25% at hundreds of Watts 

output [11][12]. Flat PV arrays with GaAs or Si have an efficiency of 50% and thin-film arrays 

made with amorphous Si or CdTe have conversion efficiency less than 20%. Secondly, precise 

alignment between the transmitter and the receiver is required to maximize transferred power, 

which means the misalignment tolerance of the system is very poor. Thirdly, like microwave 

antennas, critical human body hazard problems exist and high power applications are used in 

special controlled environments such as military or aerospace projects. 

In conclusion, kW power level WPT in tens of centimeters using power beaming at THz 

is technically achievable. However, due to low efficiency and potential hazards to the human 

body, laser beaming WPT system is not suitable for using as electric vehicle battery chargers. 
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1.1.3 Near-field wireless power transfer 

Near-field WPT systems deliver power from one or more transmitting antennas to one or 

more receiving antennas by magnetic or electric coupling of the antennas. Receiving antennas 

are located in the near-field region of transmitting antennas. Their operating frequencies are in 

the range of 10 kHz to 100 MHz and wavelengths are from 3 m to 30 km. 

There are two ways of coupling in near-field WPT: magnetic coupling and electric 

coupling. Near-field WPT via magnetic field coupling is called “inductive power transfer”. It’s 

called “capacitive power transfer” if the transmitter and the receiver are electrically coupled. 

Since the electromagnetic field in the near-field region in non-radiative but reactive, radiation 

loss is very small. Dominant losses are coming from dielectric losses of insulation materials, 

hysteresis and eddy current losses of magnetic materials, and Ohmic losses in conductors. 

Since the characteristic lengths of transmitters and receivers are less than 1/10 of the 

wavelength in most typical near-field systems, lumped parameter approximations can be applied 

to these systems [13].  

Inductive WPT system can be approximated by two inductors with mutually coupled 

inductance as shown in Fig. 1-5 (a), copper losses of the coils are modeled as the equivalent 

resistance of Rcond1 and Rcond2, radiated power from the transmitter and receiver coils are 

modeled as Rrad1 and Rrad2. 

 Rrad1 Rrad2 Rcond1 Rcond2 

Load L1 L2 
M 

Transmitter Receiver 
 

 
Rdielectric1 Rcond11 Rcond12 

Load 

C1 

C2 

Transmitter Receiver 

Rdielectric2 Rcond21 Rcond12 

 

(a) Inductively coupled WPT system (b) Capacitively coupled WPT system 

Fig. 1-5. Lumped circuit approximation of near-field WPT systems  
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Capacitive WPT system can be approximated using two lumped capacitors at forward 

and return paths as shown in Fig. 1-5 (b), copper losses of the capacitors are modeled as 

equivalent resistors Rcond11, Rcond12, Rcond21, and Rcond22. Dielectric losses of the high 

permittivity materials of the capacitors are represented as Rdielectric1 and Rdielectric2.  

The fundamental principle of inductive WPT system is Faraday’s law of induction. 

Oscillating magnetic fields of transmitters induce an electrical potential difference in the 

receiver, and induced voltage in the receiver winding delivers real power to the load. Strongly 

coupled and loosely coupled inductive WPT system are introduced in the following subsections. 

• Strongly coupled inductive wireless power transfer 

Strongly coupled inductive WPT system is the most common form of near-field WPT 

systems. Conventional transformers, DC and AC electric motors, contactless battery charger for 

electric toothbrushes, and cellular phones are typical strongly coupled inductive power transfer 

systems [14][15][16][17]. 

 

 

(a) Contactless toothbrush [14] (b) Assembly of the electromagnetic coupler [17] 

Fig. 1-6. Examples of strongly coupled systems 

In strongly coupled or closely coupled systems, the coupling coefficient is close to unity 

since magnetic cores are used as a flux guide and the transfer distance is very small compared 
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with the characteristic length of the transmitter and receiver [17]. The leakage inductance is 

much smaller than mutual inductance. The coupling coefficient can be calculated using 

k = 
M

L1L2
                                                                (1.1) 

Where, M is the mutual inductance between transmitter and receiver, L1 and L2 are the self-

inductances of transmitter and receiver, respectively. 

Application of strongly coupled systems have a very broad range of power ratings and the 

system efficiencies are usually greater than 90% at rated operation condition. However, the 

efficiency is a strong function of distance and the sizes of transmitter and receiver have to be 

very large to achieve high coupling coefficient. For example, the diameters of the transmitter and 

receiver have to be larger than 5 m to be a strongly coupled system at 30 cm transfer distance. 

In summary, high power, efficient near-field power transfer can be achieved with 

strongly coupled systems. They are effective for a few centimeter distances and ineffective for 

large distance WPT applications. 

• Loosely coupled inductive wireless power transfer 

Compared with strongly coupled inductive WPT system, the coupling coefficients of 

loosely coupled systems are generally less than 0.2 [18][19][20][21], the mutual inductance is 

almost negligible compared with the leakage inductance, and the coupling coefficient decreases 

rapidly as the transfer distance increases. Because of the low coupling coefficient, such systems 

have very low power transfer efficiency. 

 Rrad1 Rrad2 Rcond1 Rcond2 

Load 

jωLlk1 jωLlk2 

jωM 

Transmitter Receiver  

(a) General mutually coupled system 
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 Rrad1 Rrad2 Rcond1 Rcond2 

Load 

jωLlk1 jωLlk2 

Power flow 

Transmitter Receiver  

 
Rrad1 Rrad2 Rcond1 Rcond2 

Load 

jωLlk1 jωLlk2 

Power flow 

Transmitter Receiver  

(b) Strongly coupled system (c) LCIPT system without compensation 

 Rrad1 Rrad2 Rcond1 Rcond2 

Load 

jωLlk1 

Power flow 

Transmitter Receiver  

 Rrad1 Rrad2 Rcond1 Rcond2 

Load Power flow 

Transmitter Receiver  

(d) Receiver Compensated LCIPT system 
(e) Transmitter and receiver compensated 

LCIPT system 

Fig. 1-7. Approximation of near-field inductive power transfer systems  

As shown in Fig. 1-7, in the strongly coupled systems, the mutual inductance term can be 

approximated as an open network because the impedance of the mutual inductance is much 

larger than the leakage inductance. Therefore, input power from the primary side is transmitted 

to the secondary side with high efficiency. However, in the loosely coupled systems, the mutual 

inductance can be treated as a short circuit because the impedance of mutual inductance is much 

smaller than the impedance of leakage inductance, the transmitted power from the primary side 

to the secondary side is almost negligible. 

In order to improve power transfer efficiency and power capacity, series or parallel 

resonant tanks can be implemented by adding capacitors in series or in parallel with both/either 

the transmitter and/or the receiver [22]. This creates a magnetically coupled resonant large air-

gap WPT system. If the receiver resonant tank is used, self- and mutual impedance of the 

receiver is compensated as shown in Fig. 1-7 (d). A large amount of the input power flows to the 

receiver side due to the receiver compensation. Therefore, the power transfer efficiency can be 

significantly increased. 

However, the large transmitter leakage impedance hinders an additional increase in 

power capacity of the system in Fig. 1-7 (d). By adding a capacitor to the transmitter coil, the 
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large leakage impedance of the coil is compensated in Fig. 1-7 (e). Since it is resistive at the 

resonant frequency, the power factor of the system is close to 1 and the power transfer capacity is 

enhanced even further. 

The advantages of loosely coupled resonant inductive WPT systems are that it is good for 

high power and high efficiency systems, and the system can transmit power over large distances. 

However, because of large leakage flux, the first drawback of the system is electromagnetic 

interference (EMI) and electromagnetic compatibility (EMC) issues to adjacent electric devices. 

Secondly, high reactive power at the transmitter and receiver resonant tank is a problem in terms 

of system design for high voltage capability. Finally, human body safety issues have to be 

investigated in such systems because of high reactive energy in the air-gap.  

Large air-gap, resonant WPT systems have been investigated not only for small power 

applications but also for high power applications. Rated power is below tens of Watts, the 

coupling coefficient is below 0.2, and efficiency is over 80% in many implantable biomedical 

devices [23]-[26]. On the other side, rated power is multi-kW, and the distance is tens of 

centimeters, and efficiency is 70~80% in case of electric vehicle chargers [27]-[31]. 

 

 

(a) Biomedical devices charger [23] (b) Electric vehicle battery charger [27]   

Fig. 1-8. Examples of loosely coupled systems 

In summary, loosely coupled resonant systems have been used for tens of centimeters air-

gap WPT with 80% efficiency. Therefore, loosely coupled resonant systems are suitable for 
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20~30 cm, over 90% efficiency, kW power transfer systems. Furthermore, since the transmitters 

and the receivers are working in the near-field region and the operating frequency is up to tens of 

MHz, radiated power to the air is negligible. Unlike far-field WPT systems, loosely coupled 

systems are safe from radiation. 

In addition, loosely coupled systems have to be evaluated for EMI/EMC because of large 

leakage flux. Exceedingly high reactive power of transmitters and receivers has to be considered 

in the system. Finally, human body safety issues caused by the high leakage flux in the air-gap 

have to be considered as well. 

• Capacitive wireless power transfer 

Instead of using a magnetic field, capacitive WPT system utilizes electric field coupling 

between the transmitter and receiver plates [32]-[35]. Fig. 1-9 shows overall system diagram of a 

capacitive WPT system [32]. 

 

Fig. 1-9. Conceptual diagram of capacitive WPT systems 

Advantages of capacitive power transfer systems are, 1) since electric fields are confined 

in the air-gap, electromagnetic interference (EMI) and electromagnetic compatibility (EMC) 

problem can be minimized without field shielding [34], 2) unlike a magnetic field coupling 

system, capacitive power transfer system can transmit power over metal barriers [35]. 
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Fig. 1-10. Comparison of IPT and CPT systems output power versus gap distance  

Comparison of inductive power transfer (IPT) and capacitive power transfer (CPT) 

systems power transfer capability versus transmitter to receiver gap distance with efficiency 

indicated by data point color is shown in Fig. 1-10 [36]. The figure clearly indicates that the IPT 

techniques are generally applicable in small to large gap regions (i.e., > 1mm), while CPT 

techniques are applicable in very small to small gap regions (i.e., < 1 mm). It also indicates that 

both IPT and CPT can achieve ≥ 90% efficiency at kW levels in their respective gap ranges. 

One drawback of the capacitive power transfer system is low efficiency in large air-gap 

applications. In order to achieve over 90% efficiency, electric plates have to be very large. For 

example, the required plates of capacitive power transfer system in [35] for 90% efficiency are 

greater than 1 m × 1 m to transmit power over 1 mm gap at 22 kHz. If the operating frequency is 

increased to 1 MHz, required size of the plates decreased to 16 cm × 16 cm, but the required size 

of the plates is still very large compared with the 1 mm air-gap. A multiple-plates solution is 

proposed for large air-gap applications [37], and the power transfer efficiency is 85.87% at 1.88 

kW output with a 150 mm air-gap distance, which is far lower than power transfer efficiency 

(96% [38]) of inductive WPT systems. 
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Fig. 1-11. Electric field distribution for a six-plate capacitive coupler transferring 2 kW 

through 150 mm air-gap at 1 MHz  

Furthermore, for large air-gap capacitive power transfer system [37], the electric field 

within the air-gap, voltage stress between different plates, is higher than tens kV/m for high 

power application, which is unsafe to human beings and animals in the air-gap region.  As shown 

in Fig. 1-11, when transferring 2 kW through 150 mm air-gap under 1 MHz, the peak electric 

field in the air-gap is 27kV/m [39]. In addition, capacitive power transfer efficiency is very 

sensitive to the alignment of the plates [40]. Moreover, the required inductance to achieve 

resonance is very large in capacitive power transfer systems. Copper and iron losses of the 

inductor will decrease overall power transfer efficiency severely at MHz frequency, and if the 

air-core inductors are used, there should be no metal parts around the inductors. 

In conclusion, efficient and safe high power transfer system with large air-gap is very 

hard to achieve with capacitive WPT systems, which are more suitable for small gap, and low 

power applications. 

1.1.4 Summary of wireless power transfer technologies 

In this section, properties of various potential technologies for large air-gap wireless 

systems have been discussed along with their benefits and drawbacks specific to large air-gap, 

high power transfer system applications. 
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Far-field transfer technologies are able to transmit kW from a few centimeters to a few 

kilometers, but the transfer efficiency is usually lower than 50%, and the maximum radiation 

power is restricted by governments for safety reasons. Hence, far-field WPT systems are not 

applicable solutions for multi-kW commercial products. 

Near-field strongly coupled non-resonant inductive WPT systems are typically used for 

small air-gap, high power, and over 90% efficiency systems. In order to achieve a strongly 

coupled system with 30 cm transfer distance, the diameter of a transmitter and a receiver must be 

bigger than 3 m. For this reason, the strongly coupled WPT systems are not suitable for large air-

gap power transfer applications. 

Small air-gap capacitive WPT systems have better EMI/EMC performance than inductive 

WPT systems, large air-gap capacitive systems are hard to achieve high efficiency and the 

electric field between plates is difficult to reduce within safety limit, therefore, the capacitive 

systems are more suitable for small gap, and low power applications. 

Loosely coupled resonant inductive WPT systems have been used for large distance, kW 

level applications. The coupling coefficient between a transmitter and a receiver is usually not 

larger than 0.2. The resonance in the transmitter and the receiver enables the WPT system to 

achieve high power level and high efficiency with low coupling coefficient. 

Therefore, the loosely coupled resonant inductive WPT systems are currently the most 

relevant technology for the large distance, over 90% efficiency, and multi-kW level applications. 

However, it should be noted that they still have several challenges: 

1) High air-gap magnetic flux density and high air-gap electric field intensity are 

potentially dangerous to humans and animals 

2) Efficiency drop due to misalignment between the transmitter and the receiver 

3) Power scaling law considering the magnetic field and electric field safety regulations 

4) Magnetic field and electric field distributions under misalignment 
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5) Electromagnetic interference (EMI/EMC) with adjacent electric devices 

1.2 Human body safety regulations for RF magnetic field and 

electric field exposure 

1.2.1 Introduction 

Electromagnetic fields generated by WPT system have adverse effects on the human 

body, such as electrostimulation of nerve and muscle system or thermal heating of tissues 

[6][7][41]. As the power rating increases, intensive magnetic and electric fields can cause severe 

injuries in an adjacent human body and system designers must investigate the potential damage. 

According to the literature [7], electrostimulation of nerve and muscle system is the 

major concern at low frequency (below 100 kHz) and tissue heating is critical at high frequency 

(above 5 MHz). In the transition region (100 kHz to 5 MHz), both effects can cause serious 

problems. International regulations of maximum permissible exposure (MPE) limit of RF fields 

to human body exposure are established. Most countries have their own RF field exposure limits. 

In this section, international and individual countries RF safety regulations are reviewed. 

1.2.2 IEEE standard C95.1 - 2005 

One of the most generally accepted standards in IEEE (Institute of Electrical and 

Electronic Engineers) standard C95.1 and its addendums [7]. In this standard, two different kinds 

of regulations are defined in order to avoid electrostimulation effect at low frequency and 

thermal heating effect at high frequency. 

• Basic restrictions to avoid electrostimulation 

IEEE C95.1 restricts electric and magnetic fields energy within the biological tissue (in 

situ) for minimum electrostimulation and thermal heating. They are called basic restrictions 

(BRs). Because it is difficult to measure in situ fields in practice, equivalent MPE limits for 

electric and magnetic fields are listed instead of BRs. MPE limits for the magnetic field from 3 

kHz to 5 MHz are shown in Table 1-1. 
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Table 1-1. MPE for exposure of head and torso, 3 kHz to 5 MHz 

Frequency range 

(kHz) 

General public Persons in controlled environments 

Brms (mT) Hrms (A/m) Brms (mT) Hrms (A/m) 

3.0 – 3.35 0.687/f 547/f 2.06/f 1640/f 

3.35 – 5000 0.205 163 0.615 490 

Note: f is expressed in kHz. 

The averaging time for the measurement to determine the allowed field levels is 0.2 s. It 

should be noted that the averaging time is very short, since injuries by electrostimulation are 

instantaneous. 

From 3.35 kHz to 5 MHz that most WPT systems are operating at, allowed magnetic flux 

density for head and torso is 0.205 mT for the general public, and it is 0.615 mT for the persons 

in controlled environments. The MPEs for exposure of limbs from 3 kHz to 5 MHz are shown in 

Table 1-2. 

Table 1-2. MPE for exposure of limbs, 3 kHz to 5 MHz 

Frequency range 

(kHz) 

General public Persons in controlled environments 

Brms (mT) Hrms (A/m) Brms (mT) Hrms (A/m) 

3.0 – 3.35 3.79/f 3016/f 3.79/f 3016/f 

3.35 – 5000 1.13 900 1.13 900 

Note: f is expressed in kHz. 

From 3.35 kHz to 5 MHz that most WPT systems are operating at, allowed magnetic flux 

density for limbs is 1.13 mT for general public and persons in controlled environments, which is 

about 5 times higher than the fields allowed for head and torso in general public environment.  

• Basic restrictions to avoid thermal heating 

It has been demonstrated that detrimental temperature increase of whole- and localized 

body exposure is more important than the electrostimulation of the nerve and muscle systems at 

high operating frequency for long time operation. Behavioral disruption in rats and non-human 

primates exposed to RF energy was often associated with a core body temperature increase of 

about 1 °C above normal [7]. 
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Specific absorption rate (SAR) is the key metric that is directly related to the temperature 

rise with the dissipated energy in a human body. According to IEEE C95.1, SAR is “The time 

derivation of the incremental energy (dW) absorbed by an incremental mass (dm) contained in a 

volume element (dV) of given density (ρ).” The unit of SAR is the Watt per kilogram (W/kg). 

The SAR can be related to the electric field and to the increase in temperature at a point by (1.2). 

SAR = 
d

dt





dW

dm
 = 

d

dt





dW

ρdV
 = 

σ|E|2

ρ
 = c 



∆T

∆t t = 0                                 (1.2) 

Where σ is the tissue conductivity (S/m), ρ is the tissue mass density (kg/m3), E is the RMS 

electric field strength in tissue (V/m), ∆T is the change in temperature (°C), ∆t is the duration of 

exposure (s), and c is specific heat capacity (J/kg°C). A SAR of 58.6 W/kg is corresponding to a 

temperature increase of 1 °C/min of a high-water-content tissue [7]. IEEE C95.1 standard 

suggests basic restrictions for the whole- and localized body exposure as shown in Table 1-3. 

Table 1-3. BRs for frequencies between 100 kHz and 3 GHz 

  
General public 

SAR (W/kg) 

Persons in controlled 

environments SAR (W/kg) 

Whole-body exposure 
Whole-body 

average (WBA) 
0.08 0.4 

Localized exposure 
Localized (peak 

spatial-average) 
2 10 

Localized exposure 
Extremities and 

pinnae 
4 20 

Note: Localized exposure is averaged over any 10 g of tissue. 

Localized exposure SAR restrictions are important in case of a human body is subjected 

immediately to the air-gap region. For example, if a person put his head in the air-gap region of a 

WPT system, SAR in the head should be less than 2 W/kg for the general public and 10 W/kg for 

the persons in controlled environments. Whole-body exposure restrictions are also important if a 

human body is subjected to uniform electromagnetic fields generated by the system. 

Electromagnetic fields of a WPT system were approached to a uniform value if the 

distance from the system is 5 times larger than the size of the coils. Therefore, whole-body 
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exposure SAR values have to be evaluated for a person at a far distance. Because of the 

difficulties in measuring whole-body average SAR of tissues, equivalent MPE limits to protect 

against adverse effects associated with thermal heating are shown in Table 1-4 and Table 1-5. 

Table 1-4. MPE for the people in controlled environments 

Frequency 

(MHz) 

RMS electric 

field strength 

(E, V/m) 

RMS magnetic 

field strength 

(H, A/m) 

RMS power density (S) 

E-field, H-field (W/m2) 

Averaging 

time |E|2, |H|2 

or S (min) 

0.1 – 1.0 1842 16.3/fM (9000, 100 000/fM
2 ) 6 

1.0 – 30 1842/fM 16.3/fM (9000/fM
2 , 100 000/fM

2 ) 6 

30 – 100 61.4 16.3/fM (10, 100 000/fM
2 ) 6 

100 – 300 61.4 0.163 10 6 

300 – 3000 - - fM/30 6 

Note: fM is the frequency in MHz. 

Table 1-5. MPE for the general public when an RF safety program is unavailable 

Frequency 

(MHz) 

RMS electric 

field strength 

(E, V/m) 

RMS magnetic 

field strength 

(H, A/m) 

RMS power density 

(S) E-field, H-field 

(W/m2) 

Averaging time 

|E|2, |H|2 or S 

(min) 

0.1 – 1.34 614 16.3/fM (1000, 100 000/fM
2 ) 6 6 

1.34 – 3 823.8/fM 16.3/fM (1800/fM
2 , 100 000/fM

2 ) fM
2 /0.3 6 

3 – 30 823.8/fM 16.3/fM (1800/fM
2 , 100 000/fM

2 ) 30 6 

30 – 100 27.5 158.3/f M
1.668 (2, 9 400 000/f M

3.336) 30 
0.0636 

*f M
1.337 

100 – 400 27.5 0.0729 2 30 30 

400 – 2000 - - fM/200 30 

Note: fM is the frequency in MHz. For non-uniform exposures, the mean values of the exposure 

fields, as obtained by spatially averaging the squares of the flux densities or averaging the power 

densities over an area equivalent to the vertical cross-section of the human body are compared 

with the MPEs in the table. 

The detrimental effects, SAR and electrostimulation of tissues cannot be tested 

experimentally, and MPE limits are difficult to be used for near-field WPT systems due to the 
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strong non-uniform fields in the air-gap. Consequently, researchers use full wave finite element 

analysis (FEA) simulation tools, such as ANSYS HFSS, CST Microwave studio, and SEMCAD 

etc. in order to get in situ magnetic flux density, electric field strength and SARs 

[42][43][44][45]. Using FEA software, human body safety problems of a large air-gap, multi-kW 

WPT system will be investigated in the later part of this thesis. 

1.2.3 ICNIRP Guidelines - 1998 

In 1998, the International Commission on Non-Ionizing Radiation Protection (ICNIRP) 

published guidelines for electromagnetic fields exposure. The publications on biological effects 

from exposure to AC fields have been reviewed by UNEP (United Nations Environment 

Programme) / WHO (World Health Organization) / IRPA (International Radiation Protection 

Association). Europe countries follow ICNIRP guidelines and the WHO recommends satisfying 

the guidelines as well.  

ICNIRP suggested two types of guidelines: induced current density and SAR. According 

to literature in the guideline, induced current density is important at low frequency (below 100 

kHz), and SAR is important at high frequency (Over 10 MHz).  

Table 1-6 shows the basic restrictions for AC fields in order to protect from 

electrostimulation and heating injuries. It should be noted that from 1 kHz the allowed current 

density increases as the operating frequency increases for both general public and occupational 

exposure as shown in Table 1-6 and Fig. 1-12.  

Table 1-6. BRs for frequencies up to 10 GHz 

Exposure 

characteristics 

Frequency 

range 

Current density 

for head and 

trunk (mA/m2, 

rms) 

Whole-body 

average 

SAR (W/kg) 

Localized 

SAR (head 

and trunk) 

(W/kg) 

Localized 

SAR 

(limbs) 

(W/kg) 

Occupational 

exposure 

1 kHz – 100 

kHz 
f/100 - - - 

100 kHz – 

10 MHz 
f/100 0.4 10 20 

10 MHz – 

10 GHz 
- 0.4 10 20 
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General 

public 

exposure 

1 kHz – 100 

kHz 
f/500 - - - 

100 kHz – 

10 MHz 
f/500 0.08 2 4 

10 MHz – 

10 GHz 
- 0.08 2 4 

Note: f is the frequency in Hz. 
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Fig. 1-12. Induced current density limit for head and torso in ICNIRP guidelines 

Instead of BRs, electric and magnetic field strength levels are listed in Table 1-7. 

Compared with IEEE C95.1-2005, SAR limits are the same while induced current limits are 

established instead of in situ electric field limits in IEEE C95.1-2005. In addition, electric field 

strength and magnetic field strength permissible limits decrease as the frequency increases 

because the thermal heating problem is more severe at high frequency. 

Table 1-7. Reference levels for occupational and general public exposure 

Exposure 

characteristics 
Frequency range 

Electric field 

strength (V/m) 

Magnetic field 

strength (A/m) 

Occupational 

exposure 

0.82 – 65 kHz 610 24.4 

0.065 – 1 MHz 610 1.6/f 

1 – 10 MHz 610/f 1.6/f 

10 – 400 MHz 61 0.16 

General public 

exposure 

0.8 – 3 kHz 250/f 5 

3 – 150 kHz 87 5 

0.15 – 1 MHz 87 0.73/f 

1 – 10 MHz 87/f 1/2 0.73/f 

10 – 400 MHz 28 0.073 

Note: f is the frequency in MHz. 
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Fig. 1-13. RMS maximum permissible exposure limits illustration 

It should be noted than ICNIRP 1998 regulation is more conservative than IEEE C95.1-

2005 standard for both occupational and general public exposures. For example, when the 

operating frequency is 3.7 MHz, electric field strength limit, magnetic field strength limit and 

magnetic flux density of ICNIRP 1998 under occupational exposure condition are 165 V/m, 

0.432 A/m and 0.543 µT, respectively, while electric field strength limit, magnetic field strength 

limit and magnetic flux density of IEEE C95.1-2005 under occupational exposure condition are 

498 V/m, 4.405 A/m and 5.533 µT, respectively. However, the basis limits for the IEEE C95.1-

2005 standard to protect against established adverse health effects for whole body exposure in 

human beings is consistent with the ICNIRP guidelines. For localized exposure, the IEEE C95.1-

2005 standard uses the recent scientific information to protect against adverse effects in the 

tissues most sensitive to thermal effects [7]. 
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1.2.4 ICNIRP Guidelines - 2010 

In 2010, ICNIRP revised the exposure standard to time-varying electric and magnetic 

fields from 1 Hz to 100 kHz and increased the reference level significantly. 

The reference levels for occupational exposure and general public exposure to the time-

varying electric field and magnetic field (unperturbed RMS values) from 1 Hz to 10 MHz in 

ICNIRP guidelines - 2010 are listed in Table 1-8.  

Table 1-8. Reference levels for occupational exposure and general public exposure to time-

varying electric and magnetic fields (unperturbed RMS values)  

Exposure 

characteristics 
Frequency range 

Electric field 

strength (kV/m) 

Magnetic field 

strength (A/m) 

Occupational 

exposure 

1 Hz – 8 Hz 20 1.63 × 105/f2 

8 Hz – 25 Hz 20 2 × 104/f 

25 Hz – 300 Hz 5 × 102/f 8 × 102 

300 Hz – 3 kHz 5 × 102/f 2.4 × 105/f 

3 kHz – 10 MHz 1.7 × 10–1 80 

General public 

exposure 

1 Hz – 8 Hz 5 3.2 × 104/f2 

8 Hz – 25 Hz 5 4 × 103/f 

25 Hz – 50 Hz 5 1.6 × 102 

50 Hz – 400 Hz 2.5 × 102/f 1.6 × 102 

400 Hz – 3 kHz 2.5 × 102/f 6.4 × 104/f 

3 kHz – 10 MHz 8.3 × 10–2 21 

Note: (1) f in Hz. (2) See separate sections on guidelines for advice on non-sinusoidal and 

multiple frequency exposures. (3) In the frequency range above 100 kHz, RF specific reference 

levels need to be considered additionally. 

In frequency range above 100 kHz, RF specific reference levels need to be considered 

additionally, such as the ICNIRP-1998 and the IEEE C95.1-2005 standard, since above 100 kHz, 

tissues heating should be taken into consideration. The magnetic field and electric safety levels 

listed in Table 1-8 can only be regarded as the electrostimulation safety limit. 

Compared with the IEEE C95.1-2005, the ICNIRP-2010 for 1 Hz to 100 kHz is still 

conservative. For frequency range above 100 kHz, the ICNIRP organization is still working on it 

and will release it soon, ICNIRP-1998 should be used for above 100 kHz evaluation. 
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1.2.5 Summary of human body safety guidelines review 

Two widely adopted safety guidelines have been reviewed in this section: IEEE C95.1 

and ICNIRP guidelines. The ICNIRP guidelines are widely considered very conservative. The 

IEEE C95.1 standard uses the more recent scientific information to establish the standard, and 

there is no health report showing that the IEEE C95.1 standard is not safe, therefore the IEEE 

C95.1 standard will be used as the safety baseline in the design methodology. 

In the literature, the safety of the EV charging systems has been evaluated by means of 

the simulated and measured magnetic flux density at a certain distance away from the winding. 

However, it led to an unsafe system because the most dangerous area is the air-gap center region. 

The flux density in the air-gap center region is much higher, and the field can cause severe 

injuries to humans and animals. In addition, the electric field was not paid enough attention. It is 

the high frequency electromagnetic field which contains electric field and magnetic field that 

transfers power from the transmitter to the receiver. Both the magnetic field and the electric field 

should meet the safety limits. New system design methodologies are required that satisfy the 

safety regulations as well as achieve high efficiency and transfer high power.  

1.3 Operating principle and field distribution of loosely coupled 

inductive wireless EV chargers 

In this section, research on field distribution of electric vehicle battery chargers with 

loosely coupled inductive WPT systems is reviewed. EV battery chargers are classified into two 

categories: stationary and in-motion chargers [29]. 

1.3.1 Operating principle and field distribution of stationary inductive 

wireless EV chargers 

Stationary inductive wireless EV battery chargers have been widely explored with respect 

to different power level and air-gap distance, the focus of existing literature is improving the 

coil-to-coil efficiency and the DC-to-DC efficiency from kW to tens of kW [46]-[83]. Less 
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attention has been paid to the magnetic and electric field distributions in the air-gap center 

region, which is accessible to human beings and animals. 

According to the SAE J2954 [85], foreign object detection (FOD) and living object 

protection (LOP) systems are required for inductive WPT products, which must ensure the 

wireless charger is immediately shut down when parts of human body and animals approach the 

zone where field strengths exceed safety limits. However, bad things could happen if FOD and 

LOP systems don't work properly considering that the air-gap center region is accessible to 

humans and animals, and the electrostimulation of nerves and muscle happens instantly.  

 

 
(b) 2 kW pad with an air-gap of 200 mm 

 

(a) Exploded view of a power pad 

 

(c) Measured flux density 
(d) Measured and simulated flux density along 

measurement line in air-gap center plane 

Fig. 1-14. 2 kW WPT system over 200 mm distance using circular pad 
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Circular pads have been widely used in inductive WPT systems. Covic et al presented a 

systematic approach to design and optimize circular magnetic structures for lumped inductive 

WPT systems [52]. A power pad with 700 mm diameter, as shown in Fig. 1-14 (a) and (b), was 

designed and optimized to transfer 2 kW over 200 mm air-gap at 20 kHz. Measured flux density 

applying spatial averaging across a female standing 170 mm from the edge of a power pad 

system transferring 2 kW is shown in Fig. 1-14 (c). Measured and simulated flux densities along 

a contour midway between aligned and offset pad beginning at the center (measurement line as 

shown in Fig. 1-14 (c)) are shown in Fig. 1-14 (d). The peak flux density along the measurement 

line increases slightly (less than 20%) from aligned condition to 130 mm misaligned condition. 

The authors claimed that the system met the ICNIRP guideline and was safe to use since the spot 

flux density was 27.3 μT at a distance 500 mm from the center of the pad. However, the peak 

magnetic flux density in the air-gap center plane, which is accessible to human beings and 

animals, is above 1000 μT under aligned and misaligned conditions, which is about 4 times 

higher than the IEEE C95.1 - 2005 electrostimulation safety limit 205 μT. In addition, the 

electric field distribution in the air-gap was not mentioned. Power scalability limitation under 

magnetic field and electric field safety limits was also not discussed. 

  
(a) DD pad design variables (b) DDQ pad design variables 
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(c) DD pad flux pattern (d) DD pad and DDQ pad coupling modes 

Fig. 1-15. DD pad and DDQ pad design variables, flux pattern, coupling modes 

Due to the limited design space for electric vehicles and the shape of electric vehicles, 

polarized couplers, such as double D (DD) pad and double D with a quadrature coil (DDQ) pad 

shown in Fig. 1-15 (a) and (b), were proposed to improve the mutual coupling and the power 

transfer efficiency [30][31]. The DD pad forms a “flux pipe” between coil a and coil b, as shown 

in Fig. 1-15 (c), the height of the intra-pad flux Φip is controlled by the adjusting the width of the 

coils in the shaded area. The fraction of flux Φip that couples to the receiver pad is mutual flux as 

shown in Fig. 1-15 (d). These paths allow good coupling to a similarly shaped receiver because 

the fundamental height hz is proportional to half of the pad length. DD receiver coil can only 

couple horizontal flux components, a quadrature coil is added to the receiver coil to improve the 

coupling due to horizontal offsets. The coupling modes under aligned and misaligned conditions 

are plotted in Fig. 1-15 (d). 

Charge zones for DD-DDQ and circular pads are shown in Fig. 1-16 (a). Full power can 

be transferred anywhere within the lightly shaded areas. The charge zones show that DD-DDQ 

coupler has better misalignment tolerance than circular coupler. The magnetic field distributions 

transferring 2 kW through 200 mm air-gap at 20 kHz were compared in Fig. 1-16 (b) with 130 

mm horizontal misalignment. From circular pad analysis in [52], it is shown that the peak flux 

densities under aligned and misaligned (130 mm) conditions change within 20%. The air-gap 

center plane peak flux densities for all proposed pads are above 1 mT, which is at least 4 times 

higher than the IEEE C95.1-2005 electrostimulation safety limit 205 μT. However, the authors 
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claimed that the systems were safe since the flux density at a distance of 1.5 m from the center is 

lower than the ICNIRP guidelines. Since the coupling of DD pad is caused by the horizontal 

flux, there is a null coupling point in the horizontal line if the receiver is also a DD pad. The 

mutual coupling is determined by the flux path height or the pad length. 

 

 
(a) Comparison of charge zones (b) Simulated leakage magnetic flux 

Fig. 1-16. Comparison of circular coupler, DD-DDQ coupler charge zones, and simulated 

leakage magnetic flux 

The circular pad generates the vertical field, while the DD pad produces horizontal field, 

therefore, if a vehicle is equipped with a circular pad as a receiver and parks over a DD pad, the 

coupling between the transmitter and the receiver will reduce significantly, in addition, the 

leakage magnetic field will increase hugely. A bipolar pad (BPP) and a tripolar pad (TPP) are 

proposed to solve this problem [53]-[57]. 

 
 

(a) DD pad structure (b) Bipolar pad structure 
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(c) DD pad flux pattern (d) Bipolar pad flux pattern 

Fig. 1-17. DD pad and bipolar pad structures and flux patterns 

The bipolar pad structure and flux pattern are compared with the DD pad in Fig. 1-17 

[54]. Adjusting the overlap area of coil 1 and coil 2 of bipolar pad, the amount of flux, generated 

by coil 1, that goes through area S2 is equal to the return amount of flux going through area S1, 

then coil 1 and coil 2 are mutually decoupled, which allows the currents within each coil to be 

independent in both phase and magnitude and provides a better misalignment tolerance.  

 

 
(b) Tripolar pad layouts 

 

(a) Construction of a tripolar pad 

 

(c) Simulation setup for BPP secondary 

and TPP primary 
(d) Field distribution simulation results 

Fig. 1-18. Tripolar pad and bipolar pad for inductive power transfer systems 

Mutual decoupling among three coils in a tripolar pad was achieved by appropriately 

adjusting the overlap between the coils so that the net EMF induced in an adjacent coil was as 
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close as possible to zero [55]-[57]. When the secondary coil has rotational misalignments, three 

mutually decoupled coils can be controlled and driven individually to generate a polarized 

magnetic field relative to the position of the secondary coil, which helps achieve the rotational 

tolerances of a non-polarized pad while still taking advantages of a polarized magnetic field.  

Both bipolar pad and tripolar pad generate vertical flux, and the mutual coupling is 

determined by the area enclosed by the pad. They can be treated as an equivalent way to increase 

the enclosed area to improve the coupling compared with using a single large pad. 

The operating frequency was 20 kHz, and Litz-wire was used to build the coil. During 

simulation and experiment tests, TPP was used as the primary coil and bipolar pad was used as 

the secondary coil as shown in Fig. 1-18. The air-gap was 200 mm, the evaluation power was 

1554 W for layout A and 2040 W for layout B. Three coils in layout A are mutually decoupled to 

independent control current in each coil, and in layout B are mutually enhanced to increase the 

power transfer efficiency. The peak magnetic flux density in the air-gap center plane was still 

above 1 mT. It is claimed that the magnetic flux density 850 mm away from the center of the 

secondary coil is lower than 27 μT provided by the ICNIRP guidelines [57]. The peak electric 

field intensity in the air-gap center plane and around the coil was not mentioned. 

A double-sided coil, as shown in Fig. 1-19 (a), was proposed for inductive WPT systems 

[49][58]. It is claimed that the double-sided coils were more beneficial in misalignment tolerance 

than single-sided coils and the size of the coils for same power level can be reduced using 

double-sided coils. Because the flux goes through the ferrite like through a pipe, it’s also called a 

flux-pipe coupler. Because of the unwanted leakage flux, aluminum foils were used to shield 

magnetic flux at the back of the core and increase the coupling coefficient. Ferrite core was 

added to guide magnetic flux flow, increase coupling coefficient, and reduce required current for 

same flux level. However, when the shielding is added, the quality factor of a flux-pipe coupler 

reduces from 260 to 86 [59]. The high shielding loss makes the flux-pipe coupler not a good 

choice. In addition, when transferring 3 kW over 160 mm air-gap or 200 mm air-gap at 50 kHz, 
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the leakage magnetic flux density, as shown in  Fig. 1-19 (d), is at least two times higher than the 

IEEE C95.1-2005 electrostimulation safety limit at 150 mm away from the center, which means 

the air-gap center point magnetic flux density will be much higher. 

 

 

(b) Flux line of single-sided coils 

 

(a) Magnetic flux of the double-sided coils 

 
(c) Picture of a prototype (d) Leakage flux measurement 

Fig. 1-19. A double-sided coil flux loop and leakage flux measurement 

Due to the limited installation space under the electric vehicle, the receiver coil is usually 

smaller than the primary coil. In order to evaluate the induced high field strength in the body 

tissue of humans and living organisms nearby, numerical simulation with human body model and 

animal model is necessary. A prototype, shown in Fig. 1-20 (a), with a 600 mm diameter primary 

coil and a 300 mm diameter secondary coil was designed to transfer 3.3 kW through 150 mm air-

gap at 85 kHz, the EMF generated by WPT systems was evaluated using a human model and a 

cat model [60]. A detailed anatomical human model with 14 internal organs as well as a titanium 

pacemaker provided by DENSO International America, Inc., was used for the numerical 

simulation. A cat model was used to test the radiation level when this small animal went under 

the vehicle. The vehicle was also modeled, because the vehicle body, especially its chassis has 

shielding effect to the magnetic field since the material is metal. The car glasses and all objects 

inside, which are not metal and far from the radiation source, are neglected.  
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(a) Photo of the test-bed (b) Simulation models for radiation 

  

(c) Simulation results of magnetic field and 

electric field for the worst case 

(d) Simulation results of magnetic field for 

small animals laying inside the air-gap 

  
(e) Simulated and measured results of 

magnetic field 

(f) Simulated and measured results of 

electric field 

Fig. 1-20. Test set-up, and results of magnetic field and electric field 

It is claimed that the worst case to have the highest level of radiation is the human laying 

down on his left side, face the vehicle and the radiation source as shown in Fig. 1-20 (b). The 

simulation results of magnetic field and electric field for the worst case as shown in Fig. 1-20 (c) 

were lower than the ICNIRP guideline. However, his arms can put under the vehicle chassis, 

which will have more severe effects and is the much worse case. The peak magnetic flux density 
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in the cat as shown in Fig. 1-20 (d) is 2.68 mT, which is about 10 times higher than the IEEE 

C95.1 - 2005 electrostimulation safety limit 205 μT. EMF is measured with an electric and 

magnetic field probe EHP-200 along the line midway between the pad. The line begins from the 

edge of the primary coil, which is 300 mm from the air-gap center point. The measured and 

simulated results along this line are shown in Fig. 1-20 (e) and (f). Although the magnetic field 

with 300 mm away from the center was lower than the IEEE C95.1-2005 electrostimulation 

magnetic field safety limit 205 μT, the air-gap center plane central point magnetic field was not 

shown. According to the simulation result for the cat model, it’s easy to estimate the air-gap 

center plane central point magnetic flux density is higher than IEEE C95.1-2005 

electrostimulation magnetic field safety limit 205 μT. In addition, the electric field with 300 mm 

away from the center was higher than the IEEE C95.1-2005 electrostimulation electric field 

safety limit 614 V/m. 

 

Fig. 1-21. Evaluation positions of human body expose to WPT system 

There are also other research works using human body model to evaluate the power limit 

within the safe magnetic field and electric field levels. On one hand, human body models are not 

accurate enough to represent all kinds of human beings, like pregnant women and people with 

different kinds of illness. On the other hand, most of the exposure evaluation and power limit 
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calculation processes placed human body model almost adjacent to the coil, as shown in Fig. 

1-21, these evaluation processes are not the case when charging electric vehicles [61]-[78]. 

Operating at MHz frequency has been proposed to improve the coil-to-coil efficiency and 

reduce the air-gap center region magnetic flux density [50][79]-[83]. When the input voltage 

keeps the same, increase the frequency will increase the equivalent input impedance of the 

system, and then the required current will be reduced. For the same system, when the current is 

reduced, the flux density will also be reduced based on magnetic field Ampere's law.  

Due to the irregularities in the fabrication process and parasitic capacitances between the 

adjacent turns, conventional Litz-wire is rarely useful in MHz frequency. Surface spiral winding 

(SSW), shown in Fig. 1-22 (a), was proposed to reduce the skin and proximity effect losses at 

MHz frequency [50][79]-[83]. SSW twists the copper layer in each turn following a Litz-wire 

pattern, therefore, it can reduce the proximity effect loss.  

A 7-turn SSW with twist factor 1, loop radius 205 mm, cross-sectional radius 25 mm, 

turn space 2.5 mm, and wall thickness 0.3 mm was built as the transmitter. A single turn copper 

tubing with loop radius 180 mm, cross-sectional radius 4.75 mm, and wall thickness 1 mm was 

set as the receiver. The air-gap distance between the transmitter and the receiver was 300 mm. 

The operating frequency was set at 3.7 MHz. 

The magnetic field distribution when transmitting 3 kW was shown in Fig. 1-22 (c), the 

air-gap center plane peak flux density was around 170 μT, which satisfied the IEEE C95.1-2005 

magnetic field electrostimulation safety limit. However, the author didn’t consider the magnetic 

field tissue heating safety limit, which reduces as the operating frequency increases above 100 

kHz. At 100 kHz, the electrostimulation and the tissue heating safety limits are the same.  
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(a) SSW geometry (b) SSW design variables 
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(c) Magnetic field distribution (d) Electric field distribution 

  
(e) Lab test setup (f) Voltage breakdown 

  
(g) Coil voltage stress vs. load resistance (h) Coil losses vs. load resistance 

Fig. 1-22. A 3.7 MHz WPT system transmitter, field distribution, and properties 

In addition, the electric field distribution was not evaluated, which is as important as the 

magnetic field. The induced electric field distribution is simulated and shown in Fig. 1-22 (d), 

the peak electric field intensity in the air-gap center plane is above 6000 V/m, which is about 10 

times higher than the IEEE C95.1-2005 electric field electrostimulation safety limit 614 V/m. 

Although the required current to transfer the same amount of power reduces significantly at MHz 

operating frequency compared with kHz operating frequency, the required voltage increases 

hugely. An excitation coil as shown in Fig. 1-22 (e) was added to provide the required voltage. 

According to the experimental tests at 3.5 MHz, the voltage breakdown, shown in Fig. 1-22 (f), 
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did occur in the SSW when transferring 1 kW under the optimal load. The load resistance can be 

increased to reduce the voltage stress as shown in Fig. 1-22 (g). However, the power transfer 

efficiency reduces as the load resistance increases as shown in Fig. 1-22 (h), which is a bad 

solution to push the system to transfer higher power.  

Various shielding techniques, such as magnetic shield, passive shield, active shield and 

reactive shield, were developed to reduce the leakage magnetic field [46][86]-[100]. Since the 

vehicle body is metal, magnetic shielding above the receiver and below the transmitter is 

necessary to maintain the coupling and the coil-to-coil power transfer efficiency between the 

transmitter and the receiver [46]. The optimal geometry of the coils with the ferrite shield for 

minimizing the magnetic near-fields from the WPT system for EV was developed in [86]. The 

system was designed to transfer 3 kW over 200 mm air-gap at 20 kHz. The initial coil design and 

the final coil design are compared in Fig. 1-23 (a) and (b), the horizontal line starting from the 

air-gap center point is located in the air-gap center plane, the vertical line is 750 mm away from 

the air-gap center. According to the simulation results showing in Fig. 1-23 (e) and (f), the 

magnetic near field from the coils can be minimized by making the average winding diameters to 

be 2 times larger than the air-gap length and the ferrite shield diameters to be 3 times larger 

than the air-gap length, which resulting in over 29.12% reduction of the magnitude of the 

magnetic near field with negligible loss in the WPT system. 

  
(a) Initial coil design (b) Final coil design 
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(c) Side view of the coils (d) Evaluation lines configuration 

  
(a) Magnetic field along horizontal line (b) Magnetic field along vertical line 

Fig. 1-23. Effects of coil and ferrite geometry on magnetic field 

However, the authors didn’t consider the increase of the air-gap center plane peak 

magnetic flux density. In the air-gap center plane central point, the peak magnetic flux densities 

of both designs are over 2000 μT, which is at least 9 times higher than the IEEE C95.1-2005 

magnetic field electrostimulation safety limit 205 μT. After changing to a large ferrite plate, the 

peak magnetic flux density increases by almost 1000 μT. In addition, the electric field 

distribution in the air-gap was not considered in both designs. 

The passive shield method, shown in Fig. 1-24, uses a metal plate and metallic brush to 

confine the magnetic field within limited space [87]-[89]. Passive shielding is effective in 

blocking the magnetic field being emitted from the bottom of the vehicle to the side of the 

vehicle. However, the passive shield has a physical limitation when used in a WPT system 

because the shield should fully cover the WPT coils. In addition, the time-varying magnetic field 

will generate eddy current losses in these shields.  
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Fig. 1-24. Passive shield methods using metal plate and metal brush 

The magnetic field can be canceled by using an active shield. However, the size, weight, 

and power consumption of the additional power supply for an active shield are additional 

burdens for the electric vehicle system. In addition, the magnetic field in the air-gap region won’t 

be affected by the active shield. 

Reactive shield coil, shown in Fig. 1-25 (a) and (b), was also developed to reduce the 

magnetic near field [90]-[92]. Through impedance control, the induced magnetic flux generated 

by the shield coil has the opposite phase with the magnetic flux generated by the WPT coils to 

reduce the leakage magnetic near field. A WPT system transferring 500 W through 15 cm air-

gap at 20 kHz was used to verify the shielding effectiveness. The test setup and simulation 

results with no shield, single reactive shield coil and double reactive shield coils are shown in 

Fig. 1-25 (c), (d), (e), (f), (g) and (h). The vertical observation line is 20 cm away from the edge 

of the electric vehicle. After adding the reactive coils, the magnetic flux density at the 

observation line was reduced. However, the peak magnetic flux density in the air-gap center 

plane remained almost the same, which was above 500 μT, 2 times higher than the IEEE C95.1-

2005 magnetic field electrostimulation safety limit 205 μT. It would be much higher if the output 

power increases from 500 W to kW level. In addition, the air-gap center plane electric field 

intensity was not evaluated. 

  

(a) Single reactive shield coil topology (b) Double reactive shield coils topology 
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(c) Configuration perspective view (d) Coil geometrical dimensions 

  
(e) Configuration cross-sectional view (f) Field distribution with no shield 

  
(g) Field distribution with single reactive 

shield coil 

(h) Field distribution with double reactive 

shield coils 

Fig. 1-25. Reactive shield coil topologies and field distributions 

Plate shield, ring shield, Litz shield, and revere loop shield, shown in Fig. 1-26 (b) - (e), 

were compared to reduce the stray magnetic field. The quantified results along the air-gap center 

plane are shown in Fig. 1-26 (f) [105]. The investigated system transferred 100 W output power 

through 40 mm air-gap at 100 kHz. The authors said that the stray magnetic field on the side of 

the coils could be attenuated by 75%. However, the paper did not investigate the effects on air-

gap center plane peak magnetic flux density and electric field intensity, and power transfer 

efficiency. In addition, even though under the best case, the magnetic flux density at 75 mm 

away from the central point was about 80 µT, when the transferrable power was scaled up to 2.5 

kW, the excitation current would increase by 5 times since P is proportional to I2, which would 

result in the increase of magnetic flux density by 5 times, then the magnetic flux density at 75 

mm away from the central point would be around 400 µT, which is about 1.4 times higher than 

the IEEE C95.1-2005 safety limit, the peak magnetic flux density along the air-gap center plane 

would be much higher. 
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(a) Flux lines of stray magnetic field (b) Plate shield 

   
(c) Ring shield (d) Litz shield (e) Revere loops shield 

 
(f) Quantified stray magnetic field along the air-gap center plane 

Fig. 1-26. Comparison of different reactive shield structures to reduce stray magnetic field 

 Phase shift control method was investigated to reduce the stray magnetic field [106]. The 

magnetic field around the coils is fundamentally a vector combination of the magnetic fields 

generated by the transmitter and the receiver. Through manipulating the current phase difference, 
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the stray magnetic field can be reduced. The current phase difference was manipulated using a 

dual-side controlled converter as shown in Fig. 1-27 (c). The evaluated system transferred 100 W 

through 40 mm air-gap at 100 kHz. According to the results shown in Fig. 1-27 (e) and (f), the 

stray magnetic field did reduce by controlling the current phase difference. However, the paper 

didn’t investigate the effects on air-gap center plane peak magnetic flux density, electric field 

intensity, and power transfer efficiency. When using phase shift control, the converter at the 

receiver side can’t operate under soft-switching mode, in addition, there will be imaginary power 

circulating in the resonant tank without delivering to the load. 

 

 

(a) Magnetic field generated by IPT coils 
(b) Phasors representing currents and stray 

magnetic fields 

 
 

 
(c) Quantified stray magnetic field along the air-gap center plane 

  

(d) Measurement positions (e) Quantified magnetic field 
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(f) Magnetic field distributions under different current phase differences 

Fig. 1-27. Reducing stray magnetic field by phase shift control 

There are many companies in the marketplace that provide wireless chargers for buses 

and vehicles, several selected companies are discussed as follows [107]. 

 IPT Technology from Germany uses their IPT Charge e-Mobility technology provides 

wireless opportunity charging of hybrid and electric buses equipped with secondary receiver 

coils. The operating frequency is 15-20 kHz and the transmitting distance are less than 4 cm. 

Their system is modular for ease of handling and integration and to match the electric bus size. 

While 60 kW modules are standard for infrastructure transmitters, the bus module size varies 

with the length of the bus. A 30-kW module is used for buses up to 30 feet long and a 60 or 120 

kW module is used for 40-foot buses. 
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Utah State University spun off the Wireless Advanced Vehicle Electrification (WAVE) 

startup to commercialize IPT technology for electric buses after developing it within its 

Electrodynamic Lab. The initial WAVE technology bus demonstration prototype was a campus 

bus shuttle (Aggie Bus), which modified a 22-foot electric bus to recharge its nickel cadmium 

(NiCd) battery for 5 minutes every 15 minutes. The Aggie Bus has achieved 90 percent power 

transfer efficiency for 25 kW at 20 kHz across several inch air gaps during station stops over the 

road-embedded powered coil. 

Bombardier had developed a full suite of e-mobility solutions for electric transit 

proprietary IPT technology, including a high power (200 kW) rapid IPT charging systems for 

electric buses. This system requires a smaller and lighter onboard PRIMOVE battery, claimed to 

have extended life and reduced energy consumptions, which enabling larger passenger loading. 

Demonstration and implementation of the PRIMOVE IPT for electric buses are underway in 

Mannheim and Berlin, Germany, and in Bruges, Belgium. 

WiTricity from Massachusetts Institute of Technology (MIT) provides IPT products from 

low power to high power. Their DRIVE 11 evaluation system is an end-to-end reference design 

for “Park-and-charge” wireless charging of electric and hybrid vehicles. It’s claimed to be able to 

deliver up to 11 kW of power at efficiency up to 94%, it will be released in 2017.  

Eaton Corporation and Momentum Dynamics have also developed high-powered WPT 

products that support dynamic charging and fast charging of electric buses and trucks. Other 

WPT technology providers teamed up with electric vehicle manufacturers, such as Fulton 

Innovations (with its eCoupled charger for Tesla Roadster) and Powermat offering WPT for the 

GM for the Chevy VOLT. 

There are two particular inductive wireless charger products in the marketplace for 

electric vehicles that need to pay special attention, one is Plugless by Evatran Group Inc., another 

is Qualcomm Halo by Qualcomm Inc. In both systems, foreign object detection (FOD) and living 

object protection (LOP) are used to protect human beings and animals. The system adopted 
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automatic detection function and if metallic materials or living objects are detected on parking 

pad, the charging process will automatically shut down or lockout. 

Plugless operates at 20 kHz, the power transfer distance is 100 mm, the primary pad 

dimension is 559 mm (diameter) × 470 mm (length) × 63.5 mm (height), the secondary pad 

dimension is 762 mm (length) × 457 mm (width) × 127 mm (height). It has already been used in 

Tesla Model S, Nissan Leaf, Chevrolet Volt, and Cadillac ELR. The charging input voltage 

range is 208 – 240 VAC, the rated charging output power is 3.3 kW – 7.2 kW continuous. Idaho 

national laboratory tested Plugless performance on a 2012 Chevy Volt and released the test 

report on Jan. 2, 2015 [108]. The test setup is shown Fig. 1-28 (a), the EM filed measurement 

results are shown in Fig. 1-28 (b). During the test, the input voltage is 208 VAC, the input 

current RMS is 28 A, the output voltage is 215 VDC, the output current is 13.8 A, the operating 

frequency is 18 - 20 kHz.  

  
(a) Test setup 
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(b) EM field measurements results 

Fig. 1-28. Plugless test setup and test results 

The input power from grid side is 3.4 kW, and the output power to charge the battery is 

2.8 kW, the test power transfer efficiency from grid input to battery output is 82.3%. However, 

the centered air-gap magnetic flux density between primary and secondary pads are 1872 μT, 

which is about 9 times higher than IEEE C95.1-2005 magnetic field safety limit (205 μT), and 

the centered air-gap electric field strength between primary and secondary coils is 5425 V/m, 

which is about 9 times higher than IEEE C95.1-2005 electric field safety limit (614 V/m). The 

air-gap center EM field between the primary coil and the secondary coil is definitely not safe for 

human beings and animals. 

Qualcomm Halo provides four charging power levels: 3.7 kW, 7.4 kW, 11 kW and 22 

kW. The operating frequency is 85 kHz, and the claimed power transfer efficiency is 90 %. Halo 

was used in BMW i3 and i8, and it’s going to be used in Mercedes-Benz in 2017. The EM field 

test results are not released. The pads dimensions and operating modes are shown in Fig. 1-29. 

 
(a) Pad dimensions 
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(b) Operating modes 

Fig. 1-29. Halo pad dimensions and operating modes  

The technology used in Qualcomm Halo are acquired from the HaloIPT team, which is 

co-founded by John T. Boys from the University of Auckland. Although the EM field 

measurement results are not released, the simulation and test results for the circular pad, bipolar 

pad and DD pad in other literature [53]-[57] have already shown that the EM field in the air-gap 

region is not safe considering the IEEE and ICNIRP standards. 

1.3.2 Operating principle and field distribution of in-motion inductive 

wireless EV chargers 

Consider the capacity limit of battery and charge time, battery charging system during in-

motion is beneficial to long-distance travel using compact cars and short distance travel using 

electric buses. An electrified road system is required for the in-motion system. The largest 

advantage of the system is that the required battery capacity for long distance traveling can be 

decreased to 30% smaller one compared with the stationary charging system. In-motion charging 

vehicle is also called on-line electric vehicle (OLEV). For OLEVs, they require charging and 

discharging multiple times a day, therefore, the power sources should have a long life and fast 

charging time. Supercapacitors, which have long operating life, extremely high power density, 

use of environment friendly materials and feature of energy level estimation from terminal 

voltages, are more suitable to use compared to traditional batteries [109]. 
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There are mainly two kinds of online wireless charger systems based on transmitter 

types: discrete charging system and continuous charging system. Discrete charging system, as 

shown in Fig. 1-30 (a), uses multiple small transmitters, all transmitters are the same, the 

distance between adjacent transmitters is usually large enough so that there is no mutual coupling 

between adjacent transmitters [110]-[113]. The advantages are: (1) high coupling coefficient and 

high power transfer efficiency, (2) low magnetic and electric field emissions, (3) flexible to 

design the total length of powered roadway. The disadvantages are: (1) large pulsations at grid 

side and receiver side, (2) complexity and a large number of components. The discrete charging 

system can be treated as multiple stationary charging systems. The field distribution and safety 

issues are the same the stationary charging systems in the previous section. 

 
 

(a) Discrete charging system (b) Continuous charging system 

Fig. 1-30. On-line wireless charging systems 

Continuous charging system, as shown in Fig. 1-30 (b), uses a long track as the 

transmitter [114]-[124]. The advantages are: (1) simplicity and a low number of components, (2) 

continuous charge, no pulsations, (3) support multiple vehicles simultaneously. The 

disadvantages are: (1) low coupling coefficient and low power transfer efficiency, (2) radiated 

magnetic and electric fields due to long track. When only one vehicle is driving along the track, 

the current along the whole track is the same, those sections without a vehicle above the track 

will have huge leakage magnetic field, which is dangerous to nearby human beings and animals. 
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Normal transmitter track is U shape track as shown in Fig. 1-30 (b). Other types of transmitter 

tracks were also proposed to reduce the leakage magnetic field. 

 
(a) Design parameters of proposed I-type power supply rail 

 
(b) Cross-section of the coils 

 

 

(c) Experimental results of the EMF (d) Magnetic flux density distribution 

Fig. 1-31. I-type wireless power supply rail and magnetic field  

An I-type wireless power supply rail, shown in Fig. 1-31 (a) and (b), was proposed to 

reduce the leakage electromagnetic field near the rail [114]. The I-type power supply rail 

generates alternating polarity magnetic poles along the road. The system was designed to transfer 

25 kW through 20 cm air-gap at 20 kHz. The EMF around the rail was measured and shown in 

Fig. 1-31 (c), the magnetic flux density at a distance of 1 m from the center of the power supply 

rail lane was 1.5 μT, which was approximately 20 μT for OLEV U type wireless power supply 

rail [115]. However, according to the side view of the magnetic flux density distribution of the 
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proposed I-type power supply rail with a pickup core, the peak air-gap center plane magnetic 

flux density was about 1.8 mT. Because the output power is proportional to I2, while the air-gap 

magnetic flux density is proportional to I, even though the output power is reduced to 1 kW, the 

peak air-gap center plane magnetic flux density is still about 0.36 mT, which is 1.5 times higher 

than the IEEE C95.1-2005 magnetic field electrostimulation safety limit 205 μT. In addition, the 

air-gap center plane electric field was not considered. 

 

Fig. 1-32. Simulation geometries of four power lines. (a) Straight single line. (b) Meander 

single line. (c) Conventional three-phase. (d) Proposed three-phase. 

A three-phase power line was proposed to reduce the leakage magnetic near-field in 

[116] and compared with straight single power line, meander single power line, and conventional 

three-phase power line. Simulation geometries of four power lines are shown in Fig. 1-32. 

Simulated magnetic field distributions are shown in Fig. 1-33. 

A straight single-phase power line is simply a long rectangular loop. It is very simple to 

design and requires the minimal length of wire for a given power lines. However, the straight 

single-phase structure is generating the strongest leakage magnetic field compared with the other 

power-line structure. 
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(e) (f) 

Fig. 1-33. Side view of magnetic flux density distributions. (a) Straight single-phase. (b) 

Meander single-phase. (c) Conventional three-phase. (d) Proposed three-phase. (e) Overall 

setup for simulation side view and geometrical dimension of the pickup coil. (f) Simulated 

magnetic field at the observation position 

In the meander single-phase power line structure, two meander lines are overlaid carrying 

opposite directions of current, the direction of the current segment in each side alternates at the 

side part of the power lines. Moreover, the inner part of the power lines increases the mutual 

inductance between the power lines and receiving coil when the receiving coil is placed at the 

max position because magnetic pole pairs are aligned. However, the receiving power becomes 
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zero when the magnetic pole pairs are totally misaligned. Thus, it is a disadvantage that the 

receiving power fluctuates severely when the vehicle is moving along the power lines. 

Conventional unipolar three-phase power lines are composed of three overlaid power 

lines that are terminated to a Y-connection point at the end. Similar to meander single-phase 

power lines, the three-phase power lines have the characteristic of a meander structure in which 

the current components in the side part of the power lines are canceling each other when 

observed at a distance. As the receiving coil is exposed to a magnetic field with three phases that 

have a 120-degree phase shift, the fluctuation of the receiving power is relatively low when the 

vehicle is moving along the power lines. 

Proposed three-phase power lines consist of six overlaid power lines that are terminated 

to two Y-connection points at the end. The power lines are symmetrical from their center. Since 

the current is distributed into two wires in each phase, the side part and the center part of the 

power lines also cancel each other. It is, therefore, possible to dramatically reduce the leakage 

magnetic field by using an alternating current and a balancing structure. Similar to the 

conventional three-phase power lines, the proposed three-phase power lines have a low 

fluctuation of receiving power when the vehicle is moving along the power lines. 

As shown in Fig. 1-33, the straight single-phase power line has the strongest magnetic 

field. The leakage magnetic flux density at the observation point is highly reduced by using the 

meander single-phase power line. The proposed three-phase power line has lower leakage field 

than the conventional three-phase power line. However, the peak magnetic flux density in the 

air-gap center plane remains almost the same for all four power lines, which is much higher than 

the IEEE C95.1-2005 safety limits. 

A close-packed topology using discrete transmitters was proposed to reduce the receiving 

power pulsation in discrete charging system [117]. Different from the long track continuous 

wireless charger topology, the close-packed topology is easy to add more transmitters and extend 

the powered roadway without redesigning the resonant tanks. Since the transmitters are close-
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packed, there is mutual coupling between adjacent transmitters, the transmitter size and receiver 

size are optimized to achieve a high and smooth average coupling coefficient between 

transmitters and receiver, which ensures the smooth power transfer.  

A prototype was built to transfer 1.4 kW through 150 mm air-gap at 85 kHz. The coil 

arrangements, mutual inductance and field distributions are shown in Fig. 1-34. According to the 

magnetic field simulation results, the air-gap magnetic flux density between the transmitter and 

receiver is higher than 387 μT, which is at least 1.5 times higher than the IEEE C95.1-2005 

safety limits. The magnetic flux density is lower than 27 μT with 400 mm away from the 

transmitter vertically. In addition, the electric field distribution was not considered. 

 

 

(a) Coil arrangements (b) Mutual inductance 

   
(c) Magnetic field distribution 

Fig. 1-34. Close-packed discrete transmitter charging system 

A 1 MW inductive power transfer system was developed to supply power to a high-speed 

train in real time [122]. It consisted of a 128 m U-shape transmitter and four pickups. The 

operating frequency of the system was 60 kHz to achieve efficient power transfer with a large 

air-gap. The measured efficiency of the IPT system at the 818-kW output power of the pickups 

for the 5-cm air-gap was 82.7%. 
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(a) Schematic and photo of transmitter (b) Structure and equivalent circuit 

 
 

(c) IPT system configuration (d) Electric block diagram 

Fig. 1-35. 1 MW WPT system for a train 

Distributed inductor and capacitor compensation topology was used, which was very 

helpful to reduce high voltage stresses during resonant operation. Railroad, unlike other vehicles 

(bus or automobile), has the rail, which is metal that may cause the induced voltage. EMF and 

induced voltage on the rail were measured using a three-point method according to IEC 62110 

[123] under a maximum rated road test (input power of 1 MW). The air-gap flux density was not 

considered due to low air-gap distance, which was not suitable for automobile application, and 

the electric field was not considered in the air-gap and around the rail. 

1.3.3 Summary and identified research opportunities 

In this section, magnetic field distributions of general used stationary and in-motion 

inductive wireless EV charging couplers, such as circular pad, DD pad, DDQ pad, bipolar pad, 

tripolar pad, double-sided pad, surface spiral winding, cylindrical winding, U-type power line, I-

type power line, single-phase and three-phase power lines, are reviewed. DD pad, DDQ pad, 

bipolar pad, tripolar pad, and double-sided pad were developed to improve the mutual coupling 

and misalignment tolerance. Surface spiral winding and cylindrical winding were developed to 

reduce the air-gap magnetic field. Metal plate and metallic brush are used to shield leakage 
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magnetic near field and electric field. The i-type power line was developed to reduce the leakage 

magnetic near field. Existing literature discussed air-gap magnetic field and electric field 

distributions of inductive wireless EV charging couplers are summarized in Table 1-9 with 

respect to the output power P, the operating frequency f, the air-gap dag, the air-gap center plane 

peak magnetic flux density Bagcppk, and the air-gap center plane peak electric field intensity 

Eagcppk. 

Table 1-9. Summary of inductive wireless EV charging couplers 

Ref. P [kW] f [kHz] dag [mm] Bagcppk [μT] Eagcppk [V/m] ηcoil [%] Institute 

[84] 150 60 70 > 6k NA 90.442 (ηtotal) 

KAIST, 

Korea 

[86] 3 20 200 > 2k NA 97.02 

[90][91] 

[92][96] 
0.5 20 150 > 500 NA 90.12 to 97 

[114] 25 20 200 > 1.8k NA 74 (ηtotal) 

[115] 52 20 170 6.25@1.75m NA 72 (ηtotal) 

[116] Ip = 60A 20 150 >300@edge NA NA 

[125] 3 20 200 > 1k NA 96.1 

[126] 15.6 20 150 > 100k NA 75 

[129][130] 1.176 20.15 156 > 2k NA 96.01 

[154] 1.5 20 150 6.28@1.2m ~50 98.4 

[101][102] 

[103][104] 
0.1 100 40 140@0.075m NA 95.7 

VT, US 
[105]  0.1 100 40 80@0.075m NA 94 to 95.7 

[106] 0.1 100 40 40@0.1m NA 95.4 

[127] 3.3 22 125/150 2.9@0.8m 56.6@0.8m 93/89 (ηtotal) ORNL, US 

[60] 3.3 85 150 > 2k > 1k@0.3m 90 to 97 

UM, US 

[117] 1.4 85 150 > 387 NA 89.78 (ηtotal) 

[128] 3 1000 150 
IPT: 

205@0.6m 

CPT: 

614@0.7m 

Peak 94.45 

(ηtotal) 

[150] 0.14 1000 18 IPT > 120 CPT > 10k 61 to 74 (ηtotal) 

[144] 3.3 85 200 > 1k NA NA 

[58] 
3 50 160 > 600 NA 97.1 

SU, Japan 3 50 200 > 1k NA 95.5 

[131] 3 50 150 > 1k 17.78@3m 97.0 

[132][133] 

[134] 
4.67 20 150 60@0.5m NA NA 

AU, 

Denmark 

[135] 3.3 15-50 200-300 14@0.6m NA NA UG, US 

[136] 22 25 185 > 17k NA 90.2 to 97.3 USC, US 

[137] 3 250 300 4.8k NA 90 KU, Japan 
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[155] 2 20 200 > 1k NA NA 

UA, New 

Zealand 

(Use ferrite 

utilization 

efficiency as 

evaluation 

metrics) 

[52] 2 20 200 > 1k NA NA 

[30][156] Ip = 23A 20 125 > 2k NA NA 

[31] 2 20 200 > 1k NA NA 

[54] 0.26 10 30 
> 7k@ Ip = 

125A 
NA 80 (ηtotal) 

[138][157] Ip = 20A 38.4 150 1.5@0.8m NA NA 

[55][56] 

[57] 
3.5 20 200 27@0.85m NA 96 

[139] 0.0449 684 62 > 700 NA Peak 80 (ηtotal) JLU, China 

[140] 3.3 
85, 

140 
100-170 > 450 NA > 90 

IPT, 

Germany 

[141] 3.3 NA NA 20.84@0.7m NA ~ 91 SEU, China 

[142] 1 85 150 > 2.5k NA ~ 97.5 

TU Delft, 

the 

Netherlands 

[143] 0.56 85 150 8.8@0.25m 127.8@0.25m NA UP, Italy 

[94] 8 22 200 > 5.9k NA NA CAS, China 

[145] 20 20 200 > 38.4k NA NA 
TDK, US 

[148] 5 150 100 NA Coil >200k NA 

[146] 1 8000 300 27@2.72m 83@2.27m NA NIT, Japan 

[97] Ip = 5A 40 200 11@0.24 NA NA USU, US 

[147] 25 393 95-117 NA >85k > 60 MIT, US 

[149] Ip = 30A 80 NA Coil 6.5k NA NA TMU, Japan 

[95] 1 27120 116 NA >140dBV/m 85 FEC, Japan 

[151] 1 85 200 > 350 NA 63 to 91 (ηtotal) UL, Italy 

[98] 0.191 232 200 4.66@0.6m NA 93.66 

FIU, US [152] 0.5 20 70 > 5k NA NA 

[153] 70 85 200 > 30k NA 96.89 

[158] 2 20 200 > 800 NA NA UHK, China 

[80][81]  3 3700 300 ~187 ~3400 96 
UW, US 

[83] 1 3500 300 ~110 ~2000 90 to 96 

[108] 3.4 18-20 100 1872 5425 82.3 (ηtotal) INL, US 

[159][160] 5 100 52 ~3500 NA 96.5 (ηtotal) ETH Zurich, 

Switzerland [160][161] 50 85 160 <27@0.8m NA 95.8 (ηtotal) 

In Table 1-9, 41 unrelated papers investigated the air-gap magnetic field distribution, 

only 8 papers paid attention to the air-gap electric field distribution. However, none of them 

satisfies the IEEE C95.1-2005 magnetic field and electric field safety limits simultaneously when 

transferring multi-kW. Even though designs operating at MHz frequency satisfies the magnetic 

field electrostimulation safety limit, they didn’t meet the electric field safety limit, in addition, 
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they didn’t satisfy the magnetic field tissue heating safety limit, which is more important when 

operating above 100 kHz. 

Previous magnetic component designs have focused on improving the power transfer 

efficiency and misalignment tolerance, and shielding the leakage magnetic near field. However, 

no research has focused on the loosely coupled inductive WPT system design methodologies to 

achieve low air-gap magnetic flux density, low air-gap electric field intensity and high transfer 

efficiency simultaneously when transferring multi-kW. No power scaling law has been 

developed to meet the safety standards while scaling to multi-kW, and tens of kW. The effect of 

ferrite shield on magnetic field distribution has been investigated, however, the effect of ferrite 

shield on electric field distribution has not been investigated. Change of magnetic field 

distribution due to misalignment have been investigated, however, the effect of misalignment on 

electric field distribution has not been investigated. In addition, methods to deal with the 

magnetic and electric field distributions under misalignment have not been developed. Moreover, 

current magnetic shielding techniques can only shield the magnetic flux above the receiver coil 

and below the transmitter coil, however, the air-gap magnetic flux density is still very high in the 

regions adjacent to the coils, there is no shielding technique that has been developed to make the 

magnetic field distribution uniform in the air-gap region and reduce the air-gap electric field. 

1.4 Loosely coupled inductive WPT system modeling for 

equivalent circuit and electromagnetic field 

The equivalent circuit modeling and electromagnetic field calculation of loosely coupled 

inductive WPT system are required to develop the system design methodologies. Since the 

transfer distance is much larger than the conventional strongly coupled inductive systems, it is 

necessary to investigate whether the traditional transformer model is appropriate to analyze the 

loosely coupled system. 

For loosely coupled inductive WPT systems, resonant compensation capacitors are 

necessary to enhance power capacity and power transfer efficiency. Without the compensations, 
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the systems have almost zero efficiency. Four basic compensation topologies are used in most 

applications: series-series (SS), series-parallel (SP), parallel-series (PS) and parallel-parallel (PP) 

resonant circuits. In addition to four basic compensation topologies, LCL and LCC compensation 

topologies were also proposed to reduce VA rating and improve misalignment tolerance [162]-

[166]. Study on the compensation topologies and on the reasons of the topology selection is 

important in loosely coupled system designs [167][168]. 

In this section, firstly, lumped circuit model for loosely coupled WPT system is reviewed, 

then four basic resonant compensation topologies, LCL and LCC compensation topologies, and 

impedance transformation circuits are reviewed. After that, the electromagnetic calculation 

methods used in existing literature will be reviewed. 

1.4.1 Lumped equivalent circuit model 

Depending on the size of coils and the operating frequency, either the distributed or the 

lumped parameter modeling will be used. According to Inan [13], if the diameter of coils and the 

transfer distances are smaller than one-tenth of the wavelength, lumped parameter model is 

suitable for the system analysis. When the operating frequency is 20 MHz, the corresponding 

wavelength is 15 m, therefore, the maximum length for the diameter of the coil and the power 

transfer distance should be smaller than 1.5 m in order to use lumped model. 

In general, the operating frequency of inductive WPT systems is lower than 20 MHz, and 

the transfer distance and the size of the coils are shorter than 1.5 m. Therefore, the majority of 

the inductive WPT system can be modeled with the lumped model instead of a distributed model. 

 

R1 R2

L1 L2
M

 

(a) Large air-gap WPT system (b) Equivalent circuit model 
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R1 R2

Lm = k2L1

Llk = (1-k2)L1 a : 1

 

R1 a2R2

Lm = k2L1

Llk = (1-k2)L1

 
(c) Transformer model (d) Primary side referred model 

R1 R2

M

L1 L2– M M–

 
(e) Transformer T-model 

Fig. 1-36. Equivalent lumped element model of inductive transfer system  

The lumped model was used for the current carrying loops of 30 cm distance power 

transfer at 3.7 MHz [80]-[82]. The lumped parameter model was evaluated by analytical, FEA 

and experimental results. The coupled inductor model in Fig. 1-36 (a) was used for the large air-

gap WPT systems. Using the circuit theory [169], the coupled inductor was represeted with 

equivalent transformer model with the transfer ratio a as shown in Fig. 1-36 (c). The transfer 

ratio a of the coupled inductor is defined as  

a = k 
L1

L2
                                                               (1.3) 

For the convenience of the analysis, the transformer model was referred to the primary 

side as shown in Fig. 1-36 (d). In order to reduce the calculation effort, the transformer T-model, 

shown in Fig. 1-36 (e), can also be used to analyze the system. 

1.4.2 Compensation topologies in loosely coupled systems 

• SS, SP, PS, and PP compensation topologies 

Resonant compensation topologies are required for loosely coupled inductive WPT 

system to achieve high power transfer efficiency. The typical SS, SP, PS, and PP compensation 

topologies are shown in Fig. 1-37.  
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(a) Series-Series compensation topology (b) Series-Parallel compensation topology 
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(c) Parallel-Series compensation topology (d) Parallel-Parallel compensation topology 

Fig. 1-37. Illustration of the SS, SP, PS, and PP compensation topologies 

If the primary side is series compensated, a voltage source converter could be connected 

directly to the coil. If it is parallel compensated, an inductor is usually inserted to change the 

converter to a current source. When the primary coil has a constant current, a series 

compensation at the secondary side makes the output like a voltage source, while a parallel 

compensation makes the output like a current source [59][170][171]. 

Charing the battery pack of an electric vehicle is performed in two steps: constant current 

(CC) mode to bring up the battery pack state-of-charge (SOC), and constant voltage (CV) mode 

order to meet the upper charge voltage of the battery pack. The compensation topologies that 

match these modes are well known, with CC mode best implemented with the SS type loaded by 

a diode rectifier and output filter capacitor, whereas CV mode is generally configured as SP type 

loaded by a diode rectifier but with an inductor input filter [172][173]. Another thing should be 

noted is that the equivalent resistance of the battery pack increases slightly in the CC mode, and 

increases significantly in the CV mode. While there is an optimal load for the inductive WPT 

system to achieve the maximum coil-to-coil efficiency. It would be beneficial if the WPT system 

can maintain relatively high efficiency in the whole operating range. 

SS and SP systems are preferred for high power applications since the input impedance of 

the systems is low. Impedance transformation networks are not required typically. Input 
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impedances of PP and PS systems are the maximum at the resonant frequency, therefore, PS and 

PP systems require an additional series inductor in order to decrease equivalent input impedance 

and to regulate input current to the resonant circuit. However, additional inductor brings copper 

loss which will reduce system efficiency, it will also increase converter size and the cost of the 

system [174]-[176]. The resonant compensation capacitances are calculated as shown below. 

Table 1-10. The primary and the secondary compensation capacitance 

 Compensation capacitance 

Type Primary Secondary 

SS 
1

ω2
0 L1

 
1

ω2
0 L2

 

SP 
1

ω2
0 (1 - k2) L1

 
1

ω2
0 L2

 

PS 

L1

ω2
0 L2

1 + 








R1 + 
(a ω0 L2)2

RL + R2
 

2 1

ω2
0 L2

 

PP 

1

ω2
0 (1 - k2) L1 + 

(R1 + a2 RL)2

(1 - k2) L1

 1

ω2
0 L2

 

 As shown in the above table, the resonant capacitor of SS topology is independent of the 

coupling factor and load, while the resonant capacitor of SP topology is a function of the 

coupling coefficient, therefore, the efficiency of SP topology decreases rapidly as the transfer 

distance increases and the coupling coefficient decreases [177]-[179]. The resonant capacitors of 

PP and PS systems are a function of the load resistance and the coupling coefficient; hence, the 

efficiencies of the PP and PS systems are sensitive to the changes of the transfer distance and the 

load. The dependence of the coil-to-coil efficiency η on the load resistance RL and the coupling 

coefficient k for four basic topologies is plotted in Fig. 1-38 [81]. 
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(a)  η vs. RL  

η
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%
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Legend:  

─: SS and PS (RL= 1.4Ω) 

─: SP and PP (RL= 250Ω) 

Condition: 

L1 = 3.2μH, L2 = 0.65μH 

f0 = 3.7 MHz, k = 0.06 

R1 = 0.074Ω, R2 = 0.015Ω 

 k  

(b) η vs. k  

Fig. 1-38. Dependence of the coil-to-coil efficiency η on the load resistance RL and the 

coupling coefficient k 

As shown in Fig. 1-38, the dependences of η on RL and k are the same for SS and PS 

topologies, while that are the same for SP and PP topologies. The optimal loads for all four 

topologies are singular. As the coupling coefficient increases, the coil-to-coil efficiency 

generally increases. However, one should note that the coil resistances and inductances are not 

independent of the mutual inductance and coupling coefficient. In addition, the optimal load 

resistances change with these parameters. 

If the load is a voltage source, such as a battery pack in an EV, it is sensitive to the 

battery voltage. Another problem is that the capacitor can only compensate the coil inductance in 

the case when the primary and secondary coils are well aligned. When there is a misalignment 

between the two coils, the output power and efficiency both drop quickly [162][180][181]. 
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Different from four basic compensation topologies, LCL and LCC compensated networks 

work as a constant current source, which works well for both light and heavy load conditions, 

and they are not significantly affected by misalignment. In addition, there are a few benefits to 

have a constant primary coil current. When a coil is designed, the rated current of the coil is 

determined. A constant current feature can make the coil work at its rated condition easily. For a 

track form coil at the primary side in dynamic roadway charging, multiple receiving coils could 

be powered, which also prefers a constant current in the track [164][180][181]. 

• LCL compensation topology 

LCL compensation network is formed by adding LC compensation network between the 

inverter and the transmitting coil. Primary side LCL compensation topology is shown in Fig. 

1-39 [162]. The circuit parameters are designed by the following equation to achieve a constant 

resonant frequency for the topology shown in Fig. 1-39: 

Lr Cp = Lp Cp =  
1

ω2
0

                                                      (1.4) 

Where ω0 is the angular resonant frequency, which is only relevant to inductors and capacitors in 

the system, independent of the coupling coefficient and load conditions.  

 

Fig. 1-39. Circuit diagram of an ICPT system driven by an LCL load resonant inverter 

The design for an LCL inverter usually requires the same value for the two inductors. 

However, the coil-to-coil efficiency is still a function of the load resistance and the coupling 

coefficient the same as the four basic topologies. The inductor Lr changes the voltage source into 

a current source. The LCL topology can be treated as an extension of the PP topology. The 

additional inductor Lr will cause additional loss. 
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•  LCC compensation topology 

Different from LCL compensation topology, a capacitor is put in series with the primary 

side coil to compensate part of the reactive power in the primary coil, thus, the power rating on 

Lf1 can be reduced, the system design flexibility could also be improved. By utilizing an LCC 

compensation network, a zero-current switching (ZCS) condition could be achieved by tuning 

the compensation network parameters. Double-sided LCC compensation topology is shown in 

Fig. 1-40 [180][181]. 

 

Fig. 1-40. Double-sided LCC compensation topology for WPT 

The circuit parameters are designed by the following equations to achieve a constant 

resonant frequency for the topology shown in Fig. 1-40 [166][182]: 

Lf1 Cf1 = 
1

ω2
0

                                                               (1.5) 

Lf2 Cf2 = 
1

ω2
0

                                                               (1.6) 

L1 – Lf1 = 
1

ω2
0 C1

                                                          (1.7) 

L2 – Lf2 = 
1

ω2
0 C2

                                                          (1.8) 

Although it looks like that the tuning process is only relevant to inductors and capacitors 

in the system, independent of coupling coefficient k and load conditions. However, the inductors 

Lf1 and Lf2 depend on the required output power P and the voltages UAB and Uab as shown in 

the following expression [166]: 
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Lf1 = Lf2 = 
k UAB Uab

 ω0 P
 L1                                          (1.9) 

Which means the system efficiency, tuning capacitors and inductors also depend on the load 

resistance and the coupling coefficient as other topologies. However, when LCL or LCC 

compensation topology is used on the secondary side of the inductive coupled WPT system, the 

reactive power at the secondary side could be compensated to form a unit power factor pickup. 

Even though the reactive power at the secondary side can be compensated by using LCL 

or LCC topology, the reactive power at the primary side can’t be compensated when there is a 

misalignment between the transmitter coil and the receiver coil. Less attention has been paid to 

reduce the reactive power at the primary side with low loss. 

• Active tuning compensation topologies 

When there is a misalignment or the transfer distance changes, the power transfer 

efficiency decreases due to the impedance mismatch, which leads to power reflected to the 

transmitter and reduces the output power capability. Tunable matching networks (TMNs) have 

been developed to improve the power transfer efficiency. 

A TMN is typically implemented as an ideally-lossless, lumped-element reactive 

network, where some of its reactive elements are realized as variable (tunable) components. The 

impedance of the tunable components can be controlled externally or dynamically match the load 

impedance to a desired input impedance at a particular frequency, or over a range of frequencies. 

Based on the technology employed for realizing the variable reactance elements, conventional 

TMNs can be classified as either analog (continuously adjustable) or digital (adjustable among a 

set of discrete values).  

The analog TMNs rely on variable reactance elements whose value (at some frequency or 

over a range of frequencies) can be tuned in an (ideally) continuous manner. For instance, 

conventional high power RF plasma drives often employ TMNs based on mechanically adjusting 

physical passive components, such as stepper-motor-adjusted variable-vacuum capacitors [183]. 
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While widespread, this technique is extraordinarily slow. Faster response can be obtained by 

appropriately adjusting bias conditions of electronic components such as varactors [184] or 

MEMS-varactors [185]. Nevertheless, power handling with such components is somewhat 

limited by the relatively high bias voltages required when operating at high power levels [186].  

In digital TMNs, on the other hand, tunability is achieved by implementing the variable 

reactive elements as digitally switched arrays, thus allowing adjustment of the impedance of the 

variable reactances in discrete steps. The realization of digital TMNs is typically based on 

CMOS switches [187], MEMS switches [188], PIN diodes [189] or discrete power transistors. 

MEMS switches are characterized with very low on-state resistance and can operate up to tens of 

GHz with negligible power consumption. The reliability of MEMS switch-based TMNs, 

however, is still an issue due to the large control voltages required by MEMS switches. On the 

other hand, PIN diode and CMOS switch-based TMN realizations offer the capability to handle 

very high power levels at the expense of some power loss in the switches due to their on-state 

resistance. Such TMN realizations are particularly favorable for on-die integration. The main 

drawback of digital TMNs, however, is their limited tuning resolution, and hence, the accuracy 

with which impedance matching can be achieved with an acceptable number of switched 

components. In some high power applications where accurate impedance matching is required 

over a very wide impedance range, such as RF plasma drivers, for example, the use of digital 

TMNs may be impractical due to the large number of digital switches needed to achieve the 

required fine tuning resolution. For instance, conventional high-power RF plasma drivers often 

still employ automatic antenna tuners based on stepper motor-adjusted continuously-variable 

capacitors as a result of the high requirements for accurate impedance matching and operation 

over very wide impedance ranges. 

The limitations of existing techniques motivate improvement of the capabilities of TMNs 

to provide more accurate and faster impedance matching (higher tuning bandwidth) over wider 
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impedance range while simultaneously allowing operation at high power levels with minimum 

loss, including both switching loss and conduction loss. 

A four-terminal tunable capacitor is introduced for design of novel resonant filters in 

power converters [190][191]. The capacitor can be tuned with bias voltage on the auxiliary 

terminals so that the resonant frequency is kept at the switching frequency. The photo and 

equivalent circuit of tunable capacitor is shown in Fig. 1-41 (a). When increasing the bias 

voltage, the effective capacitance will reduce as shown in Fig. 1-41 (c). When the current 

increases, the effective inductance L2 will reduce due to saturation, the increased current ripple 

can be reduced through capacitor active tuning, as shown in Fig. 1-41 (d)(e). However, this kind 

of capacitor can’t be applied to high power applications due to low voltage rating. 

 

 
(a) Photo and equivalent circuit of tunable capacitor  (b) Buck converter with resonant filter 

 

 
(d) L2 drop without active tuning 

 
(e) L2 drop with active tuning 

 
(c) Measured capacitance under various voltage conditions (f) Capacitor value change 

Fig. 1-41. Tunable capacitor with bias voltage on the auxiliary terminals  

Nonlinear capacitor, such as ceramic capacitor, can also change capacitance by varying 

DC bias [192]. An auxiliary circuit is required to hold the DC bias and supply the leakage current 
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of the nonlinear capacitor. A double clampled auxiliary circuit with low loss was developed to 

continuously varying DC bias as shown in Fig. 1-42. Two identical capacitors were implemented 

in series. When one of these capacitors has DC bias, the other one automatically matches with 

the inverted DC bias due to ampere second balance.  

 
(a) Ceramic capacitance with respect to DC bias 

 
(b) Double clamped auxiliary circuit for capacitor tuning 

Fig. 1-42. Ceramic capacitor property and double clamped auxiliary circuit for capacitor tuning  

Although it’s claimed that this nonlinear capacitor tuning method can be extended to high 

power applications, special attention must be paid to the control aspect, especially during startup 

process. In addition, the equivalent-series-resistance (ESR) or dissipation factor of a ceramic 

capacitor is about 100 times higher than a film capacitor. Moreover, the thermal stability of the 

ceramic capacitor is worse than that of the film capacitor, a relatively large amount of small 

capacitors are needed to parallel to reduce the ESR and dissipate the heat.  
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Capacitor matrix circuit, shown in Fig. 1-43, is used in [193] to maintain high transfer 

efficiency when the transfer distance changes. However, it can’t be scaled to high power due to 

so many bulky capacitors. In addition, the loss distribution was not analyzed and optimized. 

 
(a) (b) (c) 

Fig. 1-43. Capacitor matrix circuit design for impedance matching (a) M x N capacitor matrix 

circuit. (b) Example of a capacitor matrix with seven capacitors. (c) Equivalent circuit of (b)  

Switch-controlled inductor and switch-controlled capacitor have been used to regulate 

class-E resonant converter [194] and tune impedance matching network [195][196]. Through 

adjusting the PWM duty cycle to tune the phase shift angle α, the equivalent capacitance or 

inductance can be manipulated. The topologies and waveforms of full-wave switch-controlled 

inductor (full-wave SCI) and full-wave switch-controlled capacitor (full-wave SCC) are 

presented in Fig. 1-44. The relationship between the equivalent inductance Lsc (or the equivalent 

capacitance Csc) and the phase shift angle α can be expressed by 

Lsc

La
 or 

Csc

Ca
 = 

π

2π - 2α + sin(2α)
                                         (1.10) 

 
 

(1) (2) (1) (2) 

(a) Full-wave SCI topologies 

(1) series type and (2) parallel type 

(b) Full-wave SCC topologies  

(1) series type and (2) parallel type 
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(c) Full-wave SCI waveforms (d) Full-wave SCC waveforms 

Fig. 1-44. Topologies and waveforms of full-wave SCI and full-wave SCC  

The SCC and SCI provides an access to tune the impedance online. However, the loss 

distribution has not been fully analyzed, and the low loss SCC and SCI have not been developed. 

On the other hand, less attention has been paid to use the SCC and SCI in WPT system, the 

effects on the reactive power and power transfer efficiency has not been analyzed. 

• Control stability conditions 

The coupled resonant system can have one or more zero phase-angle frequencies (ZPF) 

depending on the loads [197]-[199]. Magnitude and phase plots of an example system are shown 

in Fig. 1-45 to illustrate zero phase-angle dependency on the load. 

There is a single ZPF at the resonant frequency 3.7 MHz when RL is 8 Ω or 12 Ω. 

However, the system has three ZPFs when RL is 4 Ω. Instead of fixed frequency generators, 

variable frequency controllers which have been widely used for loosely coupled systems are 

operated by tracking ZPF (resonant frequency) in order to minimize required volt-amp rating of 

the power generator. However, if there are multiple ZPFs, the variable frequency controllers 
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cannot follow the single tuned frequency, the operating frequency will move back and forth 

unstably between the three ZPFs, which is called “bifurcation” [19][197][198]. Therefore, 

estimation of the number of ZPFs is important in evaluating the stability of the system design. 

|Z
in

| [
Ω

] 

10
6.54

10
6.56

10
6.58

10
6.6

10
0

10
1

10
2

3.4 3.6 3.8 4.0

1

10

100

 


Z
in

 [
D

eg
re

es
] 

10
6.54

10
6.56

10
6.58

10
6.6

-50

-40

-30

-20

-10

0

10

20

30

40

50

3.4 3.6 3.8 4.0

-50

0

50

-10

-20

-30

-40

40

30

20

10

 

 Frequency [MHz]  Frequency [MHz]  

(a) Magnitude of the input impedance (b) Phase of the input impedance 

Legend: RL = 4 Ω RL = 8 Ω RL = 12 Ω 

Test conditions: SS compensated system 

Lp = 7.0693 µH, Rp = 0.055 Ω, Ls = 4.6918 µH, Rs = 0.0401 Ω, M = 0.5971 µH. 

Fig. 1-45. The magnitude and phase plot of the input impedance versus frequency 

According to [197], the four compensation topologies have to satisfy the conditions in 

Table 1-11 in order to have single ZPF at a given load. Qp and Qs are the loaded quality factors 

of the transmitter and the receiver resonant tanks, respectively. 

Table 1-11. Stability conditions of the four topologies 

 Stability conditions  

SS Qp > 
4Q3

s

4Q2
s – 1

 
Where 

Qp = 
ω0L1RL

ω2
0M2  and Qs = 

ω0L2

RL
   

PS Qp > Qs 

SP Qp > Qs + 
1

Qs
 Where 

Qp = 
ω0L1L2

2

M2RL

 and Qs = 
RL

ω0L2
   

PP Qp > Qs + 
1

Qs
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In addition, when different compensation topologies are used, the input impedance of the 

system will be different, as shown in Fig. 1-46 when LCL compensation topology is used in the 

primary side for the same system.  
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Legend: RL = 4 Ω RL = 8 Ω RL = 12 Ω 

Test conditions: LCL-Series compensated system 

Lp = 7.0693 µH, Rp = 0.055 Ω, Ls = 4.6918 µH, Rs = 0.0401 Ω, M = 0.5971 µH. 

Fig. 1-46. The magnitude and phase plot of the input impedance versus frequency 

Although RL remains 12 Ω to achieve one ZPF, the input impedance for LCL system is 

5021 Ω, while that of the SS system is 5.406 Ω, which makes the system perform differently 

when the load changes. There has been a lot of investigation on the effects of different topologies 

on system efficiency when the load changes or the misalignment occurs, less attention has been 

paid to the effects of different topologies on the air-gap region magnetic and electric field 

distributions, especially during misalignment. 

1.4.3 Magnetic field and electric field analytical models 

Air-gap magnetic field and electric field analytical models are necessary to develop an 

inductive WPT system general design methodology. Compared with numerical tools, analytical 

models are efficient and easy to use to find general design guideline. In this subsection, magnetic 

field and electric field analytical models used in existing literature will be reviewed. 
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• Magnetic field analytical model 

The Maxwell-Faraday equation and the Ampère's circuital law with Maxwell’s addition 

as shown in following expressions are the two base equations for the transformation between the 

AC magnetic field and the AC electric field [200][201] 

∇ × 
→
E  = – 

∂
→
B

∂t
                                                        (1.11) 

∇ × 
→
B  = μ0 









→
J  + ε0 

∂
→
E

∂t
                                              (1.12) 

According to the magnetic potential theory, the magnetic field 
→
B  of a single current loop 

with radius R, as shown in Fig. 1-47, can be calculated by the magnetic vector potential 
→
A  using 

[200][201]: 

→
B  = ∇ × 

→
A                                                        (1.13) 

Where, Aφ(r, θ) = 
μ0 I R

4π
 





φ' =0

2π

 
cos φ'

R2 + r2 – 2 R r sin θ cos φ'
 dφ', r, θ, and φ are spherical 

coordinates, I is the loop current, s is the distance between the test point and the current element. 
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Fig. 1-47. Configuration of a single current loop 

The magnetic flux density 
→
B   at the test point can be calculated as  
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∂θ
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1
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∂Aφ

∂r
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    (1.14) 
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The magnetic flux density calculation results in spherical coordinates can be transformed 

into the Cartesian coordinates using 











Bx

By

Bz

 = 









sin θ cos ϕ  cos θ cos ϕ  – sin ϕ

 sin θ sin ϕ  cos θ sin ϕ  cos ϕ

 cos θ  – sin θ  0

 











Br

Bθ

Bφ

               (1.15) 

The magnetic flux density in the Cartesian coordinates can also be expressed using the 

complete elliptic integrals as follow [202]: 











Bx

By

Bz

 = 













C x z

2α2βρ2[ ](R2 + s2)E(k2) – α2K(k2)

 
C y z

2α2βρ2[ ](R2 + s2)E(k2) – α2K(k2)

 
C

2α2β
[ ](R2 – s2)E(k2) + α2K(k2)

                   (1.16) 

Where ρ2 = x2 + y2, s2 = ρ2 + z2, α2 = s2 + R2 – 2Rρ, β2 = s2 + R2 + 2Rρ, k2 = 1 – α2/β2, and C 

= μ0 I / π. E(k2) and K(k2) are the complete elliptic integrals of the first and second kind, 

respectively. 

Only the magnetic flux density generated by the transmitter coil at the air-gap center 

plane central point is calculated in [81] using 

 B = 
μ0 I1 Rlp1 N1

2 (Rlp1
2 + z2)3/2                                                      (1.17) 

Where I1 is the primary coil current, N1 is the primary coil number of turns, Rlp1 is the primary 

coil loop radius, z is the vertical distance between the central point and the primary coil. 

According to the expression used in [81], the effect of the secondary coil on the magnetic flux 

density was not considered. The air-gap magnetic flux density should be a vector combination of 

the magnetic fields generated by both the primary coil and the secondary coil. In addition, the 

magnetic flux density at the air-gap center plane central point may not the peak one. 
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In the design methodology for a 300 kW, low flux density, large air-gap, on-line WPT 

system, the EMF measurement location was located outside of the vehicle as shown in Fig. 1-48, 

the magnetic flux density at the test location was calculated using [84] 

B = 
μ0 I1 N1

2 π r11
 – 

μ0 I1 N1

2 π r12
 + 

μ0 I2 N2

2 π r21
 – 

μ0 I2 N2

2 π r22
                                 (1.18) 

Where r11, r12, r21, and r22 are shown in Fig. 1-48 (b), I1 is the primary coil current, I2 is the 

secondary coil current, N1 is the primary coil number of turns, N2 is the secondary coil number 

of turns. 

 
 

(a) System block diagram of a target on-line WPT system (b) EMF measurement location 

Fig. 1-48. System block diagram and EMF measurement location 

According to the expression used in [84], the effect of the secondary coil on the magnetic 

flux density was considered. However, the analytical calculation method was not developed for 

the air-gap center plane magnetic flux density, which was much higher than the magnetic flux 

density at the observation point. 

The cylindrical coordinates were used in [203] to calculate the magnetic flux density 

along z- and ρ-direction for a single current loop, however, the center plane magnetic flux 

density was not calculated, the air-gap magnetic field is a vector combination of the magnetic 

fields generated by the primary coil and the secondary coil. In addition, the authors didn’t pay 

attention to the phase delay between the primary coil current and the secondary coil current. 

• Electric field analytical model 

Less attention has been paid to the air-gap electric field distribution for inductive WPT 

systems. Only numerical tools are used to evaluate the electric field distribution according to the 

existing literature shown in Table 1-9. 
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Fig. 1-49. Relationship between wave impedance and distance from source 

In far field region, the electric field and the magnetic field have almost constant ratio, 

which is 377 Ω of free space wave impedance. However, the electromagnetic field between the 

transmitter and receiver coils and around the electric vehicle can only be treated as near-field 

region instead of far-field region, since the far field region begins at λ/(2π) = c/(2πf), which is 

much larger than the vehicle size. In the near-field region, the impedance of free space is defined 

by the distance away from the source and source type as shown in Fig. 1-49 rather than constant 

ratio 377 Ω [96][204][205]. In the near-field region, the directions of E and H are not orthogonal 

as in the far field region. Calculating electric field based on magnetic field and wave impedance 

may lead to the wrong direction since the distance between the air-gap center plane and the coils 

(or the measured point distance from the transmitter and receiver) is comparable with the size of 

the transmitter and receiver, it is difficult to get an accurate wave impedance. 

The electric field of a single current loop of radius R and current I, as shown in Fig. 1-47, 

is evaluated in a region having dimensions which are smaller than or equal to the size of the loop 

and much smaller than that of the wavelength [205]. The zeroth-order approximation of the 

vector potential and the Coulomb gauge  ∇ 
→
A  = 0 was used in the derivation. The electric field 

intensity E at the test point is expressed in the cylindrical coordinates 
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|Eφ(ρ, z)| = 
ω

c
 
2I

c
 
1

ρ
 [ ](R + ρ)2 + z2 1/2 







R2 + ρ2 + z2

(R + ρ)2 + z2 K(k2) – E(k2)             (1.19) 

Where c = 4π/μ0, ρ2 = x2 + y2, s2 = ρ2 + z2, α2 = s2 + R2 – 2Rρ, β2 = s2 + R2 + 2Rρ, k2 = 1 – 

α2/β2, E(k2) and K(k2) are the complete elliptic integrals of the first and second kind, 

respectively. Other components of E are zero. However, the authors didn’t consider the effect of 

the excitation terminals, which has the peak voltage difference and electric field intensity.  

A circuit in the shape of a ring with a battery of negligible size and a wire of uniform 

resistance per unit length, as shown in Fig. 1-50, was investigated [206]. 
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Fig. 1-50. Configuration of a ring with a battery 

The electrostatic potential at an arbitrary point in spherical coordinates is given by 

Φ(r, θ, φ) = 
λ

4πε0 



φ' = 0

2π

(φ' – π) dφ'

R2 + r2 – 2 R r sinθ cos(φ – φ')
                    (1.20) 

Where λ = V ε0 R / ln(R/r0), r0 is the radius of the wire.  

In Cartesian coordinates,  

Φ(x, y, z) = 
λ

4πε0 



φ' = 0

2π

(φ' – π) dφ'

R2 + x2 + y2 + z2 – 2 R x cosφ' – 2 R y sinφ'
              (1.21) 

Then the electric field intensity 
→
E (x, y, z) is given as 

→
E (x, y, z) = 

λ

4πε0 



φ' = 0

2π

 dφ'
(φ' – π)[ ](x – R cosφ') 

^
x + (y – R sinφ') 

^
y + z 

^
z

(R2 + x2 + y2 + z2 – 2 R x cosφ' – 2 R y sinφ')3/2          (1.22) 
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The above equation captures the effect of the terminal excitation. None of the existing 

literature proposed an analytical model for the air-gap center plane electric field intensity. 

1.4.4 Summary and identified research opportunities 

In this section, the lumped equivalent circuit model for the loosely coupled WPT system 

is reviewed, the transformer model is valid according to existing literature. Four basic 

compensation topologies and their properties have been investigated. LCL and LCC topologies 

can be regarded as the extension of PP resonant topology. All of the resonant topologies are 

affected by the load resistance and mutual coupling. The resonant compensation inductors and 

capacitors are designed based on coil lumped parameters. However, no research has 

systematically investigated the effect of circuit topologies for inductive WPT systems on air-gap 

magnetic and electric field distributions under aligned and misaligned conditions.  

TMNs have been developed to manipulate the system impedance. However, the loss 

distribution has not been fully analyzed, and the low loss SCC and SCI have not been developed. 

On the other hand, less attention has been paid to use the SCC and SCI in WPT system, the 

effects on the reactive power and power transfer efficiency has not been analyzed. 

The magnetic field and electric field analytical calculation methods for a single current 

loop have been developed. The analytical model for the magnetic flux density in the air-gap 

center plane central point has been developed. The static electric field analytical calculation 

methods for a single current loop with a battery excitation have been developed. However, no 

methodology has been developed to analytically calculate the magnetic field and electric field in 

loosely coupled inductive WPT system air-gap center plane, which is necessary to develop a 

general design methodology that can inherently achieve low air-gap magnetic flux density and 

low air-gap electric field intensity when transferring multi-kW. In addition, power converter 

design and coil design are generally separated. A general system design methodology including 

power converter design and coil design simultaneously must be developed. 
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1.5 Loosely coupled WPT system design methodologies 

There has been much research on design procedures for strongly coupled power transfer 

systems, using magnetic core transformers and inductors [200]. However, design methodologies 

for the loosely coupled WPT winding have not been widely discussed in the literature. In this 

section, loosely coupled WPT winding design methodologies in low power (below 1 kW) and 

high power (over 1 kW) applications are reviewed. Advantages and disadvantages of the design 

methodologies in the literature are discussed as well. 

1.5.1 WPT system design methodologies for low power (below 1 kW) 

applications 

• Implantable biomedical devices design methodologies 

Implantable medical devices have widely used wireless power technology to reduce the 

risk of battery corruption and potential surgery for battery replacement. 

RamRakhyani et al proposed a design and optimization methodology of resonant 

implantable devices to achieve maximum power transfer efficiency with given space and 

distance [24]. A four-coil system was adopted to improve the power transfer efficiency as shown 

in Fig. 1-51 (a), (b) and (c).  

  

(a) Illustration of the four-coil power 

transfer system 
(b) Circuit of the four-coil system 
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(c) Photo of the four-coil system (d) Efficiency dependence on coil distance 

Fig. 1-51. Diagrams and efficiency of a four-coil WPT system 

Power transfer efficiency of a two-coil (source and load coils) system is a strong function 

of the Q-factor of source and load coils, but the source coil’s Q-factor is limited by the source 

series resistance, and the load coil’s Q-factor is limited by the load resistance. In a four-coil 

system, the effect of the low Q-factor and the low coupling between the source and load coils can 

be compensated by using intermediate high-Q-factor coils [24][199]. The paper demonstrated 

non-monotonic dependency of power transfer efficiency of a four-coil system on transfer 

distance as shown in Fig. 1-51 (d). In the figure, two-coil system efficiency decreased 

monotonically as the distance increased while the four-coil system efficiency was convex. There 

were specific distances resulting in peak power transfer efficiency. Driver, primary, secondary, 

and load coils are the components to be designed. The design procedure is shown in Fig. 1-52.  

It is assumed that the maximum outer diameters of the coils (Dout), transfer distances, 

coil thickness, and load resistance are given by applications. Three design parameters are left to 

be determined: the operating frequency, the number of winding layers (Na) and the number of 

turns per layers (Nt) of coils. In the first step. The optimum value of Dout is determined as Dout = 

2 2×d in order to maximize magnetic field in the air-gap. And then, Na and Nt are changed 

incrementally until the efficiency is maximized. Using this design methodology, 82% efficiency 

was achieved experimentally with 20 mm transfer distance and 200 mW output power. 
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Fig. 1-52. Design methodology of the four-coil implantable biomedical device 

Over 80% efficiency system is achieved and the relationship between Na and Nt on 

efficiency is considered in the proposed methodology. However, since the major focus of the 

paper is improving the efficiency, volt-amp rating of transmitters and receivers are not 

considered in the design process. Moreover, potential safety issue is not addressed. 

Kendir et al proposed a design methodology for implantable inductive power link 

including safety considerations of the devices [174]. In the design process, load power, voltage, 

coil dimension, distance between the coils, operating frequency, and maximum available DC 

voltage are assumed to be given. 
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The design methodology started with single turn inductance and coupling coefficient 

calculation of the coils based on the given maximum dimensions. Since the coupling coefficient 

between the transmitter and the receiver is not a function of the number of turns of the coils but a 

function of distance and diameter of the coils, coupling coefficient is determined in the first step. 

 

Fig. 1-53. System overview of inductive link using class E amplifier 

Then, the receiver inductance selection is followed. Coil loss and H-field dependence on 

the receiver inductance is the key metric in decision. In the paper, H-field of the receiver is 

considered more important than the transmitter because the receiver is implanted in a body.  

In step three, the total power delivered from the primary side to the secondary side is 

calculated by adding secondary side losses (coil loss and rectifier loss) and load power. The 

primary side power loss, the primary side current and the required DC voltage dependence on 

primary side inductance is calculated. Optimal primary inductance is selected. Then the optimal 

number of turns of the coils can be decided. 

  

(a) Secondary coil loss vs. its inductance (b) H-field vs. secondary inductance 

Fig. 1-54. Loss and H-field dependence on secondary coil inductance 

Based on the proposed methodology, 250 mW power transfer system over 7 mm distance 

was designed and experimentally evaluated. 80% efficiency was achieved. 
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• Laptop computer battery charger design methodology 

Meyer et al proposed a design methodology for wireless laptop battery chargers [176]. 

Since the target is a laptop computer, primary and secondary windings are implemented on a 

PCB layout to keep the laptop profile thin. A parallel-series resonant circuit topology is adopted. 

 

  

(a) Photos of the system (b) Flowchart of the proposed methodology 

Fig. 1-55. Laptop battery wireless charging system  

Photos of the system are shown in Fig. 1-55 (a). The coil dimensions (220 mm × 140 

mm) are much bigger than the transfer distance (15 mm). Therefore, the system is not loosely 

coupled. However, the design methodology of such system is similar to the design 

methodologies of the other small power applications because it is using a coreless inductor, 

hundreds of kHz, and parallel-series resonant circuit to transmit power. 

The proposed design methodology is shown in Fig. 1-55 (b). In the first step, the design 

specifications of the maximum size of the coils, distance, supply voltage, load resistance, and 

load voltage are defined. Required transmitted power to the load is 80 W, load resistance is 7 Ω, 

transmitter coil voltage of 355 Vrms, and load voltage of 24 Vdc. 

With the given specifications, the number of turns and size of the coils are chosen in the 

first two steps. Inductances and resistances are calculated analytically in the following step. 

Voltages and currents are calculated using these parameters. If the calculated load voltage is 
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higher than the specification, 24 V, the iterative process is ended. The proposed design 

methodology is evaluated with experimental results.  

However, the paper didn’t mention about electromagnetic field around the laptop. Since 

people are often around the laptop to use it when it is on charge, it is necessary to ensure that the 

electromagnetic field around the laptop is within safety limit. 

Ahn et al proposed a quadruple winding topology to reduce the electromagnetic field of 

WPT system for laptop applications [208]. Compared with single coil configuration, the 

quadruple coils have options to choose the directions of the currents of the adjacent coils. The 

direction of the current in adjacent coils should be opposite to maximize the effectiveness of 

magnetic field cancellation outside of the coil. The quadruple coil dimension, current directions, 

and simulation results are shown in Fig. 1-56. 

 
 

(a) Quadruple coil dimensions (b) Current directions in the coil 

  
(c) Simulated EMF over the whole region (d) Simulated EMF over magnified region 

Fig. 1-56. Quadruple coil dimensions, coil current directions and simulation results 
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As shown in Fig. 1-56 (d), the quadruple coils decreased faster compared with the single 

coil and the flux density at 120 mm distance from coil center is 18 µT, which is lower than the 

safety limit. However, as the simulation results shown in Fig. 1-56 (c), the flux density within the 

air-gap of the proposed quadruple coils is the highest one, which is much higher than the safety 

limit, and it is possible that people put their hands to the air-gap region during operation, which 

would cause severe injury to users. 

• Loosely coupled planar WPT system design methodology (300 W, 10 mm) 

In 2009, Low et al proposed a design approach for a loosely coupled planar WPT system 

in order to transmit 300 W over 10 mm distance [20]. A parallel-parallel resonant circuit is 

adopted with an impedance transformation network. The proposed approach is started with 

design constraints of the coil dimensions. The size of the transmitter was set as 21 cm × 21 cm, 

and the number of turns was 10. The size of the receiver was set as 13 cm × 13 cm, and the 

number of turns was 5. AWG 16 magnetic wires are used to fabricate the coils. However, it is 

not clearly explained how the authors determined the number of turns, the length of the edges, 

and the cross-section area of the wire used in the coils. 

In the first step, operating frequency of the resonant system is determined. The authors 

understood that higher operating frequency enhances the power transfer efficiency in the broader 

range of load resistance variation. Operating frequency of 134 kHz is selected. Then the receiver 

compensation capacitance is selected as 113 nF. After that, the impedance transformation 

network’s L and C values were determined as Lout = 100µH and Cout = 68nF. At last, the 

transmitter compensation capacitor value is selected as 105 nF to ensure proper phase response 

of the input impedance. The authors claimed that phase of the input impedance is important in a 

sudden unloading case. The proposed methodology is evaluated with an experimental setup. The 

output power of the system was 295 W at efficiency of 77% with forced air cooling. 
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(a) Photo of transmitter and receiver coil (b) Photo of dual-channel class E amplifier 

 
 

(c) Schematic of dual-channel class E amplifier (d) Efficiency dependence on load 

Fig. 1-57. 300 W power transfer system over 10 mm distance  

The overall power transfer efficiency was too low to be used in commercial electronics. 

The paper would be improved by adding how the overall efficiency of the systems can be 

affected by using other resonant circuits such as series-series or series-parallel, etc. Furthermore, 

VA ratings, human body safety, EMI/EMC effects have to be considered as well. 

Pareto fronts of coils’ efficiency versus stray magnetic field was used for a synergetic 

optimization and winding design for a 100 W inductive WPT system [101][104]. The fronts were 

derived from finite-element simulation (FES). The procedure for building the simulation model 

in FES included selecting ferrite width, gap, and misalignment for coils’ structure in Fig. 1-58 

(a). Then physical parameters coil radii and number of turns were swept. Two simulations were 

needed for each set of physical parameters. The first simulation was to derive the self- and 

mutual inductances, and ESRs, winding currents, and coil-to-coil efficiency. The second 

simulation was to derive the stray magnetic field in the measurement point. Pareto fronts of 

coils’ efficiency versus stray magnetic field was derived with the simulations of all sets of 

physical parameters. The design flowchart is shown in Fig. 1-58 (c). By plotting all the 
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simulation results on a 2-dimensional plot with x-axis to be stray magnetic field and y-axis to be 

coil-to-coil efficiency, the Pareto front can be derived and is located on the upper left as shown 

in Fig. 1-58 (d), all the points located on the front can be considered as optimized structures. 

  

(a) Simulation model (b) Elements of current-to-field matrices 

 

 
(d) Pareto front and simulation point 

 
(e) Setup configuration 

 
(c) Design flowchart (f) Magnetic field results 

Fig. 1-58. 100 W inductive WPT system design using Pareto fronts 

In the pateto front design methodology, only the magnetic flux density at the air-gap 

center plane measurement point is included as 
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Bi(t) = BTX,i(t) + BRX,i(t) = 2(αTX,i • ITX)sin(ωs t) + 2(αRX,i • IRX)sin(ωs t + θ)     (1.23) 

Which is definitely not the air-gap center plane peak magnetic flux density. In addition, this 

design methodology can’t be scaled to transfer kW power. At 75 mm away from the central 

point, B = 140 μT when transferring 100 W, when the output power is scaled to 2.5 kW, the 

required excitation current will increase 5 times, which will make B increase from 140 μT to 700 

μT, which is about 3 times higher than the IEEE C95.1-2005 magnetic field safety limit. Besides 

that, the air-gap electric field distribution is not considered. 

1.5.2 WPT system design methodologies for high power (over 1 kW) 

applications 

• Vehicle battery charger design methodologies 

In [28] and [47], Villa et al investigated a WPT system for an electric vehicle battery 

charger. In Fig. 1-59, an overview diagram of the EV battery charging system and its 

implemented winding geometries are shown. 

 

 

(a) System overview (b) Photo of implemented system 

Fig. 1-59. Loosely coupled WPT system for EV battery charger 

A design flowchart is proposed to design a 200 kW EV battery charger with 20 cm 

transfer distance as shown in Fig. 1-60. Winding dimensions, maximum operating frequencies, 

supply voltage, output power, and desired load voltage are assumed to be given by the target 

application. The number of turns (N1, N2), cross-sectional area (S1, S2) of the transmitter and 

receiver, and operating frequency are the parameters to be determined. The proposed design 

methodology starts with self- and mutual inductance calculations of single winding coils. In the 

second step, transferred power over the load is calculated with each of the combination of (N1, 
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N2). In step three, calculated P2 and desired output power Pload are compared. If P2 is greater 

than Pload, the operating frequency will be changed until P2 ≤ Pload. If the calculated current 

density δ1 and δ2 of the coils are smaller than the allowable current density of wires, it becomes a 

design candidate to achieve final design.  

The final design is picked if the derived circuit satisfies following six requirements. 

(1) PL(N1, N2) = Pload (Calculated output power with N1-turn transmitter and N2-turn 

receiver must equal to the given output power requirement.) 

(2) VL(N1, N2) = Vload (Calculated output voltage with N1-turn transmitter and N2-turn 

receiver must equal to the given output voltage requirement.) 

(3) fop(N1, N2) ≤ fmax (Calculated operating frequency with N1-turn transmitter and N2-

turn receiver must smaller than the maximum allowed operating frequency.) 

(4) Qp(N1, N2) > Qs(N1, N2) (Calculated loaded quality factor of the transmitter has to be 

greater than the loaded quality factor of the receiver for stable operation.) 

(5) δ1(N1, N2) ≤ δ1max (N1, N2) (Calculated current density of transmitter winding has to 

be smaller than allowed maximum current density.) 

(6) δ2(N1, N2) ≤ δ2max (N1, N2) (Calculated current density of receiver winding has to be 

smaller than allowed maximum current density.) 

The virtue of the paper is that it compared electrical parameters and required copper mass 

of four different topologies: Series-series (SS), series-parallel (SP), parallel-series (PS), and 

parallel-parallel (PP) resonant circuits. SS requires minimum copper mass while PS requires the 

largest amount of copper, since the maximum allowed current density is the same, and from the 

optimized design results for the 200 kW system, primary winding current requirement of PS 

system is 2412 A, while primary winding current requirement of SS system is 370 A. The paper 

concluded that series primary is preferred than parallel primary resonant circuit for high power 

applications because of high current requirements of parallel primary circuits (PS or PP). Based 

on the proposed design methodology, a WPT system over 15 cm distance, 2 kW, at 20 kHz 
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prototype was implemented and evaluated experimentally. Measured efficiency of the system 

was 82% at 2020W and 20.1 kHz power transfer. 

 

Fig. 1-60. Design flowchart of electric vehicle battery charger 

However, it should be noted that the paper did not explore the volt-amp rating variations 

of coils. Since the power rating of the target applications is kW range, volt-amp (VA) rating of 

the system changes drastically depending upon the circuit parameters. For example, the VA 

rating of SS system in the paper is 1.7 MVA while it is 2.1 MVA for SP system to transmit 200 

kW real power. Therefore, a deliberate consideration of VA rating dependence on parameters is 

required to minimize the system volt-amp ratings. 
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Moreover, the paper would be improved if the authors considered the safety issues since 

the transmitted power is in kW range and the operating frequency is in kHz range. In the low 

frequency operation, electrostimulation of muscles and nerves by induced current is critical due 

to safety concern. Therefore, the induced current in the human body should be estimated and 

evaluated in the design process. 

Stielau et al discussed loosely coupled inductive power transfer topologies and a design 

methodology in [22]. According to the authors, series compensation in the secondary side has the 

characteristic of a voltage source, while parallel compensation behaves as a current source. 

Series compensations were appropriate for variable speed AC motor drives, while parallel 

secondary circuits were more suitable for battery chargers. On the primary side, series 

compensation is more attractive for applications that need low input voltage but high coil 

voltage, because series compensation functions as a voltage amplifier on the primary side. In 

contrast, parallel compensation is appropriate for applications that need low source current but 

high primary coil current. Parallel compensation works as a current amplifier in the primary side.  

The authors assumed that the operating frequency of target systems is given. Proposed 

iterative design steps are started with a selection of an experience-based initial circuit topology. 

In the second step, the primary current is determined. In the following step, the product of 

Voc×Isc is calculated using the chosen primary current ip. Voc is the open circuit voltage, and Isc 

is the short circuit current. Voc×Isc is related to the maximum power transfer capacity of an 

uncompensated secondary. Therefore, using this value, it is decided whether the secondary 

compensation is necessary or not. In step four, the secondary side compensation is determined. 

The secondary side VA ratings are calculated and adjusted until the VA ratings of the primary 

side is greater than the required VA ratings. In the final step, loaded quality factors of the 

primary (Qp) and the secondary (Qs) is compared. If Qp >> Qs, control stability is assured, and 

the design process is ended. The design flowchart is shown in Fig. 1-61. 
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Fig. 1-61. Design flowchart of a loosely coupled wireless EV battery charger 

It is excellent that the paper investigated on not only the characteristics of series and 

parallel compensation networks but also the design methodology of a high power system. Using 

the proposed methodology, the designed system can satisfy the stability condition and provide 

the required output power. However, the authors did not clearly explain how to choose the initial 

circuit parameters in the first step of the design methodology. It was an experience-based 

selection. Furthermore, the paper did not explore how to achieve minimum volt-amp rated 

systems, which would affect the air-gap magnetic and electric field distributions. The authors 

understood that reactive power of a loosely coupled system can be 50 times larger than the real 

power depending on circuit parameters, but minimizing the VA rating of the system was not 
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discussed. The paper also did not consider safety issues in the design procedure, even though the 

safety issues become increasingly important as the transferred power and the distance increase. 

Lee et al proposed a circuit design methodology to consider efficiency, VA rating, 

stability, and magnetic field safety issues simultaneously and used an objective function with 

different weighting coefficients based on design requirement to select an optimal design 

[80][81]. Consider input impedances, misalignment performance and load conditions, SS and SP 

systems are preferred in the stationary charger application.  

A design space of the SP resonant WPT system was developed as shown in Fig. 1-62 

based on the assumptions that Pin, |VL2|, RL and k are given, |VL1| should not exceed VL1max, 

and IL1, IL2 should not exceed IL1max, IL2max, respectively. 

  

(a) VL1 limit (b) IL1 limit 

  
(c) IL2 limit (d) Overlapped plot 

Fig. 1-62. The design space for SP system 

The design flowchart is shown in Fig. 1-63. The design space was divided into finite 

design elements as starting point, based on the impedances of transmitter and receiver coils, 

firstly, the radius of transmitter coil was initialized as the largest achievable value depending on 

design space and turn number was set as 1, then the inductance and operating frequency could be 

calculated based on the given dimension and impedance. After the operating frequency was 

determined, the receiver coil inductance and dimension could be calculated based on its 
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impedance. At last, coupling coefficient, efficient and flux density are calculated. The transmitter 

turn number and radius iteration loops would help sweep along all possible designs.  

 

Fig. 1-63. Optimum geometry calculation in feasible design space 

Following the design flowchart, the operating frequency, flux density, VA rating, and 

efficiency distributions over the design space could be plotted in corresponding to transmitter 

and receiver coil turn numbers and radius. In order to find an optimal design, an objective 

function with weighting coefficients was proposed to balance all considerations. 

 

Fig. 1-64. SP LCIPT system performance trade-offs 
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The performance of the WPT systems has trade-offs depending on the selection of 

transmitter and receiver impedances as shown in Fig. 1-64. The optimal design point can be 

changed depending on the weighting of design requirements. The way of determining the 

weighting coefficient is the designer’s decision about the importance of the individual terms. 

The benefit of the proposed design methodology is that it considers power transfer 

efficiency, quality factor, copper mass, VA rating, air-gap center plane central point magnetic 

flux density, output voltage level, output current level, and control stability simultaneously using 

an objective function with different weighting coefficients. However, during the design process, 

the author didn’t consider the high spatial voltage stress between the first turn and the end turn, 

which limits the power scalability, magnetic field tissue heating safety limit and electric field in 

the air-gap center region, which is equally important as magnetic field. In addition, only the 

magnetic field generated by the primary coil was considered in the design methodology, and the 

peak flux density may be not located in the air-gap center plane central point. Moreover, the 

design process is a sweep process along the impedance range of the primary coil and the 

secondary coil, the operating frequency is calculated from the impedance and analytical 

inductance regardless of the effect of parasitic capacitance. Due to the existence of parasitic 

capacitance, the equivalent impedance won’t be equal to ω L. 

Lee et al proposed a design methodology for a 300 kW, low flux density, large air-gap, 

online WPT for train applications [84]. The authors adopted a transmitter track and multiple-

receiver topology as shown in Fig. 1-65, and SS compensation network is used. 

 

Fig. 1-65. Overall system block diagram of a target online WPT system 
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The design flowchart is shown in Fig. 1-66. Several assumptions have been made for the 

proposed design methodology. The operating frequency was assumed to be 60 kHz for high 

power WPT system in South Korea, width of a target vehicle was assumed as a given value 2.4 

m, required air-gap distance was assumed to be given as 7 cm, length of required transmitter 

track was given as 10 m, and the rated output dc voltage was assumed to be given as 750 V. 

 

Fig. 1-66. Design flowchart of a 300 kW online WPT system 

In the design flowchart, the geometry of the transmitter coil is determined in the first part, 

and then, the geometry of the receiver coil is selected in the second part. For the transmitter coil 
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design, number of turns and rated operation current are independent variables, the width of the 

coil is a dependent one. If the number of turns and the rated current are chosen, a maximum 

width of the transmitter must satisfy international safety guidelines. For the transmitter coil, the 

rated current of the receiver is a given parameter, the number of turns and the width of the 

receive winding are dependent on each other to satisfy the safety guideline. Since the magnetic 

field is cross-coupled with the transmitter and the receiver, the iteration process needs to satisfy 

both limitations. The control stability criterion was used to avoid zero-phase bifurcation. The 

efficiency was used at the end to improve the iteration result with high power transfer efficiency. 

It should be noted that the receiver coil was designed based on selected transmitter coil. The 

experiment results showed that the measured total efficiency was over 90% at 150-kW transfer 

and the losses of the transmitter and receiver coils dominated the total losses. 

The advantage of the proposed design methodology is that it considers power transfer 

efficiency, magnetic field distribution, output power level, output voltage level, and control 

stability simultaneously as design selection criteria. The magnetic flux density distribution at the 

horizontal distance of 20 cm from the vehicle body (1.4 m distance from the center of the WPT 

system), as shown in Fig. 1-48, was lower than the safety limit. However, the electric field was 

not evaluated, which is equally important as magnetic field. In addition, the power transfer 

distance is 7 cm, and it is not suitable to be used in electric vehicles, and the flux density within 

the air-gap should also be evaluated. 

Miller et al [173] gave important insights into WPT operation in terms of k and ω through 

investigation of the resonant network associated with the coupler. Although small receiving coils 

are preferable on the vehicle, and popular perception is that the loss in coupling coefficient can 

be made up by using high Q obtained in part by increased operating frequency, Miller et al 

proposed that low k cannot be compensated with higher ω or higher Q, weight and cost benefits 

are unlikely when the secondary receiver coil on the vehicle is too small, and it’s painful to 

improve power transfer efficiency. Equivalent primary coil radius and secondary coil radius is 
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recommended. However, he insisted that operating at 21 kHz region is better than operating at a 

higher frequency, the effect of operating frequency on magnetic and electric field distributions 

was not investigated. A general system design methodology was not proposed. 

1.5.3 Summary and identified research opportunities 

In the literature, LCIPT system design methodologies have been investigated in diverse 

power level applications. The design methodologies for implantable biomedical devices (mW 

level), laptop battery chargers (W level), electric vehicle battery chargers (kW level), and online 

train charging (MW level) has been reviewed. 

Previous design methodologies began with the transmitter coil and the receiver coil 

geometry initialization. The initial estimation of the number of turns, loop radius, and other 

geometric factors of the coils are decided in the first step, and the geometry iterations of the coils 

are continued until the power transfer efficiency, copper mass, current ampacity, secondary side 

voltages satisfy the desired values. The magnetic flux density only at the air-gap center plane 

central point generated by the primary coil was considered in the SSW design methodology, 

which didn’t consider air-gap electric field intensity and could only satisfy magnetic field 

electrostimulation safety limit at MHz frequency. There is no design methodology that has 

considered the following requirements simultaneously in the design procedures. 

1) The human body safety to RF field exposure including both magnetic field and 

electric field in the air-gap center region 

2) System analytical modeling from the front side to the end side, including inverter, 

coil, and rectifier 

3) DC-to-DC power transfer efficiency including inverter efficiency, coil-to-coil 

efficiency, and rectifier efficiency 

4) Voltage-current ratings of coils, capacitors, and power semiconductors 

5) Coil spatial voltage stress between adjacent turns 
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Therefore, a new general design methodology which results in low air-gap magnetic flux 

density, low air-gap electric field intensity, high power transfer efficiency, low spatial voltage 

stress, and low voltage-current ratings is required. 

1.6 Loosely coupled WPT system magnetic component design  

In this section, the literature of magnetic component designs for high power EV chargers 

are reviewed. At first, different coil geometries are compared with respect to mutual coupling 

and performance under misalignment. Then, magnetic component loss distributions are analyzed. 

After that, mutual inductance calculation methods for different coil geometries are investigated. 

In the end, power scalability limitations of these geometries are identified.  

1.6.1 Comparison of mutual coupling and misalignment tolerance 

Operating frequencies of the majority of the state-of-the-art wireless EV chargers are in 

10 kHz to 15 MHz. Some designers operated their systems at tens of kHz frequencies for the 

ease of the power converter design while the other designers operated at a few MHz frequencies 

for human body safety consideration and high efficiency [80]. 

 

 
(a) The photo of pot core in [179] (b) The pot core in [211] 

Fig. 1-67. Pot core geometry of kHz frequency WPT systems 

In kHz frequency operation, various configurations have been presented for the power 

transfer. Li et al [17], Moradewicz et al [179], Nakao et al [209], Laouamer et al [210], and 

Sullivan et al [211] used pot ferrite core and Litz-wire for contactless power chargers to transfer 

power through a few mm distances. The pot cores are preferred to confine the magnetic flux in 
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the core itself and to increase the coupling coefficient. The Litz-wire windings are preferred to 

increase the quality factor and to enhance the efficiency. The disadvantages are that the core is 

expensive, and the misalignment tolerance is very poor due to the confined magnetic flux. 

Instead of using the full-size pot and disc cores, Budhia et al [52] optimized circular 

planar magnetic components with multiple ferrite bars, as shown in Fig. 1-68, to transfer 2 kW 

over 20 cm air-gap. The aluminum ring and backing plate are used for shielding purpose. The 

paper investigated the families of circular pad designs to optimize the pad in terms of tolerance 

in misalignment and high utilization of ferrite material. Dimensions of the ferrite bars and the 

coils are the design factors to be optimized.  

  

(a) Pad geometry (b) Various bar and coil configuration 

 
(c) Various pad topologies 

Fig. 1-68. Optimization of the ferrite bar pads 

According to FEA simulation, the length of the ferrite bars has the most significant 

impact on transferring power to the receiver while its thickness has the less impact. As the length 

of the bars increases the power transferred to the receiver is maximized by achieving longest flux 
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paths in the air-gap. As the width of the bars increase, transferred power is increased linearly up 

to a certain extent because of the enhanced coupling. Over the specific width, transferred power 

is not increased linearly with the width and the ferrite utilization factor is decreased. From the 

FEA analysis, the transferred power to the receiver is maximized with longer and narrower 

ferrite bars while the Litz-wire coil is aligned on the center of the bars. Not only the basic 

umbrella-rib-style layout, diverse layouts are investigated with additional ferrite bars as shown in 

Fig. 1-68 (c). The paper chose the second geometry in Fig. 1-68 (c) as an optimal one due to the 

combination of long and narrow ferrite blocks to achieve the best ferrite utilization, the long one 

provides favorable magnetic paths that increase flux density above the pad, while the narrow one 

enables flux around the coil to be guided more effectively. 

According to FEA results, maximum horizontal misalignment tolerance of the circular 

pads is about 40% of the pad diameter, because a power null occurs due to flux cancellation 

when the receiver is offset from the transmitter at approximately 40% of the pad diameter. The 

final design has the diameter of 70 cm with a full power diameter of 26 cm with 21 cm air-gap.  

Budhia et al proposed a polarized magnetic coupler in order to increase the coupling 

between the transmitter and the receiver, and to enhance tolerance on specific directional 

misalignment [30][31]. Unlike the circular pad design, two coils are used in the new polarized 

design (double D pad, DD) as shown in Fig. 1-69.  

  
(a) DD pad (b) DDQ pad 

Fig. 1-69. Configuration of the DD and DDQ pad 
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By placing two D-shape coils side by side on the ferrite bars, the generated magnetic flux 

is concentrated in the center of the pad which is resulting in higher coupling and low leakage 

flux. Since the coupling of DD pad is caused by the horizontal flux, there is a null coupling point 

in the horizontal line if the receiver is also a DD pad. Additional rectangular coil is attached 

below the receiver DD pad to form a double D quadrature (DDQ) pad and the quadrature coil is 

effective in horizontal misalignment, because the quadrature coil can couple vertical flux 

components. The DD and DDQ pad geometries (coil and ferrite bar lengths and widths) are 

optimized to achieve maximum coupling coefficient in a given distance by means of FEA. The 

transmitted power to the receiver by x- and y directional misalignment is shown in Fig. 1-70. 

  
(a) Circular transmitter to circular receiver (b) Circular transmitter to DD receiver 

  
(c) Circular transmitter to DDQ receiver (d) DD transmitter to DDQ receiver 

Fig. 1-70. Transferred power dependence on horizontal misalignment  

As shown in Fig. 1-70, peak transferred power and misalignment tolerance of DD pads is 

enhanced significantly compared to the circular pads especially in the x-direction (elongated 

axis) mainly because the size of DD pad along x-direction is much larger. The misalignment 
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tolerance of DDQ pad is better than DD pad since additional Q pad increases the coupling 

coefficient between transmitter and receiver coils. 

The circular pad generates the vertical field, while the DD pad produces horizontal field, 

therefore, if a vehicle is equipped with a circular pad as a receiver and parks over a DD pad, the 

coupling between the transmitter and the receiver will reduce significantly, in addition, the 

leakage magnetic field will increase hugely. A bipolar pad (BPP) and a tripolar pad (TPP) are 

proposed to solve this problem [53]-[57]. 

 
 

(a) DD pad structure (b) Bipolar pad structure 

  
(c) DD pad flux pattern (d) Bipolar pad flux pattern 

Fig. 1-71. DD pad and bipolar pad structures and flux patterns 

The bipolar pad structure and flux pattern are compared with the DD pad in Fig. 1-71 

[54]. Adjusting the overlap area of coil 1 and coil 2, the amount of flux, generated by coil 1, that 

goes through area S2 is equal to the return amount of flux going through area S1, then coil 1 and 

coil 2 are mutually decoupled, which allows the currents within each coil to be independent in 

both phase and magnitude and provides a better misalignment tolerance. 

Mutual decoupling among three coils in a tripolar pad was achieved by appropriately 

adjusting the overlap between the coils so that the net EMF induced in an adjacent coil was as 

close as possible to zero [55]-[57]. When the secondary coil has rotational misalignments, three 

mutually decoupled coils can be controlled and driven individually to generate a polarized 
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magnetic field relative to the position of the secondary coil, which helps achieve the rotational 

tolerances of a non-polarized pad while still taking advantages of a polarized magnetic field.  

Three coils in layout A are mutually decoupled to independent control current in each coil, and 

in layout B are mutually enhanced to increase the power transfer efficiency. 

 

 

(a) Construction of a tripolar pad (b) Tripolar pad layouts 

Fig. 1-72. Tripolar pad for inductive power transfer systems  

Both bipolar and tripolar pads generate vertical flux, and the coupling coefficient is 

determined by the area enclosed by the pad. They can be treated as an equivalent way to increase 

the enclosed area to improve the coupling factor compared with using a single large pad. 

In addition to the single-sided windings, researchers investigated double-sided windings 

with rectangular magnetic core designs as well [49][58]. The paper insisted that the double-sided 

winding enables 0.5x transmitter and receiver size for the same coupling coefficient. The 

proposed double-sided winding geometry in [49] is shown in Fig. 1-73.  

   
(a) Rectangular core (b) Three I-core (c) Two I-core 

Fig. 1-73. Double-sided windings design (unit: mm) 
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The paper investigated the effect of the number of split cores to the coupling coefficient 

and power transfer efficiency, in order to optimize the required amount of the core material and 

cost. With the same copper winding size, the three I-core geometry has comparable efficiency 

and power level with the rectangular winding geometry. Since the magnetic material is helpful to 

improve the coupling coefficient, then the power transfer efficiency could be improved. 

Therefore, the geometry with more magnetic material has the highest power transfer efficiency. 

It is claimed that the double-sided coils were more beneficial in misalignment tolerance than 

single-sided coils and the size of the coils for same power level can be reduced using double-

sided coils. Because of the unwanted leakage flux, aluminum foils were used to shield magnetic 

flux at the back of the core and increase the coupling coefficient. However, when the shielding is 

added, the quality factor of a flux-pipe coupler reduces from 260 to 86. The high shielding loss 

makes this coupler not a good choice [59]. 

Only a few resonant inductive WPT systems are operated at MHz frequencies. Lee et al 

[50][79]-[83] operated the system at 3.7 MHz in order to increase the efficiency with low 

magnetic flux density. Kurs et al [199] transmitted power at 10 MHz in order to increase the 

transfer distance. The magnetic component designs in the papers did not use any kind of 

magnetic cores because of the huge iron loss in the core at MHz frequencies. Air-core coils are 

typically used. Therefore, copper and dielectric losses play a major role in the total loss of a 

system in MHz. In some papers, the Litz-wire is used to decrease copper loss in MHz frequency. 

However, Litz-wire is not a viable solution for kW, MHz operations because of the irregularities 

in the fabrication process and parasitic capacitances between the adjacent turns. Therefore, 

copper tubing or silver-plated copper wires have been used for an air-core inductor. Helical or 

spiral winding geometries are used for the inductor. However, there is not enough research in 

minimizing losses in MHz frequencies. Typically, large turn spacing coils are used to decrease 

proximity effect loss in the coils. Two identical helical or spiral coils with copper tubing are 

fabricated as a transmitter and a receiver in [199][213]. In order to decrease the proximity effect 
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loss and increase the power transfer efficiency, the turn spacing of the coils is very large 

compared to the tubing diameter. 

Instead of using conventional helical or spiral winding, Lee et al [50][79]-[83] proposed 

the surface spiral winding (SSW) layout, shown in Fig. 1-74 (a) and (b), in order to minimize 

skin and proximity effect losses of the copper winding at MHz frequencies. With the new layout, 

compact and high efficiency system is achieved. According to Lee et al [80], the design 

methodology of the SSW for maximum Q factor is investigated by means of 2D FEA. The Q 

factor of a SSW is maximized when the following three conditions are met: (1) Wall thickness of 

the winding is equal to 1.7x skin depth. (2) Large loop radius and less number of turns in case of 

equal self-inductance coils. (3) Cross-sectional radius of the winding is equal to 0.1x loop radius. 

  
(a) SSW geometry (b) SSW design variables 

  
(c) SSW spatial voltage distribution (d) Voltage breakdown when transferring 1 kW 

Fig. 1-74. Surface spiral winding geometry, voltage distribution, and breakdown 

However, during the design process, the design methodology didn’t include the effect of 

spatial voltage stress over adjacent turns and dielectric losses systematically. The spatial voltage 

distribution is shown in Fig. 1-74 (c), the highest spatial voltage stress is located between the 

first turn and the end turn; since it is the spatial voltage stress between adjacent turns that causes 
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the dielectric losses, the main dielectric losses are also located between the first turn and the end 

turn. In addition, the gap between the first turn and the end turn is the first region that voltage 

breakdown would happen when pushing to transfer high power. During the SSW experimental 

test, the voltage breakdown happens instantly between the first turn and the end turn when 

pushing to transfer 1 kW from the transmitter to the receiver as shown in Fig. 1-74 (d) [83].  

• Comparison of coupling coefficient 

Typical shapes of inductive WPT coils include circular, square, and rectangular structures 

as shown in Fig. 1-75 (a)-(c) [229]. The DD coil proposed in [31] is represented as the 

segmented coil as shown in Fig. 1-75 (d). 

  
 

 

(a) Circular coil (b) Square coil (c) Rectangular coil (d) Segmented (DD) coil 

 
(e) Comparison of the coupling coefficient k 

Fig. 1-75. Schematic and coupling coefficient of the simulated inductor shapes 

For all models, a small conductor diameter of dw = 1 mm was used, and the number of 

turns was set as 1 for both the primary coil and the secondary coil, i.e., the winding was 

concentrated at the outer edge of the coil, in order to minimize any effects resulting from a finite 

size of the winding. The air-gap was set as 70 mm. The radius of the circular coil was set to 100 

mm, 141.4 mm, and 200 mm. The three resulting coil areas were taken as a reference for the 
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other models, which were designed to have the same area. The rectangular coil and the 

segmented coil were designed with a width to length ratio of 1/2. The coupling coefficients are 

compared and shown in Fig. 1-75 (e). 

The magnetic coupling obtained with a circular coil is higher than that of the square and 

the rectangular coil. It is claimed that it can be explained by the distortion of the field distribution 

around the corners of those shapes [229]. However, when the aspect ratio of the rectangular coil 

keeps increase, its mutual coupling will further reduce due to leakage magnetic field. The 

segmented coil achieves a magnetic coupling that approximately corresponds to that of a 

rectangular coil with only half the size, which is actually the mutual coupling of a circular coil or 

a square coil with only half the size. 

A comprehensive comparison of the coupling factor with respect to various coil 

geometries was investigated [214][215]. The evaluated coil geometries are shown in Fig. 1-76 

(a)-(p). The geometries with a compensation winding have an outer winding with an opposed 

direction of current to the inner windings. The triangular geometry is made of two triangles in 

mirror symmetry. All other geometries were designed based the circular geometry with same area 

and number of turns. The coil diameter of the circular geometry is 550 mm, the coil cross-section 

is 50 mm2, the number of turns is set as 5, and the distance between adjacent turns is 20 mm. The 

coupling factors are compared in Fig. 1-76 (q) under different air-gaps. 

    

(a) Circular (b) Square (c) Rectangular 
(d) Primary 

compensated 

    
(e) Secondary 

compensated 

(f) Both sides 

compensated 
(g) DD (h) DD overlapped 

    
(i) DDQ (j) Two squares (k) Two squares (l) Four squares 
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overlapped 

    
(m) Four squares 

overlapped 
(n) Triangular 

(o) Circular 

quartered 

(p) Circular quartered 

overlapped 

 
(q) Comparison of the coupling factor 

Fig. 1-76. Schematic and coupling coefficient of various coil geometries 

As shown in Fig. 1-76 (q), the circular coil can achieve the highest mutual coupling, the 

square coil is slightly lower due to the magnetic field distortion at the corners. 

The self-inductance and coupling coefficient of the surface spiral winding (SSW) and 

planar spiral winding (PSW) are compared in Fig. 1-77 [81]. 

  
(a) Self-inductance vs. number of turns (b) Coupling coefficient vs. number of turns 

Legend: SSW, PSW. 

Condition: Transmitter and receiver outer loop radius 30cm, receiver number of turn 1. 

Cross-sectional radii: SSW 16mm, PSW 2 mm. Inter-turn spacing 0.3 mm. 

Fig. 1-77. Comparison of self-inductance and coupling coefficient of SSW and PSW 
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As shown in Fig. 1-77, SSW typically has higher coupling coefficient compared to the 

PSW, since each turn of the SSW has the same loop radius. 

In summary, under aligned conditions, planar circular geometry can achieve the highest 

mutual coupling compared with other geometries. Rectangular shape geometries, such as the 

rectangular pad, the DD pad, the bipolar pad and the DDQ pad, and the double-sided coil have 

higher lateral misalignment tolerance along the length direction, while the lateral misalignment 

tolerance along the width direction is almost the same as the circular coil, which means the 

improvement in misalignment tolerance along the length direction is mainly due to the increment 

of area along the elongated direction. The bipolar pad and tripolar pad are mutually decoupled, 

which is an equivalent way to increase the area enclosed by the coil. SSW can achieve higher 

mutual coupling than the PSW since the diameter of each turn maintains the same. 

1.6.2 Mutual inductance calculation under aligned and misaligned conditions 

Most of the transmitter and the receiver designs are based on perfectly aligned cases. 

System analysis and design with the coupling coefficient of coaxially aligned coils is a good 

starting point. However, misalignment between the transmitter and the receiver is unavoidable in 

the real worlds, maximum allowable misalignment of a system has to be investigated for 

efficient power transfer. 

Because analytical calculation of the coupling coefficient of arbitrary misaligned coils 

required solving the double integral of Neumann’s formula [216], only a few researchers used 

analytical methods. The double integral of Neumann’s formula results in the first and second 

kind of complete elliptic integrals [26][217]. As of the complexity of analytical methods, 

empirical or numerical methods have been used as well, though they are limited to special 

geometries and massive numerical integration. 

Noureddine [217] and Babic [218] et al calculated the mutual inductance of lateral and 

angular misaligned coils by means of numerical integration. Flack et al [219], Hochmair [220], 

and Kim et al [221] have considered lateral misalignment of the coils by means of experimental 
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and numerical analysis. In contrast, Soma et al [26] and Galbraith et al [222] have investigated 

mutual inductance dependence on lateral and angular misalignments using simplified analytical 

method and empirical corrections. The major limitation of such analytical method is calculation 

precision in case of the large air-gap WPT systems. The proposed method was valid until the 

lateral misalignment distance is smaller than the radius of a receiver coil. Furthermore, the 

estimation error became bigger as the misalignment distance increases. 

Fotopoulou et al proposed a semi-analytical method in [21]. Instead of complex 

integration, the paper assumed that the spatial distribution of magnetic field in the receiver loop 

is uniform because the coils are loosely coupled (k < 0.001). In the paper, flux linkage 

calculation was independent of the spatial distribution. However, the paper did not quantitatively 

explore the error in net flux linkage calculation coming from the approximation. In a far-field 

transfer such assumption does not make sever error, because the electromagnetic field in the far-

field area is planar [1]. However, in a near-field area, especially loosely coupled systems (0.001 

< k < 0.01) may have a severe error because of the non-uniform distribution of E and H fields. 

• Mutual inductance calculation for perfectly aligned coils 

Mutual inductance calculation of two coaxial coils was investigated for more than 100 

years since the era of Maxwell. According to Maxwell, the mutual inductance of two coaxial 

filaments can be calculated using following expression [223] 

M = − µ0(πab)

0

∞

J1(kb)J1(ka)e-kz dk                                      (1.24) 

Where a and b are the radii of the filaments, J1 is a Bessel function of the first kind. The exact 

integration of above expression in elliptic integrals is shown below 

M =  
2µ0

γ
 (ab)1/2 









(1 - 
γ2

2
) K(γ) - E(γ)                                    (1.25) 

Where K(γ) and E(γ) are complete elliptic integrals of the first and second kind, respectively, and 

γ = 4ab / [(a+b)2 + z2]. 
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Hurley et al calculated the mutual inductance of two planar multi-turn coils by an 

analytical method in [224]. The mutual inductance of planar coils in the air follows  

M =  
µ0π

h1h2ln






r2

r1
ln







a2

a1

 

0

∞

S(kr2,kr1)S(ka2,ka1)Q(kh2,kh1)e-k|z| dk                    (1.26) 

Where r1, r2 and a1, a2 are inner and outer radii of the coil 1 and coil 2, respectively, and Q(kx, 

ky) = 
2

k2
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h + 
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k
 , S(kx, ky) = 
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k
 . 

Miller demonstrated self- and mutual inductance calculation of single-layer solenoids 

[225]. The self-inductance of a solenoid can be calculated by 

L = 
µ0N2a2

3c
 






dc

a2 [F(k) - E(k)] + 
4d

 c
 E(k) - 

8a

c
                          (1.27) 

Where a, c, and N are radius, axial length, and the number of turns of the solenoid, respectively. 

d = 4a2 + c2 and k = 2a/d. K(k) and E(k) are complete elliptic integrals of the first and second 

kind, respectively. 

The paper addressed the mutual inductance of two solenoids as well. The mutual 

inductance equation was the same with (1.23), because the axial lengths of the coils were not 

considered in the paper. 

• Mutual inductance calculation for coils with lateral misalignment 

Fotopoulou et al determined the magnetic field intensity at the center of laterally 

misaligned receiver winding when the transmitter is a multi-turn solenoid, circular spiral coil or 

square spiral coil [21]. 
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(a) Circular winding (b) Square winding 

Fig. 1-78. Laterally misaligned coils 

In case of solenoid and circular spiral coils, the z-component of the magnetic field 

intensity at the center of the receiver winding can be calculated by 

Hz = 
I×N

2π∆
 






m

4a∆

1/2
 








∆K(m) + 
am – (2 – m)∆

2 – 2m
 E(m)  (solenoid) 

(1.28) 
Hz = 

I

2π∆
 
i = 1

n

 






mi

4ai∆

1/2
 








∆K(mi) + 
aimi – (2 – mi)∆

2 – 2mi
 E(mi)   (circular spiral) 

Where m = 
4a∆

(a + ∆)2 + d2 , mi = 
4ai∆

(ai + ∆)2 + d2 , I is the current of the transmitter coil, N is the 

number of turns, a is the transmitter radius, d and ∆ are the vertical and lateral distances in the 

coils. K(m) and E(m) are the complete elliptic integral of the first and second kind, respectively. 

 By assuming that Hz is spatially uniform in the receiver coil surface, the paper obtained 

simplified expression of the induced voltage. 

Vind = – 
∂

∂t
 S µ0 Hz dS = jω Seff µ0 Hz                              (1.29) 

Where Seff is the effective area of the receiver coil. The paper discussed efficiency dependence 

on lateral and angular misalignment with the induced voltage at the secondary coil. However, as 

mentioned earlier, the paper did not explore the calculation error caused by the approximation.  
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Soma et al [26] proposed an approximate mutual inductance calculation method of 

misaligned coils. Because of the tedious integral procedure, the paper estimated mutual 

inductance by empirical approximation of the integrals. 

ML(min) = 
µ0ab

a(b + ∆)
 G(rmin) and ML(max) = 

µ0ab

a(b – ∆)
 G(rmax)              (1.30) 

Where G(r) = 






2

r
 – r  K(r) – 

2

r
 E(r), rmin = 

4a(b – ∆)

(a + b – ∆)2 + d2 and rmax = 
4a(b + ∆)

(a + b + ∆)2 + d2 . 

 The calculated approximate mutual inductance dependence on lateral misalignment with 

exact values is shown in Fig. 1-79 (a). As the lateral misalignment increases to the same value 

with the inter-coil distance, 5 mm, the mutual inductance decreased from 0.9 nH to 0.65 nH. ML2 

= 
ML(min) + ML(max)

2
 was close to the exact value in case of lateral misalignment. 

  
(a) Lateral misalignments (b) Angular misalignments 

Fig. 1-79. Mutual inductance dependence on misalignments 

Unlike the simplified expressions, an exact analytical solution of the mutual impedance 

of sandwich structure, laterally misaligned coils have been investigated by Su et al in 2009 [226]. 

  

(a) Top view without shields (b) Cross-sectional view 

Fig. 1-80. Laterally misaligned sandwich structure coils 
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Calculated mutual impedance Z of the laterally misaligned sandwich coil follows 

Z = jωM + Znc
f                                                       (1.31) 

Where M = µ0RpRs 





0

∞

 













0

π

 
Rs – dcosφ

r
 J1(kRp) J1(kr) e-k|d2 - d1| dφ  dk , Z nc

f  = jω × µ0RpRs 





0

∞

 













0

π

Rs – dcosφ

r
J1(kRp)J1(kr)[f(λ) + g(λ)] dφ  dk , J1 is a Bessel function of the first kind, Rp 

and Rs are the radii of the coils, d is the lateral misalignment, d1 and d2 are the vertical distance 

of the coils from the bottom substrate. 

 Although the paper developed the exact analytic expressions for lateral misalignments, it 

is very difficult to use for system design because of the tedious double integral of the Bessel 

functions and its multiplications. 

Kim et al [221] and Akyel et al [227] adopted numerical methods to calculate the mutual 

inductance of laterally misaligned coils. The coil was divided into small elements and the total 

mutual inductance was added together by small elements. 

  
(a) Side view of two filaments (b) Mesh configuration 

Fig. 1-81. Laterally misaligned coils for numerical calculation 

Since the mesh size is critical to the accuracy of the calculation, fine mesh configuration 

is required in general. The numerical method requires large memory and time for calculation. 

• Mutual inductance calculation for coils with angular misalignment 
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For the angular misalignment, Fotopoulou et al calculated the normal component of 

magnetic field intensity by a dot product of Hz and the normal unit vector of the inclined surface 

[21]. Then, the paper again assumed that the H-field distribution in the receiver coil surface is 

uniform with the value at the center of the coil. 

Babic et al [218] proposed numerical integration method of an angular misalignment 

configuration. The coil was divided into small elements as shown in Fig. 1-82 and the total 

mutual inductance was added together by small elements. 

  
(a) Side view of two filaments (b) Mesh configuration 

Fig. 1-82. Angular misaligned coils for numerical calculation 

The mutual inductance of two angular misaligned filaments can be calculated by 

M = 
µ0

π
 RpRs cosθ 





0

π

 
Ψ(k)

V3
 dϕ                                        (1.32) 

Where Rp and Rs are the radii of the filaments, c is the center to center distance, and V = 

1 – cos2ϕsin2θ , k2 = 
4αV

1 + α2 + β2 + 2αβcosϕsinθ + 2αV
 , α = Rs/Rp, β = c/Rp, Ψ(k) = K(k) 







2

k
 – k  – E(k) 

2

k
 . 

Fine mesh configuration is required in general to get a high accuracy calculation result. 

Numerical integration method is appropriate for high accuracy mutual inductance calculation of 

complicated cross-sectional shape coils. 
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Because it is very difficult to get a closed expression of (1.22), Soma et al [26] attempted 

to obtain an approximated value of (1.22) for the design purpose. The mutual inductance of 

angularly misaligned coils was followed 

M = 
µ0 RpRs

π cosα
 




0

π

 






cosλ

cosϕ

 3/2
 dϕ                                          (1.33) 

Where α is the inclined angle, θ and ϕ are the displacement angles of the source and observing 

elements of the transmitter and receiver filaments in their local coordinates as shown in Fig. 

1-83. G(r) is given in (1.20), and the definition of tan(λ) is 
sinϕ

cosϕ cosα
 . 

 

Fig. 1-83. Configuration of angular misalignment 

 The paper got an approximate value of (1.23) as (1.24) with an empirical assumption that 

the misalignment is less than 25-degree. 

M = 
Mi

cosα
                                                        (1.34) 

Where Mi is the mutual inductance of the coaxial coils (α = 0). Calculated mutual inductance is 

plotted in Fig. 1-79 (b). 

• Mutual inductance calculation for coils with general misalignment 

In general, lateral and angular misalignment happen concurrently. Therefore, the integrals 

in H-field calculation are extremely complicated for the general case. The configuration of 

general misalignment is shown in Fig. 1-84. 
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Fig. 1-84. Configuration of general misalignment 

Noreddine et al developed a general expression for the mutual inductance of misaligned 

coils as [217] 

M = 
µ0

2π
 b a





0

2π

 
G(k)

V φ
3/2 (∆cosφ + bcosψ) dφ                                (1.35) 

Where G(k) is given in (1.20), a and b are the radii of the coils, ∆ and d are the lateral and 

vertical distances of the coils, ψ is the misalignment angle, k and bφ are defined as k = 

4abφ

(a + bφ)2 + (d – bsinψ cosφ)2 , bφ = (∆ + b cosψ cosφ)2 + (bsinφ)2 . 

It is obvious that the closed form solution for (1.25) is impossible to develop. The paper 

calculated the mutual inductance using numerical integration method. 

Instead of the incorporated analysis in [217], Soma et al [26] demonstrated that the lateral 

and angular misalignments effect on mutual inductance can be considered independently in the 

approximated calculation. The approximated mutual inductance of general misalignment case 

can be calculated by 

M1 = 
ML1

cosα
 , M2 = 

ML2

cosα
                                           (1.36) 

Where ML1 = 
µ0ab

a(b + ∆)
 G(rmax), ML2 = 

ML(min) + ML(max)

2
, α is the misalignment 

angle, ML(min) and ML(max) are defined in (1.28). 

In summary, the literatures have developed enough methods to calculate the mutual 

inductance and coupling coefficient, which is necessary to develop a general design 
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methodology for loosely coupled inductive WPT systems achieving given requirements under 

aligned and misaligned conditions. 

1.6.3 Magnetic component loss distributions 

Losses of the magnetic components are: iron loss, copper loss, radiation loss, and 

dielectric loss. An inductor with a magnetic core is generally used in WPT systems for electric 

vehicles. Loss distributions of inductive WPT coils are investigated in this section. 

• Iron loss 

Soft magnetic materials are generally used in inductive WPT coils to shield magnetic flux 

and increase mutual coupling between the transmitter and the receiver. Applications and 

performance ranges of typical soft magnetic materials and their development objectives are 

shown in Fig. 1-85 [228]. 
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Fig. 1-85. Applications and performance ranges of typical soft magnetic materials and 

their development objectives 

For inductive WPT application, the magnetic flux density near the transmitter coils and 

the receiver coils is normally lower than 0.1 T. In addition, the operating frequency range for 

inductive WPT system is from kHz to MHz. Ferrite material is a good option compared to other 

soft magnet materials. Under the sinusoidal excitation, the losses per unit volume Pc can be 

calculated using the Steinmetz equation [229] 
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Pc = κ f 0
α Bβ                                                          (1.37) 

Where κ, α and β are the Steinmetz coefficients of the core material, f is the operating frequency, 

B is the peak flux density. 

According to the application note [230] provided by Ferroxcube, several ferrites that are 

suitable for high frequency operation are provided with the methods to calculate the core losses, 

such as 3C94 for the frequency range 20 kHz to 400 kHz, 3F3 for the frequency range 100 kHz 

to 1000 kHz, and 3F4 for the frequency range 500 kHz to 3000 kHz. Core loss density can be 

approximated [231] by the following formula: 

Pc = Cm f x By ( )ct0 – ct1T + ct2T2  [mW/cm3]                          (1.38) 

Where f is the operating frequency (f in Hz), B is the peak flux density (B in T), T is the 

temperature (T in °C), Cm, x, y, ct0, ct1, and ct2 are parameters which have been found by curve 

fitting of the measured power loss data. The fit parameters are listed for several Ferroxcube 

power ferrites as shown in Fig. 1-86 from the application note. 

 

Fig. 1-86. Fit parameters to calculate the power loss density 

3C94 is taken as an example to calculate the core loss under 100 kHz. The ferrite plate 

that uses to shield the magnetic flux generally has the same diameter as the coils. Assume the 

diameter is 1200 mm and the thickness of the ferrite plate is 5 mm, the average peak flux density 

over the entire ferrite plate is 0.01 T, the average temperature is 40 °C. According to previous 

approximation formula and listed parameters, the total core loss in each ferrite plate can be 

calculated as 
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Pcore = Pc × Volume = 1.25 [W]                                   (1.39) 

Therefore, compared with copper loss and the dielectric loss, the total core losses are 

negligible. However, the magnetic material is necessary for magnetic flux shielding. 

• Skin- and proximity effect losses of air-core windings 

It is well-known that skin- and proximity effects have a significant impact on the current 

distribution and equivalent series resistance of an inductor at AC operation [232]-[238]. The skin 

effect is a phenomenon in which the current density in a conductor tends to concentrate to the 

surface of the conductor and thus increase power loss as the operating frequency increases. The 

high current density area of the conductor caused by the skin effect is called skin depth which is 

defined in (1.27) 

δ = 
1

πfµσ
                                                          (1.40) 

Where f is the operating frequency, µ and σ is the permittivity and the conductivity of the 

conductor, respectively. The skin depth gets narrower as the operating frequency increases. 

The proximity effect is caused by the current in an adjacent conductor. The current in the 

adjacent conductor generates a time-varying magnetic field and induces an internal circulating 

current in the conductor. Both the skin- and proximity effect cause non-uniform distribution of 

current in the conductor and higher copper loss at higher operating frequency [239]-[243].  

  

(a) Foil winding configuration (b) Equivalent cross-section 

Fig. 1-87. Configuration of foil winding and equivalent cross-section 
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There are generally two methods to calculate AC resistances caused by skin- and 

proximity effect: Dowell method and Ferreira method. Dowell method is derived based on the 

rectangular conductor assumption and Ferreira method is derived based on circular conductor 

assumption. For a foil winding shown in Fig. 1-87 (a), the winding AC resistance with a 

sinusoidal inductor current excitation is  

(Dowell Method) Rw = FD RwDC  

= 
ρwLw
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 (Ferreira Method) Rw = FF RwDC = 

ρwLw

bh
 
γ

2
 






bei'(γ)ber(γ) – ber'(γ)bei(γ)

bei'2(γ) + ber'2(γ)
 – 2π(2Nl – 1)2

ber'(γ)ber2(γ) + bei'(γ)bei2(γ)

bei2(γ) + ber2(γ)
 

Where ρw is resistivity, Lw is foil winding length, b is foil winding width, h is foil winding 

height, δw is skin depth, γ = 
d

2 δw
 , d is equivalent diameter, bei and ber are the real and 

imaginary parts of Bessel functions and prime in the above equation is the first derivative, with 

respect to γ, ber2 and bei2 are second order Kelvin’s equation, Nl is number of layers, RwDC is 

foil winding DC resistance. 

Because the proximity effect is perpendicular to the skin effect [240][241], the AC 

resistance shown in above expressions can be treated as a sum of skin effect resistance (first part) 

and proximity effect resistance (second part). The relationship between FD and h/δw is plotted in 

Fig. 1-88.  
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 h/δw 

Fig. 1-88. Relationship between FD and h/δw 

As shown in Fig. 1-88, when the thickness of the foiling winding h is much smaller than 

(0.1x) the skin depth δw, the conductor will force the current distribution to be uniform, high 

frequency effects, like skin effect and proximity effect, are reduced almost zero, therefore, the 

total resistance is almost the same as the DC resistance. However, when the thickness of the foil 

winding h is much larger than (10x) the skin depth δw, the AC resistance increases sharply 

because of skin effect and proximity effect, and AC resistance caused by proximity effect is 

more severe than skin effect.  

For Dowell method, when the foil winding is transformed into equivalent rectangular or 

square winding or circular winding, equation in (1.28) didn’t consider the gap between adjacent 

equivalent rectangular windings, the formulas were improved as shown in (1.29) 

(Dowell Method) Rw = FD
'   RwDC  

= 
ρwLw

bh
 








 
h

δw
  η 







sinh ( )2A  + sin ( )2A

cosh ( )2A  – cos ( )2A
 + 

2(N l
2 – 1)

3
 
sinh ( )A  – sin ( )A

cosh ( )A  + cos ( )A
  

(1.42) 

Where A = 
h

δw
 

w

p
  = 

h

δw
 η , w and p are shown in Fig. 1-87. 
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The Ferreira method, which is based on the exact Bessel-function solution for the eddy 

current in an isolated conducting cylinder subjected to a time-varying magnetic field, is found to 

be most accurate for loosely packed windings, whereas the Dowell Method, which approximates 

winding layers comprising multiple turns of round wire with a rectangular conducting sheet, is 

most accurate for closely-packed windings [242]. 

 Windings used in WPT systems mostly are loosely packed to reduce proximity effect, 

therefore, Ferreira method is better to be used to calculate the equivalent AC resistances. 

However, both Dowell and Ferreira methods didn’t consider the number of turns in each layer 

and the distance between each layer, the analytical calculation results are not accurate. 

Another way to calculate AC resistance is Smith method [232] as shown in Fig. 1-89. 

Because the proximity effect is perpendicular to the skin effect, net resistance of a conductor 

with AC current flowing could be represented as a sum of resistance caused by skin effect and 

resistance due to proximity effect. It should be noted that the proximity factor adds larger loss as 

the number of turns increases and the turn-spacing decreases.  

 

Fig. 1-89. Proximity effect factor dependence on turn-spacing 

The proximity factor shown in Fig. 1-89 is calculated based on experimental tests for 

planar spiral winding, which ensure the AC resistance calculation accuracy. However, the Smith 

method may be not accurate when calculating other geometries. In addition, when the number of 
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turns is higher than 8, the Smith method is not applicable. It can be extended to higher number of 

turns through FEA simulation. 

It is common to use Litz-wire in high frequency to reduce the high frequency losses. The 

skin- and proximity effect losses of magnetic components can be minimized by using the Litz-

wire which is consisted with a large number of strands of copper wire that are insulated from 

each other. By decreasing the size of the individual strand, Litz-wire can achieve unity skin 

effect factor. Each strand is transposed in the azimuthal and radial direction in order to possess 

all potential positions of the other strands. By the transposition, all the strands experience equal 

average magnetic field which is resulting in equal current density in the strands [244]-[247]. 

The calculation of AC resistance of an inductor with Litz-wire has been investigated by 

many researchers. Acero et al developed closed-form equations for the calculation of Litz-wire 

resistances [247]. The paper classified the losses of Litz-wire windings into three categories: skin 

effect loss of the strands, proximity effect loss between the strands in a single turn wire, and 

proximity effect loss by the adjacent turns. The skin effect resistance per unit length of n0 strand 

Litz-wire windings is followed. 

Rskin = 
1

n0
 

ξ

2πr0σ
 
ber(ξ r0) bei'(ξ r0) – ber'(ξ r0)bei(ξ r0)

ber'2(ξ r0) + bei'2(ξ r0)
                 (1.43) 

Where r0 is the radius of a single strand, ξ = µσω , and bei, ber, bei’ and ber’ are Kevin 

functions and their derivatives. The proximity effect loss in stands of a single turn Litz-wire 

(internal proximity loss) can be calculated by 

Rprox_internal = n0 
– ξ r0

3πrc
2σ

 
ber2(ξ r0) ber'(ξ r0) + bei'(ξ r0)bei2(ξ r0)

ber2(ξ r0) + bei2(ξ r0)
                 (1.44) 

Where rc is the radius of strand bundle, and ber2 and bei2 are Kelvin functions [247]. The 

proximity effect loss in a turn because of the adjacent turns (external proximity loss) is 

Rprox_external = n0 
– 2π2ξr0

σ
 
ber2(ξ r0) ber'(ξ r0) + bei'(ξ r0)bei2(ξ r0)

ber2(ξ r0) + bei2(ξ r0)
 
i=1

n

ai< >H i
2   (1.45) 
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Where < >H i
2   is the squared average of the external magnetic field of ith turn, and ai is the loop 

radius of the ith turn. Then the total resistance of a spiral inductor with N turns of Litz-wire is  

 Rtot = Rskin + Rprox_internal + Rprox_external                              (1.46) 

 In theory, the transposition of strands enables the AC resistance of a Litz-wire to be equal 

to the DC resistance at any frequencies. However, in practice, the Litz-wires are effective at 500 

kHz or lower frequencies because of the irregularities in stranding and in capacity of the strands. 

It is less effective as the frequency increases, and it is rarely useful at frequencies over 1 MHz 

[248]. 

Using (1.30) – (1.33), the AC resistance of a spiral inductor built with a commercial Litz-

wire is calculated. The total number of the individual strands is 4500 and the strand AWG of the 

Litz-wire is 48 and the bundle AWG is 12. The tested Litz-wire is designed for 1.4 to 2.8 MHz 

operation and it is the highest available frequency of the Litz-wires [249]. 
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Legend: 

Blue: Skin effect loss in the strand 

Green: Proximity effect loss in the strands 

Red: Proximity effect loss in the bundles 

 

Condition: 

4500 strands, AWG 48 strands, AWG 12 

bundle, 2 mm turn spacing, loop radius 17 

cm, 3-turn 

 Frequency [MHz]  

Fig. 1-90. The AC resistance of the Litz-wire 

As shown in Fig. 1-90, the skin effect loss in the strands at MHz operation is close to DC 

resistance because the diameter of the individual strands is smaller than the skin depth. However, 

the total resistance of the inductor is increased to two times larger value as the frequency 

increases from 1.4 MHz to 2.8 MHz. The skin effect loss in the strands is almost the same but the 

proximity effect losses in the strands and bundles are the major issues in the inductor resistance. 
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As the operating frequency increases to 3.7 MHz, the proximity effect losses in the strands and 

the bundles become more serious. 

The AC resistance of the Litz-wire is compared with the spiral inductor made of copper 

tubing in Fig. 1-91.  
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Condition: 

Frequency: 3.7 MHz, loop radius: 17 cm, 

turn spacing: 2mm, number of turns: 3 

Litz-wire: 4500 strands, AWG 48 strands, 

AWG 12 bundle 

Copper tubing: 1 cm diameter, 1 mm wall 

thickness 

Fig. 1-91. The AC resistance comparison of the Litz-wire and copper tubing 

As shown in above figure, the Litz-wire is slightly helpful in decreasing the loss of the 

spiral inductor compared to the copper tubing and it is much more expansive than commercial 

copper tubing. Therefore, it can be concluded that the Litz-wire is definitely not the best solution 

for MHz frequency operation. 

SSW twisted each turn using Litz-wire pattern and could significantly reduce the 

proximity effect loss. The AC resistance simulation results of conventional PSW and SSW are 

compared in Fig. 1-92.  

A
C

 r
es

is
ta

n
ce

 [
Ω

] 

 

Test conditions:  

Frequency: 3.7 MHz 

Conventional spiral winding: 

Seven-turn, Loop radius: 200 mm, Cross-sectional 

radius: 10 mm, Inter-turn spacing: 2.5 mm,  

Surface spiral winding: 

Seven-turn, Loop radius: 200 mm, Cross-sectional 

radius: 25 mm, Inter-turn spacing: 2.5 mm,  

Fig. 1-92. Simulated AC resistance of conventional spiral coil and SSW coil 

As shown in Fig. 1-92, SSW can reduce the AC resistance by more than 50% compared 

with the PSW. However, proposed SSW consumes air-gap space to twist each turn. In addition, 

the high spatial voltage stress between adjacent turns due to small inter-turn spacing limits power 

scalability and causes dielectric losses, which have a significant effect on power scalability and 
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coil-to-coil power transfer efficiency. According to the test results, voltage breakdown did occur 

when transferring 1 kW under 3.5 MHz. 

• Radiation losses 

Any current carrying loop radiates electric and magnetic fields to the far-field area and its 

radiation effectiveness is represented by radiation resistance [1]. The radiation resistance of N-

turn coil can be calculated by 

Rr = η 






2π

3
 






kS

λ

2 N2 ≈ 31171 N2 







S2

λ4
  = 31171 







N2

c4
 S2 f4 (in the air)     (1.47) 

Where η is the intrinsic impedance of radiation medium (in air η = 377), c is the speed of light 

(3×108 m/s), k = 
2π

λ
 is the wave number, S = πa2 is the area, N is number of turns, and λ is the 

wavelength. It should be noted that the operating frequency and the size of the coil are critical in 

radiation. As an example, radiation resistance versus frequency of a single turn, 40 cm radius 

circular coil is plotted in Fig. 1-93. 
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Legend: 

Radiation resistance 

AC resistance (Skin effect) 

 

Condition: 

Air-core coil, 

Number of turns: 1 

Loop radius: 40 cm 

Cross-sectional diameter: 

3/8 inch (9.525 mm) 

 Frequency [Hz]  

Fig. 1-93. Resistance versus frequency 

The Ohmic resistance due to skin effect of the coil is plotted as well in Fig. 1-93. As 

compared in the figure, radiation resistance is greater than the Ohmic resistance when the 

operating frequency is higher than 20 MHz. In the dominant frequency range of near-field WPT 

systems, 10 kHz to 10 MHz, radiation resistance has a trivial impact on the power transfer 

efficiency. Such poor radiator is called “electrically small” loop. The radiation resistance of the 
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electrically small loops is usually very small. Therefore, radiation loss of a coil will not be 

discussed anymore in this research. 

• Dielectric losses 

Dielectric materials such as plastics, glasses, and woods etc., can be used for inductors in 

order to support or package the inductor or to maintain the coil geometry and turn spacing. 

However, such dielectrics generate additional losses in time-varying electric fields because of its 

non-zero conductivity and the complex permittivity [13]. The general permittivity of a dielectric 

material has real and imaginary part as shown below 

 ε = εʹ – j εʺ                                                    (1.48) 

Maxwell’s equation for the steady magnetic field can be rewritten as 

× = Jtot = J + jωD = σE + jω(εʹ – j εʺ)E = (σ + ω εʺ)E + jωεʹ E        (1.49) 

Where σ is the volume conductivity of the material, ω is the angular frequency. The equivalent 

permittivity of a material can be calculated from Jtot = jωεeqE,  

εeq = εʹ – j (εʺ + 
σ

ω
 )                                              (1.50) 

Then, the Ohmic loss per unit volume of a dielectric material can be calculated using 

[197] 

dPloss

dV
  = 

1

2
 Re[Jtot · E*]  =  

1

2
 (σ + ω εʺ) |E|2                       (1.51) 

 In order to quantify the loss characteristic of a material, the loss tangent is defined as the 

ratio of the lossy (imaginary) part to the lossless (real) part of the equivalent permittivity. 

tan δ = 
σ + ω εʺ

 ω εʹ
                                                    (1.52) 

 The material with high tan δ is lossy, such as wood (0.02 @ 1MHz) and nylon (0.0218 @ 

1MHz). Ceramics, glasses, polypropylene, and polystyrene, etc. have 0.001 or lower tan δ at high 

frequencies. The dielectric loss per unit volume of a material follows [250]. 

Wvol = 
Power loss

Volume
  = ω E2 ε0 εr (tan δ)                                      (1.53) 
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 In the first version of SSW coil, ABS-like dielectric material, Somos-Next, was used to 

build the dielectric substrate, the peak coil-to-coil power transfer efficiency was 62% due to 

high dielectric losses, which was much lower than the expected efficiency from the theoretical 

and FEA results as shown in Fig. 1-94. 
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Legend: 

Theoretical efficiency 

FEA efficiency 

Measured efficiency 

 

Test conditions: 

200 W, 

Resonant frequency: 3.65 MHz 

 Frequency [MHz]  

Fig. 1-94. Comparison of SSW coil-to-coil power transfer efficiency 

In the second version of SSW coil, Polycarbonate (PC) was used to build the dielectric 

substrate by 3D-printing technique. Compared with Somos-Next (tan δ = 0.02 @ 4MHz), PC 

(tan δ = 0.0063 @ 4MHz) has much lower dissipation factor, and the measured peak coil-to-coil 

efficiency was 96%. 

However, the dielectric losses in SSW are still a limiting factor to further improve the 

coil-to-coil power transfer efficiency. The dielectric losses are mainly located in the region 

between the first turn and the end turn due to high spatial voltage stress. Alternative coil 

geometries with low spatial voltage stress and low dielectric losses are required. 

1.6.4 Methods to improve the coil-to-coil efficiency 

According to the loss distribution analysis in the previous section, if the radiation loss 

and the foreign object loss are neglected, the coil-to-coil efficiency can be calculated by 

η = 
Pload

Ploss_tx + Ploss_rx + Pload
  = 

| |IL
2 RL

| |Itx
2 Rtx + | |Irx

2 Rrx + | |IL
2 RL

               (1.54) 
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The maximum achievable coil-to-coil efficiency ηcoil, max in a two-coil system can be 

simplified as [59] 

ηcoil, max = 
k2QtxQrx

[ ]1 + 1 + k2QtxQrx
2                                            (1.55) 

Where, k is the coupling coefficient between the transmitter and the receiver, Qtx = 
ω Ltx

Rtx
 is the 

transmitter coil quality factor, Qrx = 
ω Lrx

Rrx
  is the receiver coil quality factor. 

 In the existing literature to improve the coil-to-coil efficiency, k and Q are usually treated 

as independent variables. 

 

 
(a) Test setup (b) Effect of pitches on coupling coefficient 

Fig. 1-95. Adjusting pitches to achieve high coupling coefficient 

 On the one hand, it is believed that improving k can increase the highest possible 

efficiency [251]. The inter-turn distances (or the pitches) were changed to achieve a higher 

reduction of the self-inductances than the reduction of the mutual inductance, thereby increasing 

the coupling coefficient k. In the given example, the transmitter and the receiver were set as the 

same. The number of turns was 3, the pitches p1 and p2, shown in Fig. 1-95, were used as the 

design variables. According to the analytical calculation, when p1 = p2 = 2 mm, k = 0.0241; 

when p1 = 10 mm, p2 = 25 mm, k = 0.0292, the improvement is about 21%. However, the 

maximum achievable coil-to-coil efficiency was not mentioned. In addition, when the pitches are 

small, there will be significant proximity effect, when the pitches are large, the total AC 
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resistance may still increase instead of decreasing due to the increase of total coil length, which 

leads to high skin effect loss, even though the proximity effect can be reduced with large pitches. 

Therefore, it’s not wise to only improve k without considering Q. 

  
(a) Increasing inter-turn distance (b) Removing inner most turns 

Fig. 1-96. Methods to reduce the proximity effect loss 

 On the other hand, it is believed that improving Q can increase the maximum efficiency 

[252]. The large inter-turn distance was adopted to reduce the proximity effect loss as shown in 

Fig. 1-96 (a). However, the mutual inductance reduces as the inter-turn distance increases. 

Considering the eddy currents are induced in little swirls (“eddies”) to create an opposing effect 

in response to a primary inducing magnetic field. The eddy current will add to the coil current on 

the inner side and subtract from the coil current on the outer side of the conductor, thus the 

current density will be higher on the inner side than the outer side, the innermost turns can be 

removed to reduce the proximity effect loss on the inner side as shown in Fig. 1-96 (b). 

However, the mutual inductance reduces as the inner turns are removed. When the mutual 

inductance is reduced, ηcoil, max may not be improved even the proximity effect loss is reduced. 

In conclusion, improving k and Q independently may not lead to a higher maximum coil-

to-coil efficiency due to the cross-coupling caused by the self-inductance. Fundamental terms 

that determine the maximum achievable coil-to-coil efficiency must be identified. 

1.6.5 Power scalability of different coil geometries 

In order to scale the magnetic components for higher power level, three factors must be 

considered in the design process: human body safety limit, misalignment tolerance, and 

EMI/EMC. It should be noted that safety is the most important factor. 
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As discussed in the human safety and exposure section, the designed magnetic structure 

must satisfy the induced current limits and specific absorption rate limits for safety 

consideration. Although previous designs, such as circular pad, DD pad, DDQ pad, BP pad, TP 

pad, and double-sided coil operating at kHz frequency can satisfy the magnetic field safety limit 

at a certain distance from the coil when transferring multi-kW, the magnetic field in the air-gap 

center region, which is accessible to human beings and animals, is still far above the safety limit. 

Therefore, these designs can’t be scaled to transfer higher power, they shouldn’t even be used to 

transfer multi-kW. 

MHz frequency operation has been proposed to reduce the air-gap magnetic field. Since 

Litz-wire is not effective in MHz frequency due to the irregularities in the fabrication process 

and parasitic capacitances between the adjacent strands, SSW was proposed to achieve low skin 

and proximity effect losses when operating at MHz frequency. When transferring 3 kW, the air-

gap center magnetic flux density is indeed lower than the magnetic field electrostimulation limit. 

However, the magnetic field tissue heating safety limit and the electric field safety limit were not 

considered. Both are much higher than the given safety limit. In addition, the experimental test 

results showed that the voltage breakdown did happen between the first turn and the end turn 

when transferring only 1 kW. Therefore, SSW design under MHz frequency also can’t be scaled 

to transfer higher power. 

In summary, there is no design methodology that can be scaled to transfer multi-kW and 

higher power level while maintaining the air-gap center plane magnetic field and electric field 

within safety limits. No general power scaling laws have been developed to evaluate the 

maximum transferable power under both magnetic field and electric field safety limits. 

1.6.6 Summary and identified research opportunities 

In this section, the coil geometric solutions of loosely coupled inductive WPT systems 

under kHz frequency and MHz frequency have been reviewed. Previous magnetic components 

have operated dominantly at kHz frequencies. Enhancing the coupling coefficients for high 
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efficiency and high misalignment tolerance is the major focus of the literature. Compared with 

polarized coils, such as DD pad, DDQ pad, BP pad, and TP pad, and double-sided coils, the 

circular coil can achieve the highest mutual coupling. Polarized coils and double-sized coils have 

better lateral misalignment tolerance along the elongated direction. However, the magnetic flux 

density in the air-gap of these coils operated at kHz in the literature is nearly 5 times higher than 

required safety limits of the international guidelines. The previous design methodologies in kHz 

frequency operations are not suitable for large air-gap, kW level power transfer systems.  

Operating at MHz frequency can achieve low magnetic flux density in the air-gap. SSW 

was developed to reduce skin and proximity effect losses. However, the dielectric losses and the 

spatial voltage stress between the first turn and the end turn were still limiting factors to power 

transfer efficiency and multi-kW power transfer capability. In addition, the air-gap center electric 

field of proposed SSW design is nearly 5 times higher than the electric field safety limit. The 

MHz frequency SSW design is not suitable for large air-gap, kW level power transfer systems. 

In the near-field inductive WPT system, lateral and angular misalignments cause 

coupling coefficient to decrease. The literature has used numerical integration or approximated 

equations in order to calculate mutual inductance variation depending on the misalignments. The 

analytical model for mutual inductance calculation under aligned and misaligned conditions is 

necessary for the system general design methodology. 

When the average magnetic flux density over the entire ferrite shielding plate is lower 

than 0.01 T, the core loss is negligible. In the dominant frequency range of near-field WPT 

systems, 10 kHz to 10 MHz, the radiation resistance has a trivial impact on the power transfer 

efficiency. The dielectric loss is critical to achieve high power transfer efficiency when the 

spatial voltage stress between adjacent turns and the operating frequency are high. Improving k 

and Q independently may not lead to a higher maximum coil-to-coil efficiency due to the cross-

coupling caused by the self-inductance. Fundamental terms the determines the maximum 

achievable coil-to-coil efficiency must be identified. 
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Alternative coil geometries with low copper loss and low dielectric loss are required for 

high coil-to-coil power transfer efficiency and high power scalability. Current coil geometric 

solutions can’t be scaled to transfer multi-kW, a general power scaling law maintaining low air-

gap magnetic flux density and low air-gap electric field intensity is required. 

1.7 Summary of research opportunities identified 

• Lack of a multi-kW inductive WPT system general design methodology that can 

inherently achieve low air-gap magnetic and electric fields, and high transfer efficiency 

In the existing literature for kW inductive WPT systems, 41 papers investigated the air-

gap magnetic field and only 8 papers paid attention to the air-gap electric field. However, none 

of them satisfy the IEEE C95.1-2005 magnetic and electric field safety limits. Although designs 

operating at MHz satisfy the magnetic field electrostimulation limit, they didn’t meet magnetic 

field tissue heating and electric field limits. There has been no design that can satisfy magnetic 

and electric field tissue heating and electrostimulation safety limits simultaneously in the air-gap 

center region while transferring kW. A multi-kW inductive WPT system general design 

methodology, that can inherently achieve low magnetic and electric fields over the air-gap center 

region, with high efficiency, even under misalignment, has not been developed. 

• Lack of closed-form analytical models for the air-gap center plane magnetic flux 

density and electric field intensity of the loosely coupled inductive WPT systems 

The magnetic field and electric field analytical methods for a single current loop have 

been developed. The analytical models for the magnetic flux density at the air-gap center plane 

central point and measurement point at a certain distance away from the center have been 

developed. However, the peak air-gap flux density point was not identified. The static electric 

field analytical methods for a single current loop with a battery excitation does not include the 

effects of dynamically currents and interactions of the transmitter and the receiver. Therefore, a 

methodology for analytically calculating the magnetic and electric field distributions in the air-
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gap center plane for inductive WPT system should be developed to facilitate the design of WPT 

systems with desired performance, such as low air-gap magnetic and electric fields. 

• Lack of power scaling law with the air-gap center plane magnetic flux density and 

electric field intensity satisfying the safety standard 

In the literature, power scalability limitations based on voltage-current ratings of power 

components, coil thermal failure and voltage breakdown have been investigated. Previous 

designs, such as circular pad, polarized pad, and double-sided pad cannot be used for multi-kW 

power transfer due to large magnetic fields which exceed the safety limit. The SSW operating at 

MHz can meet the magnetic field electrostimulation limits, but still cannot be used for multi-kW 

power transfer due to the magnetic field exceeding the tissue heating safety limit and the electric 

field exceeding the electrostimulation and tissue heating safety limits. Therefore, a detailed 

analysis of the degrees of freedom available in the design space to satisfy both safety limits and 

achieve desirable power transfer is necessary to develop a power scaling law. 

• Lack of shielding technique to maintain low magnetic and electric fields in the whole 

air-gap region without decaying the power transfer efficiency 

In the literature, magnetic shielding technique has been adopted to shield the magnetic 

field above the receiver and below the transmitter. Compared with the air-core WPT system, the 

air-gap center plane peak magnetic field increases after adding magnetic shields due to the 

concentration of leakage and mutual flux linkages. Active, reactive, and passive shielding 

techniques were developed to reduce the leakage field in the near-field outside of the winding. 

However, these techniques have a negligible effect on the air-gap center plane peak magnetic 

field, and the effect on the air-gap center plane peak electric field was not investigated. No 

shielding technique has been developed to maintain low magnetic and electric fields in the whole 

air-gap region without decaying the power transfer efficiency. 

• Absence of methods to deal with change of field distributions under misalignment while 

maintaining high power transfer efficiency and high output power capacity 
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Misalignment is unavoidable in WPT systems. Lateral and angular misalignments cause a 

change of magnetic and electric field distributions, and the coupling factor and power transfer 

efficiency to decrease. In the literature, the coupling factor and the power transfer efficiency 

dependence on the misalignment have been investigated. However, the effects of misalignment 

on magnetic and electric field distributions have not been quantitatively evaluated. Output power 

dependence on the misalignment based on safety regulations, and the effects of resonant 

compensation topologies and coil geometries on magnetic and electric field distributions have 

not yet been fully explored. Methods to mitigate the change of magnetic and electric field 

distributions under misalignment while maintaining high power transfer efficiency and high 

output power capacity have not yet been developed. 
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Chapter 2 Analytical Modeling of the Air-Gap 

Center Plane Magnetic and Electric Fields 

2.1 Introduction 

This chapter begins with comparison of basic winding configurations with respect to coil-

to-coil efficiency, air-gap magnetic and electric field distributions, then loosely coupled 

inductive WPT system equivalent circuit model is developed based on coil geometry and 

operating frequency, after that, the terms that fundamentally determine the coil-to-coil efficiency 

are identified, and the system analytical model including the inverter, the coils, and the rectifier 

is developed. At last, the air-gap center plane magnetic flux density and electric field intensity 

analytical calculation methods for the loosely coupled inductive WPT system are derived. 

2.2 Comparison of basic winding configurations 

There are various types of windings used in loosely coupled inductive WPT systems, 

such as circular winding, square winding, rectangular winding, double-square winding, and 

double-D winding. A fair comparison of different winding configurations regarding coil-to-coil 

efficiency, air-gap magnetic field and electric field will be presented in this section. 

2.2.1 Illustration of winding configurations and geometries 

In order to simplify the comparison, the transmitter and the receiver are set as the same, 

the number of turns is set as 1, the coil enclosed areas are set as nearly the same to make a fair 

comparison, the transfer distance between the transmitter and the receiver is set as 300 mm for 

all configurations, the operating frequency is set at 100 kHz. Copper tubing with outer diameter 

3/8" (9.525 mm) and wall thickness 0.032" (0.8128 mm) is used to build the coil due to its low 

skin effect loss, and easy ability to bend and maintain the structure. 

The geometries and current directions (marked with red arrow) of the circular winding 

(CW), square winding (SW), rectangular winding (RW), double-square winding (DSW), and 

double-D winding (DDW) are shown in Fig. 2-1.  
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(e) Double-D winding 

Fig. 2-1. Coil geometries and current directions 

Arc corner is adopted to reduce the field distortion. Y-direction is aligned with the 

excitation terminal. The enclosed areas of all winding configurations are nearly the same. The 

RW aspect ratio is set as 2 to ensure the mutual coupling. The DSW emulates the multiple 

transmitter coil design. According to the double-D winding design methodology shown in 

[30][31], the receiver is coupled with the horizontal flux generated by the transmitter, and the 

flux path height, which should be larger than the transfer distance to ensure a good coupling, is 

proportional to half of the pad length, the DDW design shown in Fig. 2-1 (e) follows the design 
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methodology very well. Half of the pad length 510 mm is 1.7 times the transfer distance 300 

mm, which ensures enough mutual coupling. 

The magnetic flux patterns of the CW, the SW, the RW, the DSW, and the DDW are 

compared in Fig. 2-2. 

 

 

 

(a) Vertical flux pattern (b) Horizontal flux pattern 

Fig. 2-2. Magnetic flux patterns 

When using CW, SW, RW, and DSW, the receiver is coupled with the vertical flux 

generated by the transmitter, the leakage flux decays in the near field, as shown in Fig. 2-2 (a). 

While the receiver of the DDW is coupled with the horizontal flux generated by the transmitter 

as shown in Fig. 2-2 (b), which means that the main part of the leakage flux is confined in the 

air-gap instead of decaying in the near field. 

2.2.2 Comparison of the winding parameters and the coil-to-coil efficiencies 

During the FEA evaluation of the coil geometries, which are developed in the previous 

section and have nearly the same coil enclosed area, the receiver is the same as the transmitter, 

the transfer distance is set as 300 mm, the operating frequency is set at 100 kHz. The coil 

electrical parameters, such as the transmitter self-inductance Ltx, the transmitter equivalent-

series-resistance (ESR) Rtx, the receiver self-inductance Lrx, the receiver ESR Rrx, the mutual 

inductance M, and the maximum achievable coil-to-coil efficiency ηcoil, max under perfect 

aligned condition are compared in Table 2-1. 
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Table 2-1. Comparison of the coil electrical parameters and the coil-to-coil efficiency 

 CW SW RW DSW DDW 

Ltx [μH] 2.28 2.43 2.57 2.81 3.43 

Rtx [m] 6.7 7.5 8.1 11.1 11.1 

Lrx [μH] 2.28 2.43 2.57 2.81 3.43 

Rrx [m] 6.7 7.5 8.1 11.1 11.1 
M [μH] 0.292 0.286 0.281 0.266 0.230 

ηcoil, max [%] 92.95 91.99 91.23 87.58 85.86 

As shown in Table 2-1, compared with other winding configurations, the CW has the 

lowest self-inductance, the lowest ESR, and the highest mutual inductance, which leads to the 

highest coil-to-coil efficiency. For one turn winding, only the skin effect needs to be considered 

for the ESR. Under the same coil enclosed area, the circular shape has the smallest perimeter, 

which leads to the lowest ESR. The DSW and the DDW have the same ESR due to the same 

perimeter. Compared with the square, rectangular, double-square, and double D shapes, the 

circular shape has no field distortion. The DDW has the lowest mutual coupling due to the 

horizontal flux coupling pattern, most of the magnetic flux generated by the transmitter is 

confined within the transmitter instead of coupling to the receiver or decaying outside of the coil. 

The coupling coefficient k and the quality factor Q are compared in Table 2-2. 

Table 2-2. Comparison of the coupling coefficient and the quality factor 

 CW SW RW DSW DDW 

k 0.128 0.118 0.109 0.095 0.067 
Q 213.82 203.58 199.36 159.06 194.16 

As shown in Table 2-2, the CW has the highest k and Q. Compared with the DSW, the 

DDW has lower k but higher Q due to the increase of the self-inductance. k and Q are 

investigated independently to improve the coil-to-coil efficiency in the literature, which may lead 

to the wrong direction, for example, although the DDW has a higher quality factor, its coil-to-
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coil efficiency is still lower than the DSW. The factors that fundamentally determine the coil-to-

coil efficiency will be analyzed in this thesis. 

2.2.3 Comparison of the air-gap magnetic field distribution 

When the output power is 1.5 kW, the air-gap magnetic field distributions in the XOZ 

plane and YOZ plane are compared in Fig. 2-3. X-direction is the coil length direction, and y-

direction is the coil width direction, so XOZ plane and YOZ plane can represent the typical 

magnetic field distribution. However, it should be noted that the air-gap center plane peak 

magnetic flux density Bagcppk may be not located along the x-direction or the y-direction, but 

along the diagonal direction. 
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Test conditions:  

Operating frequency: 0.1 MHz.  

Output power: 1.5 kW.  

TX and RX: 1 turn 

Transfer distance: 300 mm. 

(e) DDW 

Fig. 2-3. Comparison of magnetic field distributions 

 The CW magnetic field distributions along any radial directions are the same, therefore, 

only the magnetic field distribution in the XOZ plane is shown in Fig. 2-3 (a). For the coils 

coupled with the vertical flux, such as the CW, the SW, the RW, and the DSW, Bagcppk is 
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located around the edge of the coils rather than the air-gap center plane central point P as shown 

in Fig. 2-3 (a) - (d) due to the leakage flux and the coil size. When the coil size is small for 

vertical flux pattern windings, Bagcppk will be located in the air-gap center plane central point P. 

While Bagcppk is always located in the air-gap center plane central point for the horizontal flux 

pattern windings, such as the DDW as shown in Fig. 2-3 (e).  

The magnetic flux densities along the x- and the y-direction measurement lines in the air-

gap center plane are plotted in Fig. 2-4. 
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(a) Magnetic flux density in the air-gap 

center plane along the x-direction 

(b) Magnetic flux density in the air-gap 

center plane along the y-direction 

Fig. 2-4. Comparison of magnetic flux densities in the air-gap center plane along the x-

direction and the y-direction 

As shown in Fig. 2-4, the CW and the SW have similar magnetic field distributions along 

the x- and y-direction measurement lines, while the RW and the DSW have similar distributions. 

Along the y-direction, the RW and the DSW magnetic flux densities are much lower than the 

CW and the SW from 0.25 m due to smaller coil dimension along the y-direction. However, 

along the x-direction, the peak magnetic flux densities of the RW and the DSW are higher than 

those of the CW and the SW. The peak magnetic flux densities of the CW, the SW, the RW, and 

the DSW are all located at the edge of the windings. For the DDW, Bagcppk is located in the 

central point of the air-gap center plane due to the confined leakage flux, which also makes the 

magnetic field decay much faster along the y-direction.  

If the design goal is satisfying the safety standard outside of the winding (or the vehicle), 

the rectangular shape windings following the shape of the vehicle, such as the RW, the DSW, 
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especially the DDW, are very good candidates, but they are not good designs compared with the 

CW and the SW if the design goal is meeting the safety standard in the whole air-gap center 

plane. Based on Fig. 2-4, the peak magnetic flux densities Bpk along x- and y-direction 

measurement lines in the air-gap center plane are compared in Table 2-3. 

Table 2-3. Comparison of Bpk along x- and y-direction measurement lines in the air-gap center 

plane 

 CW SW RW DSW DDW 

Bpk [μT] 277.2 273.3 283.3 294.8 463.0 

According to Table 2-3, the SW has the lowest Bpk along the x-direction and the y-

direction measurement lines in the air-gap center plane. However, the SW Bpk along the diagonal 

direction is 277.6 μT, while the CW Bpk is the same along any radial directions, which makes the 

SW Bpk slightly higher than the CW. Due to confined leakage flux, the DDW Bpk is about 1.7 

times higher than the CW, which is definitely not a good design choice to achieve low air-gap 

center plane magnetic flux density. Therefore, the CW is a better choice to achieve low air-gap 

center plane magnetic flux density compared with other winding configurations. 

2.2.4 Comparison of the air-gap electric field distribution 

The electric field is mainly caused by two terms: the excitation terminal voltage and the 

AC magnetic field. In order to balance the electric field distribution in the air-gap center plane, 

the excitation terminals of the transmitter and the receiver should be placed at opposite positions 

as shown Fig. 2-5. The air-gap center plane measurement line along the y-direction is located 

right above the transmitter terminal and below the receiver terminal. 
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Fig. 2-5. Configuration of WPT coils with inversely placed terminals 
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According to the FEA result, the air-gap center plane peak electric field intensity Eagcppk 

is located very close to the YOZ plane, therefore, the electric field distribution in the YOZ plane 

is chosen to compare Eagcppk of different winding configurations for simplification purpose. 

When the output power is 1.5 kW, the air-gap electric field distributions in the YOZ 

plane are compared in Fig. 2-6. 
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Test conditions: 

Operating frequency: 0.1 MHz. 

Output power: 1.5 kW. 

TX and RX: 1 turn 

Transfer distance: 300 mm. 
(d) DSW (e) DDW 

Fig. 2-6. Comparison of electric field distributions 

 From Fig. 2-6 (a) to (c), it’s easy to find that the electric field caused by the excitation 

terminal is the dominant part. In the DSW, the excitation input conductor and output conductor 

are in parallel along the y-axis, which forms a strong internal electric field around the y-axis as 

shown in Fig. 2-6 (d). In the DDW, the excitation input of one square coil is in parallel with the 

excitation input of another square coil, which also forms a strong internal electric field between 

two inputs around the y-axis, as shown in Fig. 2-6 (e). It’s easy to find that the DSW and the 

DDW have much higher air-gap center plane electric fields than the CW, the SW, and the RW, 

one reason is the winding configuration. Another reason is that the coil excitation voltage is 

proportional to the self-inductance under the excitation current or the same output power. The 

self-inductances of the DSW and the DDW are much higher than other configurations according 

to the previous comparison of electrical parameters. The air-gap center plane electric field 

intensities along the y-direction are plotted in Fig. 2-7. 
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Fig. 2-7. Comparison of electric field intensities in the air-gap center plane along the y-direction 

 As shown in Fig. 2-7, the air-gap center plane peak electric field intensity locations of the 

CW, the SW, and the RW are determined by the transmitter terminal location and the receiver 

terminal location. In addition, the CW has the lowest Eagcppk.  

Based on Fig. 2-7, the peak electric field intensities Epk along the y-direction 

measurement line in the air-gap center plane are compared in Table 2-4. 

Table 2-4. Comparison of Epk along the y-direction measurement line in the air-gap center plane 

 CW SW RW DSW DDW 

Epk [V/m] 121.2 147.2 139.9 168.0 241.2 

According to Table 2-4, the CW can achieve the lowest Eagcppk under the same test 

conditions, while the Eagcppk of the DDW is about 2 times higher than that of the CW. 

Based on the analyses of coil-to-coil power transfer efficiency, magnetic field and 

electric field distributions, compared with other coil configurations, the CW is a better candidate 

to help achieve high coil-to-coil efficiency, low air-gap center plane magnetic flux density and 

electric field intensity, simultaneously. 

2.2.5 Effect of the terminal clearance on the air-gap electric field 

From previous analyses, the excitation terminal voltage has a significant impact on the 

air-gap center plane electric field, while the terminal clearance will affect the terminal electric 
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field under the same excitation voltage, therefore, it’s necessary to evaluate the effect of terminal 

clearance on the air-gap center plane electric field. 

The test setup is shown in Fig. 2-8, the transfer distance remains as 300 mm, the 

operating frequency is set at 100 kHz, the evaluated coil radii are 400 mm, 500 mm, and 600 mm, 

the terminal clearance varies from 10 mm to 30 mm by step 10 mm. There are two measurement 

lines to evaluate the effect of the terminal clearance: the vertical line along z-direction above the 

excitation terminal and the horizontal line along y-direction in the air-gap center plane, which 

goes above the transmitter excitation terminal. 
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Fig. 2-8. Test setup to evaluate the effect of terminal clearance 

When the output power is 3 kW, the electric field intensities along both measurement 

lines are plotted in Fig. 2-9. 
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(c) Electric field intensity along the 

vertical measurement line 

(d) Electric field intensity along the 

vertical measurement line 

 

Test conditions:  

Operating frequency: 0.1 MHz.  

Output power: 3 kW.  

TX and RX:  

Number of turns N: 1.  

Transfer distance D: 300 mm. 

Fig. 2-9. Evaluation of the effect of the terminal clearance on air-gap electric field 

 According to the electric field intensity along the horizontal measurement line in the air-

gap center plane as shown in Fig. 2-9 (a), different terminal clearances almost do not affect the 

electric field intensity, which is only affected by the coil radius, since the required excitation 

voltage changes with the coil radius to provide 3 kW output power. 

Based on the electric field intensity along the vertical measurement line above the 

transmitter excitation terminal as shown in Fig. 2-9 (b), the electric field intensity reduces 

exponentially as the distance increases. From the zoom in plot Fig. 2-9 (c), the electric field 

intensity reduces when the terminal clearance increases in the region that is close to the terminal. 

However, when the distance keeps increasing, the terminal clearance almost has no effect on the 

electric field intensity as shown in Fig. 2-9 (d). 

Therefore, the terminal clearance has a significant impact on the electric field intensity in 

the region that is very close to the excitation terminal, and it almost has no effect on the electric 

field intensity that is not close to the excitation terminal. The decay property cancels the effect of 
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the terminal clearance. For the electric field intensity in the air-gap center plane of the loosely 

coupled inductive WPT system, the effect of the terminal clearance can be neglected. 

2.3 Loosely coupled inductive WPT system modeling 

Based on the analyses in the previous section, the circular winding is chosen as the 

research configuration since it can achieve the highest coil-to-coil efficiency, the lowest air-gap 

center plane peak magnetic flux density, and the lowest air-gap center plane peak electric field 

intensity. Typical circular windings include planar spiral circular coil, cylindrical spiral circular 

coil, and surface spiral winding as shown in Fig. 2-10. 

   
(a) Planar circular spiral coil (b) Cylindrical circular spiral coil (c) Surface spiral winding 

Fig. 2-10. Typical types of circular coils 

 In a planar circular spiral coil, each turn can be represented by a circular loop with an 

average diameter, the vertical distance between each turn of the primary coil and each turn of the 

secondary coil are the same. In a cylindrical circular spiral coil, each turn has the same diameter, 

the vertical distance between each turn of the primary coil and each turn of the secondary coil 

changes. In a surface spiral winding, each turn has the same diameter, the vertical distance 

between each turn of the primary coil and each turn of the secondary coil are the same. Coil 

diameter, number of turns, and inter-turn distance are the main design variables for all three 

types of circular coils.  

 Considering the clearance between the vehicle chassis and the ground is small and mostly 

fixed, the cylindrical circular spiral coil is not a good choice since it requires large vertical 

distance to install. The surface spiral winding can be treated as a subcategory of the planar 

circular spiral coil when the inter-turn distance is zero. Therefore, it’s better to choose the planar 

circular spiral coil as the design example. 
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 The equivalent circuit modeling of a loosely coupled inductive WPT system is required 

to develop the design methodology. It has been demonstrated that the equivalent transformer 

model can be used to analyze the system when the diameters of the coils and the transfer distance 

are smaller than one-tenth of the wavelength. With the equivalent circuit model, the power 

transfer efficiency, voltages, and currents in each component under the rated power can be 

derived. After that, the magnetic flux density and the electric field intensity in the air-gap center 

plane can be analyzed based on coil geometries, coil currents, and the operating frequency. 

2.3.1 Analytical calculation of self- and mutual inductances 

Self- and mutual inductances are necessary to calculate resonant compensation capacitors 

and the coupling coefficient between the primary coil and the secondary coil, which are essential 

to calculate the voltages and currents in each component, and the coil-to-coil power transfer 

efficiency. A planar circular spiral coil is shown in Fig. 2-11.  
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Fig. 2-11. A planar circular spiral coil 

The self-inductance of the planar circular spiral coil can be calculated by [254] 

LN = 1 = µ0 N
2 R 









ln






16R

d
 – 2                                           (2.1) 

LN > 1 = 31.33 µ0 N
2 

R2

8R + 11W
                                         (2.2) 

Where µ0 is the free space permeability, d is the wire diameter, R is the coil radius, W is the coil 

width, N is the number of turns. 

Misalignment is unavoidable for WPT systems. The mutual inductance calculation 

method should be able to calculate both perfectly aligned coils and misaligned coils. There are 
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mainly two types of misalignments, lateral misalignment and angular misalignment, which have 

to be taken into consideration. Lateral misalignment is much more common for electric vehicles 

due to parking. Angular misalignment is relatively small except flat tire. A laterally misaligned 

transmitter and receiver configuration is shown in Fig. 2-12. 
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Fig. 2-12. A laterally misaligned transmitter and receiver configuration 

 In Fig. 2-12, z is the vertical distance between the transmitter and the receiver, an is the 

coil radius of the transmitter turn n, ρ is the lateral distance between the point P within the 

receiver region and the transmitter center. 
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Fig. 2-13. Receiver coil of laterally misaligned coils 

 The magnetic field generated by the coil with multiple turns can be calculated by adding 

the field generated by each turn, which can be further simplified by transforming each turn into 

the circular loop using average coil radius. Using polar coordinates, the area covered by the 

receiver coil is divided into i elements in the radial direction and j elements in the angular 

direction as shown in Fig. 2-13. The i*j grids can represent the area covered by the receiver coil 

when the grid ∆b*∆θ is small enough that the flux density at the grid point can be assumed as a 
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constant. Due to the large distance between the transmitter and the receiver, the coupling is 

relatively small, which is normally smaller than 0.2. It is assumed that only z-direction flux 

density generated by the transmitter can be coupled with the receiver. 

According to Conway [255], the z-direction magnetic flux density at point P generated by 

the transmitter turn n can be calculated by 

BPnZij = 
μ0 kij I

16π(an*dij)
3/2 

4an dij (1 – kij) K( kij) + (an
2 – dij

2
 – z2) kij E( kij)

1 – kij
      (2.3) 

Where I in the transmitter current, z is the vertical distance between the transmitter and the 

receiver, an is the coil radius of the transmitter turn n, d0 is the horizontal distance between the 

transmitter coil center and the receiver coil center, bi is the distance between the point P and the 

receiver coil center, dij is the planar distance between the point P and the transmitter coil center, 

∆b is the radial length of element ij, ∆θ is the incremental angle of element ij, θj is the angle of 

element ij in the polar coordinates, dij = d0
2
  + b i

2
  – 2 d0 bi *cos(θj) , kij = 

4andij

(an+dij)
2 + z2 , 

K( kij)  and E( kij)  are the complete elliptic integrals of the first and second kinds. 

 The total z-direction magnetic flux density at point P generated by the transmitter can be 

calculated by 

BPZij = 
n=1

NTX

 






μ0 kij I

16π(an*dij)
3/2 

4an dij (1 – kij) K( kij) + (an
2 – dij

2
 – z2) kij E( kij)

1 – kij
       (2.4) 

The total z-direction magnetic flux coupled to the receiver can be calculated by 

Φz = MI = 
n=1

NRX

  
j=1

q

  
i=1

p

  [ ]BZij Δb × biΔθ                                  (2.5) 

Where p is the total number of elements in the radial direction, p = Rrx/∆b, q in the total number 

of elements in the angular direction, and q = 2π/∆θ. 

 If the receiver has multiple turns Nrx, then it can be transformed into Nrx individual 

circular loops, the total z-direction magnetic flux coupled to the receiver can be calculated by 
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adding the z-direction magnetic flux coupled to each individual loop together. The current I in 

M*I is the same as the current in flux density calculation, they can be canceled out, only the 

mutual inductance term is left. 

When d0 is zero, the calculated mutual inductance is between aligned transmitter and 

receiver. When d0 is non-zero, the calculated mutual inductance is between misaligned 

transmitter and receiver. The self-inductances of the transmitter and the receiver remain the same 

for both aligned and misaligned configurations, the coupling between the transmitter and the 

receiver varies under misalignment, then the required currents in the transmitter and the receiver 

changes for the rated power level, the magnetic flux density and the electric field intensity in the 

air-gap region will also change, which require special attention during design. 

Compared with Litz wire, the copper tubing has stable characteristics at both low 

operating frequency and high operating frequency. Therefore, copper tubing is selected to build 

the transmitter and receiver coils. Typical copper tubing sizes and AC resistances per meter 

caused by skin effect are listed in Table 2-5. 

Table 2-5. Typical copper tubing sizes and AC resistances caused by skin effect 

Outside Diameter 

(O.D.) [Inch] 

Inside Diameter 

(I.D.) [Inch] 

Wall Thickness 

[Inch] 

Rskin per meter 

[Ω/m] @ 1 MHz 

1/8 0.065 0.030 0.0268 

3/16 0.127 0.030 0.0177 

1/4 0.190 0.030 0.0133 

5/16 0.249 0.032 0.0106 

3/8 0.311 0.032 0.0088 

1/2 0.436 0.032 0.0066 

5/8 0.555 0.035 0.0053 

3/4 0.680 0.035 0.0044 

7/8 0.785 0.045 0.0038 

Under given operating frequency, the skin effect AC resistance Rskin decreases when the 

copper tubing outside diameter increases. A copper tubing with an outside diameter 3/8’’ (9.525 

mm) and wall thickness 0.032’’ (0.8128 mm) is selected due to its low skin effect AC resistance, 

easy ability to bend and maintain the configuration. 
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A planar circular spiral coil as shown in Fig. 2-11 is evaluated via FEA to verify the 

analytical model calculation accuracy. The initial distance between the primary coil and the 

secondary coil is set as 300 mm, which is higher than general electric vehicle ground clearance 

200 mm and enough for charging an electric vehicle. The coil radius is initialized as 600 mm, 

and the inter-turn distance is set as 13.525 mm. The initial operating frequency is set as 0.1 MHz. 

The transmitter coil and the receiver coil are set as the same. When the primary coil and the 

secondary coil are perfectly aligned, analytical calculation results and FEA simulation results of 

the self- and mutual inductances with respect to the number of turns are compared in Fig. 2-14. 
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Test Conditions: * Analytical, * FEA.  

TX and RX radii: 600mm. Inter-turn distance: 13.525mm. TX and RX vertical 

distance: 300 mm. Copper tubing: outside diameter 9.525 mm, wall thickness 0.8128 

mm. Operating frequency: 0.1MHz. Output power: 3kW 

Fig. 2-14. Comparison of analytical calculation results and FEA results of the self- 

and mutual inductances with respect to different number of turns 

 As shown in Fig. 2-14, the analytical calculation results and the FEA results for the self-

inductance, and the mutual inductance with different number of turns perfectly match with each 

other, which ensure the calculation accuracy of the currents in the primary coil and the secondary 

coil, and lay a good foundation for the calculation of the air-gap center plane magnetic flux 

density and electric field intensity. It’s easy to find that the self- and mutual inductances are 

proportional to the square of the number of turns. 

 The calculation accuracy of mutual inductance under misalignment is more important 

since misalignment is unavoidable, and it affects the evaluation of the coil-to-coil power transfer 

efficiency and the calculation of air-gap center plane magnetic flux density and electric field 
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intensity under misalignment. A planar circular spiral coil, a normal conical spiral coil, and an 

inverted conical spiral coil, as shown in Fig. 2-15, are used to evaluate the mutual inductance 

calculation accuracy under misalignment. 

Pitch

Helix angle

 

Helix angle

Pitch

 
(a) Normal conical spiral coil (b) Inverted conical spiral coil 

Fig. 2-15. Normal and inverted conical spiral coils 

The secondary coil is set as 1 turn with radius 180 mm. The vertical distance between the 

top of the normal conical spiral coil and the secondary coil is set as 300 mm. The vertical 

distance between the top of the inverted conical spiral coil and the secondary coil is also set as 

300 mm. All of the primary coils are set as 7 turns, the inside radii for all primary coils are set as 

100 mm. The inter-turn distance for planar circular spiral winding (SW) is set as 39.525 mm, the 

pitches for conical SWs are set as 20 mm, the helix angles are set as 63.156 degrees to keep the 

total length of three coils the same then the AC resistances caused by skin effect are the same. 

Surface spiral winding (SSW) reviewed in the first chapter is also evaluated. Each turn of all 

kinds of transmitters is transformed into a circular loop during the calculation using the 

analytical method proposed in previous sections. Analytical calculation results and FEA results 

of the coupling factor with respect to lateral misalignment are compared in Fig. 2-16. 
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Legend: 

 – Planar circular SW: Analytical 

□ Planar circular SW: FEA 

 – SSW: Analytical  

□ SSW: FEA 

 – Normal conical SW: Analytical 

□ Normal conical SW: FEA 

 – Inverted conical SW: Analytical 

□ Inverted conical SW: FEA 
 Lateral misalignment [m] 

Fig. 2-16. Comparison of analytical calculation results and FEA results of the coupling factor 

with respect to lateral misalignment 
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As shown in Fig. 2-16, the errors between the analytical calculation results and the FEA 

results of the coupling factor for the surface spiral winding, the planar circular spiral winding, 

the normal conical spiral winding, and the inverted conical spiral winding under lateral 

misalignment are within 5%, which ensure the accuracy of system evaluation with analytical 

models under misalignments. 

2.3.2 Analytical calculation of the AC resistance 

It’s necessary to consider the skin effect and the proximity effect when calculating the 

ESR. Under high operating frequency, the surface eddy currents tend to reduce the net current 

density in the center of the conductor, and increase the net current density near the surface of the 

conductor. In addition, the magnetic field generated by the conductor will affect the current 

distributions in the adjacent conductors. The skin effect and the proximity effect of a conductor 

are shown in Fig. 2-17. 

 

Fig. 2-17. Skin effect and proximity effect of a conductor 

 As shown in Fig. 2-17, the current will concentrate on the conductor surface when the 

operating frequency increases. When multiple coils are put close, the current distribution in one 

conductor will be affected by its adjacent conductors. Between two adjacent conductors, there 

are flux cross-coupling and parasitic capacitance. 

 The skin effect AC resistance Rskin can be calculated by 



162 

Rskin = ρ 
l

π R2 – π (R – δ)2  = ρ 
l

2 π R δ – π δ2                             (2.6) 

Where ρ is electrical resistivity, l is the conductor length, R is the copper tubing outside radius, 

and δ is the skin depth.  

The total AC resistance RAC caused by skin and proximity effects can be calculated by 

RAC = Rskin (1 + Gp)                                                    (2.7) 

Where Rskin is the AC resistance caused by skin effect, and Gp is the proximity effect factor. 

According to G. S. Smith [232], the relationship between the proximity effect factor and 

the spacing c/a are plotted in Fig. 1-89 which is repeated in Fig. 2-18 for the convenience.  
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Fig. 2-18. Proximity effect factor dependence on turn-spacing 

In Fig. 2-18, N is the number of turns, a is the conductor outer radius, 2c is the inter-turn 

distance. As the inter-turn distance increase, the AC resistance caused by proximity effect will 

reduce while the AC resistance caused by skin effect remains the same. In addition, the total AC 

resistance will be the same no matter if the conductor is a tubing or a solid conductor. However, 

the wall thickness will affect whether the conductor needs a dielectric substrate or not. In high 

operating frequency, such as MHz, the dielectric substrate will cause dielectric losses, which 

may significantly reduce the power transfer efficiency.  

A lookup table can be created from Fig. 2-18 to get Gp based on the coil outer diameter, 

the inter-turn distance, and the number of turns. In the table provided by G. S. Smith, there are 

only limited number of test cases, the polynomial curve fitting tool can be used to get the values 
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where the spacing case is not tested. The AC resistance due to the skin effect can be calculated 

using equation (2.5), then the total AC resistance can be calculated using equation (2.6).  

Since the proximity effect factor provided by G. S. Smith is based on the experimental 

test, the calculation accuracy can be guaranteed, and the given number of turns is enough for 

getting general design guidelines. However, the limitation is that when the number of turns is 

greater than 8, the test results are not provided, an easy way can be used to extend this method is 

that using FEA to get the rest proximity effect factor Gp. 

A planar circular spiral coil as shown in Fig. 2-11 is evaluated via FEA to verify the 

analytical model calculation accuracy. All settings are the same as the evaluation of the self- and 

mutual inductances calculation. The analytical calculation results and FEA simulation results of 

the total AC resistance with respect to the number of turns are compared in Fig. 2-19. 
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Test Conditions: * Analytical, * FEA.  

TX and RX radii: 600mm. Inter-turn distance: 13.525mm. TX and RX vertical 

distance: 300 mm. Copper tubing: outside diameter 9.525 mm, wall thickness 0.8128 

mm. Operating frequency: 0.1MHz. Output power: 3kW 

Fig. 2-19. Comparison of analytical calculation results and FEA results of the total AC 

resistance with respect to different number of turns 

 As shown in Fig. 2-19, the analytical calculation results match with the FEA results. The 

total AC resistance increases due to the skin effect and the proximity effect. If only consider the 

skin effect, the AC resistance incremental rate should reduce as the number of turns increases, 

since the perimeter incremental rate reduces as the number of turns increases due to the planar 

configuration. However, the total AC resistance incremental rate increases as the number of turns 

increases as shown in Fig. 2-19 due to the proximity effect. In addition, as the inter-turn distance 

reduces, the total AC resistance will be higher than the current value due to the proximity effect. 
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2.3.3 Loosely coupled inductive WPT system equivalent circuit model 

The loosely coupled WPT coils can be transformed into an equivalent transformer model 

as shown in Fig. 1-36 which is repeated in Fig. 2-20 for the convenience. The transfer ratio a of 

the coupled coils is defined as  

a = k Ltx / Lrx                                                        (2.8) 

Where Ltx is the transmitter self-inductance, Lrx is the receiver self-inductance, k is the coupling 

factor between the transmitter and the receiver, k = M / LtxLrx , M is the mutual inductance 

between the transmitter and the receiver. 

Rtx Rrx

Ltx Lrx
M

 

Rtx Rrx

Lm = k
2
Ltx

Ltxk = (1 – k
2
)Ltx

a : 1

 
(a) Equivalent lumped circuit model (b) Equivalent transformer model 

Fig. 2-20. Equivalent lumped element model of inductive WPT coils 

 Resonant compensation networks are required to achieve high coil-to-coil efficiency. If 

the primary is series compensated, a voltage source converter could be directly connected to the 

coil. If the primary is parallel compensated, an inductor is usually inserted to change the voltage 

source converter to a current source. A series compensation on the secondary side makes the 

output like a voltage source, while a parallel compensation makes the output like a current source. 

Series-series and series-parallel topologies are widely used in the existing literature to 

charge the battery. Two steps are required to charge the battery pack: constant current mode to 

bring up the state-of-charge, and constant voltage mode to meet the battery voltage limit. The 

constant current mode is generally configured as the series-series type loaded by a diode rectifier 

and output filter capacitor, as shown in Fig. 2-21 (a), while the constant voltage mode is 

generally implemented as the series-parallel type loaded by a diode rectifier but with an inductor 

input filter, as shown in Fig. 2-21 (b). 
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(a) Rectifier with capacitor filter (b) Rectifier with inductor and capacitor filter 

Fig. 2-21. Output diode rectifiers and filter networks 

When the secondary side is series compensated, the rectifier input voltage is a square 

wave, the rectifier input current is a sinusoidal wave, the effective load resistance Re before the 

rectifier network with the capacitor filter and the load R can be calculated by 

Re = 
8

π2 R                                                             (2.9) 

When the secondary side is parallel compensated, the rectifier input voltage is sinusoidal 

wave, the rectifier input current is square wave, the effective load resistance Re before the 

rectifier network with the LC filter and the load R can be calculated by 

Re = 
π2

8
 R                                                            (2.10) 

The H-bridge resonant inverter is selected since it’s easy to control, in addition, the 

required drain current of the power module can be reduced almost by half, compared with the 

class E inverter, to transfer the same amount of power.  
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(a) H-bridge resonant inverter (b) Inverter output voltage waveform 

Fig. 2-22. H-bridge resonant inverter and output voltage waveform 
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The primary side is usually series compensated as shown in Fig. 2-22 (a), although the 

inverter output voltage is square wave, only the fundamental term needs to be considered when 

analyzing the circuit, since the transmitter side and the receiver side has almost the same 

resonant frequency, which is the same as the PWM switching frequency, or the voltage 

fundamental frequency. The power transfer efficiency of the high order harmonics is very low 

and can be neglected. 

The equivalent circuit models for the loosely coupled inductive WPT systems including 

the input H-bridge inverter, the resonant compensation network, the output rectifier, and the 

output filter network can be simplified according to above analyses, and are shown in Fig. 2-23. 
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(a) Equivalent circuit model with series-series resonant compensation network 
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(b) Equivalent circuit model with series-parallel resonant compensation network 

Fig. 2-23. Equivalent lumped circuit models of inductive WPT systems 

 The secondary side resonant capacitance in both series and parallel resonant networks can 

be calculated by 

Crx = 
1

 Lrx ω0
2                                                       (2.11) 

The secondary side can be transformed to the primary side using the equivalent 

transformer model, the equivalent input impedance from the primary side is assigned as Zps. The 

primary side resonant capacitance Ctx should be designed based on Zps to achieve power module 

zero voltage switching (ZVS) to reduce the H-bridge inverter loss. 
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Assuming the duty ratio is D, Ctx can be calculated following   

Li = 
0.5 Imag(Zps)

ω0
                                               (2.12) 

Ri = 
0.5 Real(Zps)

ω0
                                               (2.13) 

α = 2 π (0.5 – D)                                                (2.14) 

β = acos






1 + cos(α)

2
                                            (2.15) 

Xi = Ri * tan(β)                                                (2.16) 

 Xci = Li * ω0 – Xi                                                       (2.17) 

 Ci = 
1

 ω0 * Xci
                                                  (2.18) 

Ctx = 0.5*Ci                                                    (2.19) 

Previous analyses are verified by PLECS simulation with a series-parallel compensated 

example. Based on Fig. 2-23 (b), the required effective load current Ie for given output power 

Pout can be calculated by 

Ie = 
2*Pout

Re
                                              (2.20) 

The receiver coil current Irx can be calculated by 

Irx = Ie + Re * Ie * (j*ω0*Crx)                                   (2.21) 

The transmitter coil current Itx can be calculated by 

Itx = 
Irx*(j*ω0*Lrx + Rrx) + Re*Ie

 j*w0*M
                                (2.22) 

In the test example, the duty ratio D is set as 0.48, the resonant frequency f0 is 100 kHz, 

the output power Pout is 3 kW, the load R is 38.11 , Ltx = 26.09 μH, Rtx = 29.7 m, Lrx = 

25.91 μH, Rrx = 29.9 m, M = 5.39 μH. Following previous analytical analyses, the required 

resonant capacitances Crx and Ctx are 97.75 nF and 103.43 nF, respectively. The transmitter and 

receiver current amplitudes Itx and Irx are 42.54 A and 42.93 A, respectively, the current phase 

difference is 78.46°. Using PLECS simulation with the same winding parameters, the gate signal 
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and the transmitter current are compared in Fig. 2-25 (a), the transmitter current and the receiver 

current are compared in Fig. 2-25 (b). 
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Fig. 2-24. PLECS simulation waveforms and comparison with analytical current waveforms 

 As shown in Fig. 2-25 (a), when the power module M1 turns on, the current Itx is 

negative and close to zero, which means the current Itx goes through the diode of the power 

module M1, and the voltage across M1 is negative, therefore, ZVS is achieved, ZCS can also be 

achieved by further tuning Ctx. According to Fig. 2-25 (b), the maximum values of Itx and Irx 

from the PLECS simulation are 42.29 A and 42.85 A, respectively, which are almost the same as 

the analytical results, the current phase difference 75.60° is slightly lower than the analytical 

result 78.46°. Besides that, the PLECS simulation normally takes about 1 minute, while the 

analytical calculation only takes several miliseconds. The accurate and fast analytical equivalent 

model for winding current and voltage provides a quick access to calculate air-gap B&E fields. 

2.3.4 Loosely coupled inductive WPT system coil-to-coil efficiency 

There are so many methods in the existing literature to improve the coil-to-coil power 

transfer efficiency, the efficiency factor that fundamentally determines the coil-to-coil power 

transfer efficiency will be identified in this section based on series-series and series-parallel 

resonant compensation networks. 

The equivalent circuit models for the loosely coupled inductive WPT systems with series-

series resonant network can be simplified by an equivalent transformer model, as shown in Fig. 

2-25 (a), and the secondary side can be transformed to the primary side as shown in Fig. 2-25 (b). 
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(a) Lumped circuit model using an equivalent transformer 
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(b) Lumped circuit model transferred to the primary side 

Fig. 2-25. Equivalent circuit models of inductive WPT system with series-series 

resonant compensation network 

Using the system equivalent circuit models in Fig. 2-25, the currents and voltages in each 

component can be calculated based on system parameters, such as the self- and mutual 

inductances, the ESRs, and the load resistance, when the output power is given. The secondary 

side resonant capacitance Crx is designed as 1 / (Lrx ω0
2
)  for both series and parallel resonant 

compensation networks. 

Considering the coil radiation loss is negligible, the coil-to-coil power transfer efficiency 

can be calculated by 

ηcoil = 
Pload

Ploss_tx + Ploss_rx + Pload
  = 

| |IL
2 RL

| |Itx
2 Rtx + | |Irx

2 Rrx + | |IL
2 RL

            (2.23) 

 According to Fig. 2-25 (b), ηcoil can also be calculated by 

 ηcoil = 
| |Irxa

2 a2 RL

| |Itx
2 Rtx + | |Irxa

2 a2 Rrx + | |Irxa
2 a2 RL

  = 
1

1 + 
Rrx

RL
 + 







Itx

Irxa

2

 
1

a2 
Rtx

RL

      (2.24) 

 Under given output power, the currents Itx and Irxa are independent of the primary 

resonant capacitance Ctx, so is the coil-to-coil efficiency. 

Based on Fig. 2-25 (b) and the Kirchhoff’s law, the current ratio 
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Itx

Irxa
  = 

a2 Rrx + a2 RL + a2 
1

jω0Crx

 ja2ω0Lrx + 
a2 Lrx / Crx

Rrx + RL

  = (Rrx + RL)  
[jω0Lrx + jω0Crx (Rrx + RL)2]

 – ω0
2
Lrx

2  – (Rrx + RL)2
    (2.25) 

 Above current ratio can be further simplified into 







Itx

Irxa

2

  =  








Rrx + RL

ω0Lrx
  
ω0

2Lrx
2

 + ω0
2LrxCrx (Rrx + RL)2

 ω0
2Lrx

2  + (Rrx + RL)2  

2

 = 






Rrx + RL

ω0Lrx
 

2

      (2.26) 

 Substituting the square of the current ratio into the coil-to-coil efficiency formula, the 

coil-to-to-coil efficiency can be calculated by 

η  = 
1

1 + 
Rrx

RL
 + 







Rrx + RL

ω0Lrx
 
2

 
1

a2 
Rtx

RL

  = 
1

1 + 
Rrx

RL
 + 







Rrx + RL

ω0M
 
2Rtx

RL
 

           (2.27) 

The maximum coil-to-coil efficiency can be achieved when 













1 + 
Rrx

RL
 + 







Rrx + RL

ω0M
 
2

  
Rtx

RL
 
'

RL
 = 0                             (2.28) 

 The optimal load resistance RLo satisfying above differential equation is 

RLo = Rrx
2  + 

Rrx

Rtx
 ω0

2 M2                                      (2.29) 

 Then, the maximum achievable coil-to-coil efficiency ηcoil, max can be calculated by 

ηcoil, max = 
1

 1 + 
RtxRrx

ω0
2 M2 + RtxRrx

  + 








 
RtxRrx + RtxRrx + ω0

2 M2

ω0M
 

2

 
RtxRrx

ω0
2 M2 + RtxRrx

 

(2.30) 

 ηcoil, max can be simplified into 

ηcoil, max =  
1

 1 + 2 × 
Rtx Rrx

ω0
2 M2  + 2 × 

Rtx
2  Rrx

2

 ω0
4 M4 + 

Rtx Rrx

ω0
2 M2

                      (2.31) 

 According to the expression of the maximum achievable coil-to-coil efficiency ηcoil, max 

for series-series compensated system, it’s easy to find out that ηcoil, max is fundamentally 
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determined by the efficiency factor 
ω0

2 M2

 Rtx Rrx
, which is independent of the self-inductances of the 

transmitter and the receiver. In addition, ηcoil, max increases with the efficiency factor. Various 

methods, such as increasing the operating frequency and the number of turns, that can increase 

the efficiency factor will lead to a higher coil-to-coil maximum achievable efficiency. 

The equivalent circuit models for the loosely coupled inductive WPT systems with series-

parallel resonant compensation network can be re-configured using the receiver coil quality 

factor Qrx = 
ω0 Lrx

Rrx
 as shown in Fig. 2-26 (a), and further simplified by using the equivalent 

transformer model, as shown in Fig. 2-26 (b), and the secondary side can be transformed to the 

primary side as shown in Fig. 2-26 (c). 
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(a) Lumped circuit model reconfigured using the receiver coil quality factor 
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(b) Lumped circuit model using an equivalent transformer 
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(c) Lumped circuit model transferred to the primary side 

Fig. 2-26. Equivalent circuit models of inductive WPT system with series-parallel 

resonant compensation network 
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 The analysis of the series-parallel compensated network will be based on Fig. 2-26 (c). 

Considering the secondary side resonant compensation, Lm can be compensated by the resonant 

capacitor Crx / a2, the two parallel branches can be neglected. 

 Following the Kirchhoff’s law, the current ratio 

IRrxa

ILa
  = 

RL

Qrx
2 Rrx

                                                  (2.32) 

Itx

ILa
  = 1 + 

RL

Qrx
2 Rrx

                                               (2.33) 

 The coil-to-coil efficiency can be calculated by 

η = 
ILa

2 a2RL

 ILa
2 a2RL + IRrxa

2 a2Qrx
2 Rrx + Itx

2 Rtx

  = 
1

 1 + 
RL

Qrx
2 Rrx

 + 








1 + 
RL

Qrx
2 Rrx

 
2
 

Rtx

a2RL

       (2.34) 

 It’s easy to find that the currents Itx, IRrxa and ILa are independent of the primary resonant 

capacitance Ctx under given output power, so is the coil-to-coil efficiency. 

The maximum coil-to-coil efficiency can be achieved when 













1 + 
RL

Qrx
2 Rrx

 + 








1 + 
RL

Qrx
2 Rrx

 
2
 

Rtx

a2RL

 
'

RL
 = 0                           (2.35) 

The optimal load resistance RLo satisfying above differential equation is 

RLo = 
Rtx Rrx

2  Qrx
4

 a2 Rrx Qrx
2  + Rtx

   = 
Rtx ω0

4
 Lrx

4

Rrx M
2
 ω0

2
 + Rtx Rrx

2
 
                 (2.36) 

Then, the maximum achievable coil-to-coil efficiency ηcoil, max can be calculated by 

ηcoil, max = 
1

1 + 
RtxRrx

ω0
2 M2 + RtxRrx

 + 










1 + 
RtxRrx

ω0
2 M2 + RtxRrx

 

2

 
ω0

2M2RtxRrx + Rtx
2 Rrx

2

 ω0
4 M4

   

(2.37) 

ηcoil, max can be simplified into 
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ηcoil, max =  
1

 1 + 2 × 
Rtx Rrx

ω0
2 M2  + 2 × 

Rtx
2  Rrx

2

 ω0
4 M4 + 

Rtx Rrx

ω0
2 M2

                      (2.38) 

According to the expression of the maximum achievable coil-to-coil efficiency ηcoil, max 

for series-parallel compensated system, it’s easy to find out that ηcoil, max is also fundamentally 

determined by the efficiency factor 
ω0

2 M2

 Rtx Rrx
, which is independent of the self-inductances of the 

transmitter and the receiver. In addition, ηcoil, max increases with the efficiency factor. 

In the series-series and series-parallel resonant compensation networks, the primary and 

secondary coil currents and the coil-to-coil efficiencies are independent of the primary 

capacitance Ctx under given output power. Therefore, the primary resonant compensation type 

won’t affect the currents or the coil-to-coil efficiency. However, the secondary resonant 

compensation topology affects the currents and the coil-to-coil efficiency. The series-series and 

parallel-series resonant networks have the same coil-to-coil efficiency when their secondary 

sides are the same, the series-parallel and parallel-parallel resonant networks have the same coil-

to-coil efficiencies when their secondary sides are the same. The coil-to-coil power transfer 

efficiencies of four basic resonant compensation networks are summarized in Table 2-6.  

Table 2-6. The coil-to-coil power transfer efficiency 

Type The coil-to-coil power transfer efficiency 

SS and PS 

1

1 + 
Rrx

RL
 + 







Rrx + RL

ω0M
 
2Rtx

RL
 

   

SP and PP 

1

 1 + 
RL

Qrx
2 Rrx

 + 








1 + 
RL

Qrx
2 Rrx

 
2
 

Rtx

a2RL

  

 As shown in Table 2-6, when the primary coil, the secondary coil, the transfer distance, 

and the operating frequency are fixed, the mutual inductances, the ESRs and the quality factors 

are fixed, and the only term that affects the coil-to-coil power transfer efficiency is the load 
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resistance RL. The optimal loads for the maximum achievable coil-to-coil power transfer 

efficiencies are summarized in Table 2-7. 

Table 2-7. The optimal loads for the maximum coil-to-coil power transfer efficiency 

Type The optimal load  

SS and PS Rrx
2  + 

Rrx

Rtx
 ω0

2 M2     

SP and PP 
Rtx ω0

4
 Lrx

4

Rrx M
2
 ω0

2
 + Rtx Rrx

2
 
  

From Table 2-7, it is easy to find that all optimal loads are independent of the primary 

coil self-inductance, and all of them increase with the operating frequency. With the optimal 

loads, the maximum achievable coil-to-coil power transfer efficiencies are summarized as shown 

in Table 2-8. 

Table 2-8. The maximum coil-to-coil power transfer efficiency 

Type The maximum coil-to-coil efficiency 

SS and PS 

1

 1 + 2 × 
Rtx Rrx

ω0
2 M2  + 2 × 

Rtx
2  Rrx

2

 ω0
4 M4 + 

Rtx Rrx

ω0
2 M2

         

SP and PP 

1

 1 + 2 × 
Rtx Rrx

ω0
2 M2  + 2 × 

Rtx
2  Rrx

2

 ω0
4 M4 + 

Rtx Rrx

ω0
2 M2

  

As shown in Table 2-8, the maximum coil-to-coil power transfer efficiencies are totally 

the same for all type of resonant topologies, therefore, the maximum achievable coil-to-coil 

efficiency is independent of the resonant topologies. In addition, it is also independent of the 

self-inductances of the primary coil and the secondary coil, there are only four factors that can 

affect the maximum achievable coil-to-coil power transfer efficiency: the primary coil ESR, the 

secondary coil ESR, the mutual inductance, and the operating frequency.  
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In conclusion, the maximum achievable coil-to-coil efficiency ηcoil, max is fundamentally 

determined by the efficiency factor 
ω0

2 M2

 Rtx Rrx
, and increases with the efficiency factor, which is 

independent of the self-inductances and is not determined by k or Q independently, since k and 

Q are cross-coupled due to the self-inductances. Various methods, such as increasing the 

operating frequency and the number of turns, which can increase the efficiency factor will lead to 

a higher coil-to-coil maximum achievable efficiency. 

A planar circular spiral coil as shown in Fig. 2-11 is evaluated via FEA to verify the coil-

to-coil efficiency analytical calculation accuracy. The initial distance between the primary coil 

and the secondary coil is set as 300 mm. The coil radius is initialized as 600 mm, and the inter-

turn distance is set as 13.525 mm. The initial operating frequency is set as 0.1 MHz. The 

transmitter coil and the receiver coil are set as the same. When the primary coil and the 

secondary coil are perfectly aligned, analytical calculation results based on the mutual 

inductance and coil ESRs analytical values, and FEA simulation results of the maximum 

achievable coil-to-coil efficiency with respect to the number of turns are compared in Fig. 2-27. 
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Test Conditions: * Analytical, * FEA.  

TX and RX radii: 600mm. Inter-turn distance: 13.525mm. TX and RX vertical 

distance: 300 mm. Copper tubing: outside diameter 9.525 mm, wall thickness 0.8128 

mm. Operating frequency: 0.1MHz. Output power: 3kW 

Fig. 2-27. Comparison of analytical calculation results and FEA results of the 

maximum achievable coil-to-coil efficiency with respect to different number of turns 

 As shown in Fig. 2-27, the analytical results and the FEA results match with each other 

very well. The increase rate of ηcoil, max reduces as the number of turns increases mainly due to 

the proximity effect. That can be explained by the efficiency factor. 
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From previous sections, the primary coil self-inductance Ltx and its ESR Rtx, the 

secondary coil self-inductance Lrx and its ESR Rrx, and the mutual inductance M between the 

transmitter and receiver coils can be calculated using analytical calculation method under given 

operating frequency. Then the optimal load and the maximum coil-to-coil power transfer 

efficiency can be calculated based on Table 2-7 and Table 2-8, respectively. Under given specific 

output power, the transmitter and receiver coils currents and excitation voltages can be calculated 

with the system equivalent circuit model, which are necessary to calculate the air-gap center 

plane magnetic flux density and electric field intensity. 

2.4 Analytical modeling of the air-gap center plane magnetic flux 

density 

The magnetic field generated by a planar circular spiral coil with the number of turns N 

can be calculated by adding the magnetic field generated by each turn as 

→
B N = 

n=1

N

   
→
B n                                                (2.39) 

The transmission line effect can be neglected since the winding characteristic length is 

much smaller than the wavelength, the magnetic field generated by each turn has the same phase. 

The magnetic field 
→
B n generated by each turn can be transformed to the magnetic field 

generated by an equivalent circular current loop with average radius R, as shown in Fig. 2-28, 

which can be calculated by the magnetic vector potential 
→
A  using [200][201]: 

→
B n =  × 

→
A                                                      (2.40) 

Where, Ar = 0, Aθ = 0, Aϕ(r, θ) = 
μ0 I R

4π
 





φ' =0

2π

 
cos φ'

R2 + r2 – 2 R r sin θ cos φ'
 dφ', r, θ, and ϕ are 

spherical coordinates, I is the loop current. 
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Fig. 2-28. Configuration of a single current loop 

The magnetic flux density 
→
B   at an arbitrary point T(r, θ, ϕ) can be calculated as  
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0

    (2.41) 

The magnetic flux density calculation results in the spherical coordinates can be 

transformed into the Cartesian coordinates using 











Bx

By

Bz

 = 









sin θ cos ϕ  cos θ cos ϕ  – sin ϕ

 sin θ sin ϕ  cos θ sin ϕ  cos ϕ

 cos θ  – sin θ  0

 











Br

Bθ

Bϕ

               (2.42) 

 When the measurement line is along x-direction as shown in Fig. 2-28, ϕ = 0, sin(ϕ) = 0, 

considering Bϕ = 0, it’s easy to get By = 0, which can also be explained by the symmetric 

property of the circular current loop. Since the circular current loop is symmetry with respect to 

the x-axis, the magnetic flux density y-components generated by the currents on the positive y-

plane and negative y-plane will cancel each other, that leads to the magnetic flux density y-

component along the x-direction zero, and the magnetic flux density x-component the same as 

the radial direction magnetic flux density in the cylindrical coordinates. 

 The air-gap center plane magnetic flux density is a vector combination of the magnetic 

fields generated by the transmitter and receiver coils as shown in Fig. 2-29. 
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Fig. 2-29. Configuration of air-gap center plane magnetic flux density calculation 

 At the test point Q in the air-gap center plane along x-direction, the total magnetic flux 

density can be calculated as 

→
B total = 

→
B tx +  

→
B rx = 









Bx

By

Bz

 

tx

 +  









Bx

By

Bz

 

rx

 =  









Bx

0

Bz

 

tx

 +  









Bx

0

Bz

 

rx

      (2.43) 

Where, Ztx = Zrx, which is half of the transfer distance. 

Considering the circular winding magnetic field distributions along any radial directions 

are the same and the magnetic flux density along x-direction is the same as the radial direction 

magnetic flux density in the cylindrical coordinates since By = 0, the total magnetic flux density 

calculated along x-direction measurement line in the air-gap center plane is actually the magnetic 

flux density along any radial directions in the air-gap center plane, and the peak magnetic flux 

density along the calculated x-direction measurement line is the peak magnetic flux density in 

the whole air-gap center plane. 

The magnetic flux density phase is fundamentally determined by the current phase, which 

should be paid special attention to since the transmitter current phase and the receiver current 

phase are not the same. In addition, tuning the current phase difference between the transmitter 

and the receiver provide an access to manipulate the air-gap magnetic field. 

 The air-gap center plane central point P is a special case since point P is the central 

symmetric point, which means the magnetic flux density x-component will also be zero at point 
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P, only the magnetic flux density z-component is nonzero. The magnetic flux density at point P 

can be calculated by 

→
B P = 

→
B z_tx  + 

→
B z_rx  = 

n=1

Ntx

  









μ0

2
 

→
I txn Rtxn

2

( )Ztx
2

 + Rtxn
2  3/2

  + 
n=1

Nrx

  









μ0

2
 

→
I rxn Rrxn

2

( )Zrx
2

 + Rrxn
2  3/2

       (2.44) 

Where, Ntx is the transmitter number of turns, Nrx is the receiver number of turns, Ztx and Zrx 

are half of the transfer distance, Rtxn is the average radius of the transmitter coil turn n, Rrxn is 

the average radius of the receiver coil turn n. 

 Based on the expression to calculate the magnetic flux density at the central point P, it’s 

easy to find that the magnetic flux density at the central point P will reduce when the coil radius 

increases, then the air-gap center plane peak magnetic flux density may be not located at the 

central point due to the leakage flux. 

 The developed analytical method to calculate the air-gap center plane magnetic flux 

density is verified by FEA simulation. The transmitter and the receiver are set as the same, the 

number of turns is 1, the coil radius is 600 mm, the transfer distance is 300 mm, and the 

operating frequency is 0.1 MHz. When the output power is 3 kW under aligned condition, the 

magnetic field distribution in the XOZ plane is shown in Fig. 2-30 (a), the analytical calculation 

results of the magnetic flux density along the measurement line is compared with the FEA result 

in Fig. 2-30 (b). 
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Test conditions: Operating frequency: 0.1 MHz. Output power: 3 kW. Transmitter and 

receiver: Number of turns N: 1. Coil radii R: 600 mm. Transfer distance: 300 mm 

Fig. 2-30. Comparison of the analytical results and FEA results of the air-gap center 

plane magnetic flux density 

 As shown in Fig. 2-30 (a), the peak magnetic flux density is located around the coil edge 

due to the leakage flux. According to Fig. 2-30 (b), the developed analytical model for the air-

gap center plane magnetic flux density agrees with the FEA result. Along the measurement line 

in the x-direction, the y-component magnetic flux density is zero due to the symmetry along the 

x-axis. At the central point, the magnetic flux density x-component is also equal to zero since the 

central point is the central symmetry point of the circular winding. The air-gap center plane peak 

magnetic flux density is located at a distance almost equal to the coil radius, rather than the 

central point, due to the leakage flux. When the coil radius is small, the air-gap center plane peak 

magnetic flux density will be located at the central point. 

 The effect of the number of turns on the air-gap center plane peak magnetic flux density 

Bagcppk is evaluated, and the analytical results and FEA results are compared in Fig. 2-31. 
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Test Conditions: Operating frequency: 0.1 MHz. Transfer distance: 300 mm. TX and RX 

radii: 600 mm. Inter-turn distance: 13.525 mm. Output power: 3 kW 

Fig. 2-31. Effect of the number of turns on the air-gap center plane peak magnetic flux density 

As shown in Fig. 2-31, Bagcppk increases slightly with the number of turns, although the 

required coil currents increase with the number of turns, the magnetomotive force (MMF) N*I 
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increases to output 3 kW as shown in Table 2-9, which leads to the higher magnetic flux density 

even under the same coil configuration. 

Table 2-9. The magnetomotive forces of the transmitter and receiver coils 

MMF N = 1 N = 2 N = 3 N = 4 

Transmitter coil (Ntx*Itx) [A] 120.9178 122.9134 124.1625 125.4332        

Receiver coil (Nrx*Irx) [A] 118.8909 121.5192 122.8089 124.4424 

Besides the increase of the MMF, the coil average radius increases as the number of turns 

increases, since the winding outer radius remains the same and the inter-turn distance is nonzero. 

In addition, the winding with small inter-turn distance has much more severe proximity effect 

loss as shown by the increase of the proximity effect factor, which will reduce the coil-to-coil 

power transfer efficiency. It’s easy to see that the surface spiral winding, that maintains an equal 

diameter per turn and low proximity effect loss by the special twisting pattern, is a good winding 

configuration to reduce the effect of the number of turns on Bagcppk. 

Last but not the least, when the operating frequency increases, the required current to 

transfer the same amount of power will reduce, and the terminal excitation voltage will increase, 

then the air-gap magnetic field will reduce, but the air-gap electric field will increase, which 

needs special attention. 

2.5 Analytical modeling of the air-gap center plane electric field 

intensity 

The electric field generated by a planar circular spiral coil is a vector combination of the 

excitation terminal electric field and the differential of the magnetic vector potential as 

[200][201] 

→
E  = – Φ – 

∂
→
A

 ∂t
                                               (2.45) 
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According to the literature review, the electrostatic potential at an arbitrary point T(r, θ, 

ϕ) in the spherical coordinates for a current loop with an excitation voltage V, as shown in Fig. 

2-32, is given by 

Φ(r, θ, φ) = 
λ

4πε0 



φ' = 0

2π

(φ' – π) dφ'

R2 + r2 – 2 R r sinθ cos(φ – φ')
                    (2.46) 

Where λ = V ε0 R / ln(R/r0), r0 is the radius of the conductor.  
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Fig. 2-32. Configuration of a current loop with an excitation voltage 

In the Cartesian coordinates, the electrostatic potential can be expressed as 

Φ(x, y, z) = 
λ

4πε0 



φ' = 0

2π

(φ' – π) dφ'

R2 + x2 + y2 + z2 – 2 R x cosφ' – 2 R y sinφ'
              (2.47) 

Then the electric field intensity 
→
E V(x, y, z) caused by the excitation terminal can be 

calculated as 

→
E V(x,y,z)  = –Φ = 

λ

4πε0 




φ' =0

2π

 
(φ' – π)[ ](x – R cosφ') 

^
x + (y – R sinφ') 

^
y + z 

^
z

(R2 + x2 + y2 + z2 – 2 R x cosφ' – 2 R y sinφ')3/2 dφ' (2.48) 

 Considering the excitation directions of the transmitter and receiver terminals are along 

y-direction from the input side to the output side, the terminal electric fields will only have y-

component, therefore, the electric field intensity due to the terminal excitation voltage in the air-
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gap center plane along the measurement line in x-direction will also only have y-component EVy, 

EVx = EVz = 0. In addition, EVy is proportional to the terminal excitation voltage V. 

The induced electric field 
→
E A  caused by the magnetic vector potential 

→
A  can be 

calculated by 

→
E A = – 

∂
→
A

 ∂t
                                                 (2.49) 

 Considering that along the measurement line in x-direction as shown in Fig. 2-32, Ar = 0, 

Aθ = 0, and Aϕ(r, θ) = 
μ0 I R

4π
 





φ' =0

2π

 
cos φ'

R2 + r2 – 2 R r sin θ cos φ'
 dφ', which has only one variable 

that changes with time, the current I, therefore, EAr = 0, EAθ = 0, EAϕ = – ω0 Aϕ, which is 

proportional to the operating frequency. 

The electric field intensity calculation results in the spherical coordinates can be 

transformed into the Cartesian coordinates using 









EAx

EAy

EAz

 = 









sin θ cos ϕ  cos θ cos ϕ  – sin ϕ

 sin θ sin ϕ  cos θ sin ϕ  cos ϕ

 cos θ  – sin θ  0

 









EAr

EAθ

EAϕ

               (2.50) 

When the measurement line is along x-direction as shown in Fig. 2-32, ϕ = 0, sin(ϕ) = 0, 

considering EAr = 0 and EAθ = 0, therefore, EAx = 0, EAy = EAϕ, and EAz = 0. 
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Fig. 2-33. Configuration of air-gap center plane electric field intensity calculation 
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 The air-gap center plane electric field density is a vector combination of the electric fields 

generated by the transmitter and receiver coils as shown in Fig. 2-33. The transmitter terminal 

and the receiver terminal are placed at opposite positions to balance the air-gap center plane 

electric field distribution. At the test point Q in the air-gap center plane along x-direction, the 

total electric field intensity can be calculated as 

→
E total = 

→
E tx +  

→
E rx = – Φtx – 

∂
→
A tx

 ∂t
  – Φrx – 

∂
→
A rx

 ∂t
                   (2.51) 

Considering that EVx = EVz = 0 and EAx = EAz = 0, the total electric field intensity in the 

air-gap center plane along the measurement line in x-direction will also only has y-component, 

which can be simplified into 

→
E total = 

→
E tx +  

→
E rx =    









0

EVy + EAy

0

 

tx

  + 









0

EVy + EAy

0

 

rx

             (2.52) 

In the air-gap center plane, the induced electric field caused by the high frequency AC 

magnetic field is the same along any radial directions since the magnetic vector potential remains 

the same along any radial directions, therefore, the electric field caused by the terminal excitation 

voltage determines the location of the air-gap center plane peak electric field intensity Eagcppk. 

Considering the electric field around the excitation terminal is fundamentally a decay field, the 

electric field intensity is determined by the distance between the measurement point and the 

excitation terminal, so the peak electric field intensity along the measurement line going above 

the transmitter terminal and below the receiver terminal, as shown in Fig. 2-33, can be treated as 

the air-gap center plane peak electric field intensity Eagcppk. 

The developed analytical method to calculate the air-gap center plane electric field 

intensity is verified by FEA simulation. The transmitter and the receiver are set as the same, the 

number of turns is 1, the coil radius is 600 mm, and the transfer distance is 300 mm, the 

operating frequency is 0.1 MHz. When the output power is 3 kW under the aligned condition, the 

electric field distribution in the XOZ plane is shown in Fig. 2-34 (a), the analytical calculation 
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results of the electric field intensity along the measurement line is compared with the FEA result 

in Fig. 2-34 (b). 
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Test conditions: Operating frequency: 0.1 MHz. Output power: 3 kW. Transmitter and 

receiver: Number of turns N: 1. Coil radii R: 600 mm. Transfer distance: 300 mm 

Fig. 2-34. Comparison of the analytical results and FEA results of the air-gap center 

plane electric field intensity 

 As shown in Fig. 2-34 (a), the air-gap electric field is mainly caused by the terminal 

excitation voltage, placing the transmitter terminal and the receiver terminal at opposite positions 

are helpful to balance the electric field distribution and reduce the air-gap center plane peak 

electric field intensity. According to Fig. 2-34 (b), the developed analytical model for the air-gap 

center plane electric field intensity agrees with the FEA result. Along the measurement line in 

the x-direction, only the y-component electric field intensity is nonzero, which follows previous 

theoretical analyses. The air-gap center plane peak electric field intensity is located at a distance 

almost equal to the coil radius due to the terminal electric field. 

 The effect of the number of turns on the air-gap center plane peak electric field intensity 

is evaluated, and the analytical results and FEA results with respect to the number of turns are 

compared in Fig. 2-35. 
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* Analytical, * FEA, - - IEEE C95.1-2005 general public exposure safety limit 

Test Conditions: Operating frequency: 0.1 MHz. Transfer distance: 300 mm. TX and RX 

radii: 600 mm. Inter-turn distance: 13.525 mm. Output power: 3 kW 

Fig. 2-35. Effect of the number of turns on the air-gap center plane peak electric field intensity 

 As shown in Fig. 2-35, Eagcppk increases almost linearly with the number of turns N due 

to the increase of the terminal excitation voltage V, since the self-inductance L is proportional to 

N2, and V ∝ ω0 × L × I ∝ ω0 × N2 × I ∝ ω0 × N × B. Even though B remains the same, V still 

increases linearly with the number of turns N under the same operating frequency. From V ∝ ω0 

× N × B, it’s easy to get the conclusion that Eagcppk increases as the operating frequency 

increases, the number of turns increases, and the magnetic flux density increases. 

2.6 Summary 

At the beginning, through the fair comparison of circular winding, square winding, 

rectangular winding, double-square winding, and double-D winding under the same test 

conditions, the circular winding is identified as the suitable configuration for loosely coupled 

inductive WPT system which can achieve the lowest air-gap center plane peak magnetic flux 

density and the lowest air-gap center plane peak electric field intensity while maintaining a high 

coil-to-coil efficiency. Besides that, the effect of the terminal clearance on the air-gap electric 

field intensity is also investigated, the terminal clearance affects the electric field that is very 

close to the excitation terminal and does not affect the air-gap center plane electric field intensity 

due to large transfer distance. 
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In the next section, based on the coil geometry and given operating frequency, the 

analytical methods to calculate the winding electrical parameters, such as the self- and mutual 

inductances, and the ESRs, are investigated. The loosely coupled inductive WPT system 

equivalent circuit model including the power converter, the transmitter coil, the receiver coil, and 

the rectifier is presented. According to the coil-to-coil efficiency analyses, the maximum 

achievable coil-to-coil efficiency ηcoil, max is fundamentally determined by the efficiency factor 

ω0
2 M2

 Rtx Rrx
, and increases with the efficiency factor, which is independent of the self-inductances 

and is not determined by k or Q independently, since k and Q are cross-coupled due to the self-

inductances. Various methods, such as increasing the operating frequency and the number of 

turns, which can increase the efficiency factor can be used to improve the coil-to-coil efficiency. 

Furthermore, the analytical methods to calculate the air-gap center plane magnetic flux 

density and electric field intensity for the loosely coupled inductive WPT system are developed, 

which are necessary to develop the system general design methodology satisfying the magnetic 

field and electric field safety limits when transferring multi-kW. The air-gap magnetic field and 

electric field are vector combination of the magnetic field and electric field generated by the 

transmitter coil and the receiver coil, respectively.  

According to the analysis of the air-gap center plane magnetic field distribution, the air-

gap center plane peak magnetic flux density is not always located at the central point due to the 

leakage flux. When the number of turns increases, the air-gap center plane peak magnetic flux 

density increases due to the reduction of the average coil radius and the increase of the magneto-

motive forces.  

From the analysis of the air-gap center plane electric field, the air-gap electric field is 

caused by two parts: the coil terminal excitation voltage and the AC magnetic field. Placing the 

transmitter coil terminal and the receiver coil terminal at opposite positions can balance the air-

gap electric field distribution. The air-gap center plane peak electric field intensity is located at a 

distance almost equal to the coil radius due to the coil terminal excitation voltage. In addition, 
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the air-gap center plane peak electric field intensity increases when the operating frequency 

increases, the number of turns increases, and the magnetic flux density increases due to the 

increments of the required coil terminal excitation voltage and the induced electric field by the 

AC magnetic field. 
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Chapter 3  Multi-kW Loosely Coupled 

Inductive Wireless Power Transfer System 

Design Methodologies 

3.1 Introduction 

This chapter begins with identifying general design variables based on the design 

requirements, then the multi-kW loosely coupled inductive WPT system general design 

methodology is developed based on the identified general design variables, the effects of the 

general design variable are investigated. After that, through emulating the 3D printed SSW, the 

copper tubing SSW is proposed to reduce the dielectric losses and the spatial voltage stress, 

surface spiral parallel winding and surface spiral antiparallel winding are proposed to reduce the 

ESR and equalize the spatial voltage stress. At last, a case study using the proposed design 

methodology is used to experimentally test the air-gap center plane magnetic field and electric 

field distributions, and the DC-to-DC efficiency when transferring multi-kW under aligned and 

misaligned conditions. 

3.2 Loosely coupled inductive WPT system general design 

methodology 

In this section, the general design variables are identified based on the design 

requirements, then the multi-kW loosely coupled WPT system general design methodology is 

developed to satisfy the air-gap center plane magnetic field and electric field safety limit. After 

that, the effects of the design variables on the air-gap center plane peak magnetic flux density 

and peak electric field intensity, and the coil-to-coil power transfer efficiency are investigated. 

3.2.1 Design requirements 

• Low magnetic flux density and low electric field intensity 

Since the WPT systems will be used in our daily life, the system must be safe for animals 

and human beings. In Chapter 1.2, the international regulations for the human body RF exposure 
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are reviewed. The nerve and muscle electro-stimulation and tissue heating are major issues. The 

level of electrostimulation is critical at below 5 MHz operating frequency, while the tissue 

heating issue must be taken into consideration when the operating frequency is higher than 100 

kHz, since it will have detrimental health effects if the sensitive tissues and organs have more 

than 1 °C rise in temperature. It should be noted that electrostimulation happens instantly, while 

tissue and whole-body heating requires time, the human and animal bodies can be treated as a 

water-cooled system because of the blood circulation. Compared with the IEEE C95.1-2005 

safety standard, the ICNIRP standards are widely considered too conservative, in addition, there 

is no health report saying that the IEEE C95.1-2005 standard is not safe. Even though using the 

IEEE C95.1-2005 safety standard as the reference, to the best knowledge of the author, there are 

no multi-kW WPT system designs that satisfy the magnetic field and electric field 

electrostimulation and tissue heating safety limits simultaneously in the air-gap center region. 

The air-gap center region magnetic flux density of the existing multi-kW systems operating at a 

low frequency, such as 20 kHz, is greater than 1 mT, which is much higher than the regulations 

and doesn’t satisfy the electrostimulation safety limit. Although the air-gap center region 

magnetic flux density of the existing multi-kW systems operating at MHz frequency, such as 3.7 

MHz, satisfies the electrostimulation safety limit, the tissue heating safety limit is not taken into 

consideration, in addition, the air-gap center region electric field intensity doesn’t satisfy the 

electrostimulation safety limit. Such high magnetic flux density and electric field intensity will 

cause severe injuries to human beings and animals. The safety issue must be the primary concern 

in the design of a loosely coupled inductive wireless EV battery charger. In this research, the 

design methodologies that can satisfy the magnetic field and electric field electrostimulation and 

tissue heating safety limits simultaneously when transferring multi-kW are proposed for the 

loosely coupled inductive WPT system. 

• High efficiency 
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It is important that the power transfer efficiency from the grid to the battery must be very 

high and it must be comparable to the efficiency of the wired (plug-in) chargers. Not only the 

power converter but also the coil-to-coil efficiency must be as high as possible.  The power 

converter efficiency can be improved by using soft switching techniques. As demonstrated in 

Chapter 2.3.4, the maximum achievable coil-to-coil efficiency is fundamentally determined by 

the efficiency factor 
ω0

2 M2

 Rtx Rrx
, and increases with the efficiency factor, which is independent of 

the self-inductances and is not determined by k or Q independently. Under given operating 

frequency, design methods that can improve the mutual inductance and reduce the winding ESR 

will improve the maximum coil-to-coil efficiency. Besides that, the effects of the design methods 

and the operating frequency on the air-gap center plane peak magnetic flux density and peak 

electric field intensity need special attention. 

• Low voltage-current ratings 

When transferring multi-kW, the voltage-current ratings of the coils will affect the 

selection of power devices and circuit topologies. Although the transmitted real power is the 

same in many designs, required reactive power and voltage-current ratings of the coils can be 

different depending on the circuit topologies. Proposer circuit design can minimize the voltage-

current ratings of the coils and the power devices. 

• Low total mass 

Low copper mass and low magnetic shield mass are essential to reduce the manufacturing 

cost and installation, especially the receiver side installing under the vehicle. The total mass of 

the WPT systems will be evaluated in the design stage. 

3.2.2 Design assumptions 

In this research, there are several assumptions that are made to develop the design 

methodologies. First, the feasible design space for the transmitter coil and the receiver coil is 

assumed to be given by the application. For stationary EV battery chargers, the circular 
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transmitter and receiver sizes are limited by the width of the vehicle. The maximum diameter of 

the transmitter and receiver is limited by 1600 mm based on normal vehicle width excluding the 

wheel space. Second, it is assumed the power transfer distance is given by the target application. 

In case of stationary EV battery charger, the power transmission distance is from the earth to the 

bottom of the vehicle. The normal ground clearance is from 150 mm to 250 mm, considering the 

transmitter can be buried in the ground, the transfer distance between the transmitter and the 

receiver is assumed as from 150 mm to 300 mm. Third, rated output power and receiver coil 

voltage are given in the design process, the lithium-ion battery voltage is in 200 V to 500 V in 

electric vehicles, the rated output power is assumed as 3 kW, which can be extended to higher 

power level based on the power scaling laws. 

3.2.3 Design variables identification 

According to the analyses in Chapter 2, the air-gap center plane peak magnetic flux 

density and peak electric field intensity are determined by the coil radius, the number of turns, 

the inter-turn distance, the transfer distance, and the operating frequency, therefore, these five 

variables are selected as the general design variables and must be determined by the design 

methodology to satisfy the magnetic and electric field safety limits when transferring the desired 

power, which is selected to 3 kW in this research. 

3.2.4 System general design methodology 

Using the analytical calculation methods developed in Chapter 2, the loosely coupled 

inductive WPT system general design methodology is demonstrated via an example using planar 

circular spiral winding to achieve low air-gap center plane magnetic flux density and low air-gap 

center plane electric field intensity while maintaining a high power transfer efficiency. The 

proposed general design methodology flowchart is shown in Fig. 3-1. 
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Initialize coil geometry within feasible design spaceStep 1

Calculate coil electrical parameters, such as Ltx, Lrx, 

Rtx, Rrx, and M under given coil configuration and f
Step 2

Calculate coil Vtx, Vrx, Itx, Irx, and ηm under rated Pout

using an equivalent transformer model
Step 3

Calculate Bagcppk and Eagcppk, evaluate with the IEEE 

C95.1-2005 safety limits
Step 4

Iterate through feasible transmitter and receiver N, dint, 

and r,  via looping back to step 2
Step 5

Iterate through feasible f, via looping back to step 2Step 7

Choose the optimal design based on ηm, Bagcppk and 

Eagcppk, and voltage-current ratings
Step 8

Iterate through feasible dag, via looping back to step 2Step 6

 

Fig. 3-1. Flow chart for proposed general design methodology 

Step 1: Initialize coil geometry within feasible design space 

Copper tubing is selected to build the transmitter and the receiver. According to the FEA 

comparison results, a copper tubing with an outside diameter 3/8’’ (9.525 mm) and wall 

thickness 0.032’’ (0.8128 mm) is selected due to its low skin effect AC resistance and easy 

ability to bend. Using copper tubing can simplify the FEA simulation compared with the Litz-

wire. Litz-wire has specific operating frequency range to reduce the skin effect and the proximity 

effect. When the actual operating frequency is higher than the Litz-wire operation frequency 

range, its ESR will increase significantly due to the proximity effect. In the general design 

methodology, the operating frequency is a general design variable, and the characteristics of the 

copper tubing over a wide operating frequency range are much more stable compared with the 
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Litz-wire. In the final stage, when the operating frequency is selected, the suitable Litz-wire can 

be used to improve the power transfer efficiency. 

The inter-turn distance 2c is set as 13.525 mm. The transfer distance between the 

transmitter and the receiver is set as 300 mm. Both numbers of turns are initialized as 1. Initial 

coil radii are selected as 600 mm, which is much smaller than normal vehicle chassis width. The 

transmitter and the receiver are set as the same at first to simplify the calculation. 

Step 2: Calculate winding electric parameters, such as the self-inductances, the 

mutual inductances, and the ESRs under given winding configuration and operating 

frequency 

The initial operating frequency is chosen as 0.1 MHz based on the IEEE C95.1-2005 

safety standard. Below 0.1 MHz, electrostimulation is the only safety concern. Above 0.1 MHz, 

tissue heating needs to be taken into consideration in addition to the electrostimulation, and 

tissue heating safety limit reduces as the operating frequency increases. The self-inductances, 

mutual inductances, and AC resistances of the transmitter and the receiver can be calculated 

based on the analytical methods developed in Chapter 2.3.1 and Chapter 2.3.2, respectively. 

Step 3: Calculate the coil-to-coil power transfer efficiency, voltages, and currents 

under rated power using an equivalent transformer model 

A resonant compensation network is required for loosely coupled WPT system to achieve 

high efficiency. According to the analyses in Chapter 2.3.4, the maximum achievable coil-to-coil 

efficiency is independent of the resonant compensation topologies, only the optimal loads are 

different under different resonant topologies. Based on the system equivalent models developed 

in Chapter 2.3.3 and Chapter 2.3.4, the required coil excitation voltages, currents, and the coil-to-

coil power transfer efficiency under the rated output power 3 kW and given load can be 

calculated accurately, which lays a foundation to calculate the air-gap center plane magnetic flux 

density and electric field intensity in the next step. The power converter loss, the rectifier loss, 
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and the resonant capacitors losses are not taken into consideration in this design methodology 

due to their nonlinear properties. 

Step 4: Calculate the air-gap center plane magnetic flux density and the air-gap 

center plane electric field intensity, evaluate with the IEEE C95.1-2005 safety standard 

Using the required coil currents and excitation voltages calculated from step 3, and the 

air-gap center plane magnetic flux density and electric field intensity analytical models 

developed in Chapter 2.4 and 2.5, the air-gap center plane peak magnetic flux density and peak 

electric field intensity can be calculated accurately. 

From the analyses in Chapter 2.4 and 2.5, the air-gap center plane peak magnetic flux 

density and peak electric field intensity are affected by the general design variables: the coil 

radius, the number of turns, the inter-turn distance, the transfer distance, and the operating 

frequency, therefore, it’s necessary to iterate through the general design variables to identify the 

valid design, general design guidelines will be presented in the following sections by analyzing 

the effects of the general design variables. 

Step 5: Iterate through feasible transmitter and receiver coils number of turns, coil 

radii, and inter-turn distance, via looping back to step 2 

During the iteration process, the transmitter and receiver coils number of turns vary from 

1 to 7, the coil radii increase from 300 mm to 800 mm with step 50 mm, two inter-turn distances 

10.525 mm and 13.525 mm are compared to identify the effects of the inter-turn distance. All 

iterations are calculated under two operating frequencies: 0.1 MHz and 0.5 MHz. Under 0.5 

MHz, the tissue heating magnetic and electric field safety limits must be taken into consideration 

in addition to the electrostimulation safety limits. 

Step 6: Iterate through feasible transfer distance, via looping back to step 2 

During the iteration process, the transfer distance between the transmitter and the receiver 

increases from 150 mm to 400 mm with step 50 mm to identify the effects of the transfer 

distance on magnetic and electric field distributions, and power transfer efficiency. 
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Step 7: Iterate through feasible operating frequency, via looping back to step 2 

The widely used operating frequencies for inductive WPT systems are 20 kHz, 85 kHz, 

100 kHz, 1 MHz, 6.78 MHz, and 13.56 MHz. The feasible operating frequency range is 

identified as from 0.05 MHz to 10 MHz. During the iteration process, the operating frequency 

increases from 0.05 MHz to 10 MHz with step 0.05 MHz identify the effects of the operating 

frequency with respect to the power transfer efficiency, the air-gap center plane peak magnetic 

flux density and electric field intensity, and the safety standards. 

Step 8: Choose the optimal design based on the power transfer efficiency, the air-

gap center plane peak magnetic flux density and peak electric field intensity, and voltage-

current ratings 

After previous steps, feasible designs that satisfy the magnetic field and electric field 

safety limits, power transfer efficiency, and voltage-current rating requirements could be found, 

a multi-objective optimal function can be created to balance all considerations with different 

weighting coefficients, the optimal one can be selected based on practical applications. 

3.2.5 Effects of the number of turns and the operating frequency 

In the test example to evaluate the effects of the number of turns and the operating 

frequency, the transmitter and the receiver outer coil radii are chosen as 600 mm, the inter-turn 

distance is initialized as 13.525 mm, the transfer distance is picked as 300 mm, the number of 

turns increases from 1 to 7 with step 1, two operating frequencies 0.1 MHz and 0.5 MHz are 

used to do a simple comparison. When the output power is 3 kW, the effects of the number of 

turns and the operating frequency on the maximum achievable coil-to-coil efficiency ηcoil, max, 

the air-gap center plane peak magnetic flux density Bagcppk and peak electric field intensity 

Eagcppk are plotted in Fig. 3-2. The IEEE C95.1-2005 safety limits in rms values are transformed 

into peak values by multiplying 2  considering the currents and the voltages are sinusoidal 

waves. 
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(a) ηcoil, max w.r.t number of turns (b) Bagcppk w.r.t number of turns 
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(c) TX side Eagcppk w.r.t. number of turns (d) RX side Eagcppk w.r.t. number of turns 

Test Conditions: output power 3 kW, operating frequency 0.1 MHz and 0.5 MHz.  

Transmitter (TX) and receiver (RX): coil outer radius 600 mm, inter-turn distance 13.525 mm, 

transfer distance 300 mm.  

IEEE C95.1-2005 standard: magnetic field electrostimulation safety limit (Peak) 289 μT @ 0.1 

MHz and 289 μT @ 0.5 MHz, magnetic field tissue heating safety limit (Peak) 289 μT @ 0.1 

MHz and 57 μT @ 0.5 MHz, electric field combined safety limits (Peak): 868 V/m @ 0.1 

MHz and 868 V/m @ 0.5 MHz. 

Fig. 3-2. Effects of the number of turns and operating frequency on the maximum coil-to-coil 

efficiency, the air-gap center plane peak magnetic flux density and peak electric field intensity 

 As shown in Fig. 3-2 (a), under 0.1 MHz and 0.5 MHz, when the number of turns 

increases, the maximum achievable coil-to-coil efficiency ηcoil, max increases, because the 

mutual inductance increase rate is higher than the ESR increase rate, which lead to the increase 

of the efficiency factor 
ω0

2 M2

 Rtx Rrx
. Besides that, ηcoil, max increase rate reduces as the number of 

turns increases due to the proximity effect, therefore, as the number of turns keeps increasing, 

ηcoil, max may reduce instead of increasing due to the ESR increase caused by the proximity 
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effect. Compared with operating at 0.1 MHz, ηcoil, max is higher under 0.5 MHz due to the 

increase of the efficiency factor caused by the operating frequency.  

 According to Fig. 3-2 (b), under 0.1 MHz and 0.5 MHz, when the number of turns 

increases, Bagcppk increases due to the increase of the magnetomotive force and the reduction of 

the average coil radius. Compared with operating at 0.1 MHz, Bagcppk is much lower under 0.5 

MHz, since the required coil excitation currents are reduced to transfer the same amount of 

power as the operating frequency increases. When considering the tissue heating safety limit, the 

magnetic field tissue heating safety limit under 0.5 MHz is 5 times lower than the safety limit 

under 0.1 MHz. It’s easier to satisfy the magnetic field electrostimulation safety limit when 

increasing the operating frequency, however, it’s not easy to satisfy the magnetic field tissue 

heating and electric field safety limits under high operating frequency. 

 The transmitter and the receiver terminals are placed at opposite positions to balance the 

air-gap electric field distribution, so Eagcppk is evaluated along the transmitter side and the 

receiver side as shown in Fig. 3-2 (c) and (d). Under 0.1 MHz and 0.5 MHz, Eagcppk increases 

when the number of turns increases, because the required terminal excitation voltage increases 

mainly caused by the increase of the self-inductance. Besides that, the induced electric field also 

increases as the magnetic flux density increases with the number of turns. Compared with 

operating at 0.1 MHz, Eagcppk is much higher under 0.5 MHz, since the required coil excitation 

voltages increase to transfer the same amount of power as the operating frequency increases and 

the induced electric field is proportional to the operating frequency. Although the electric field 

combined safety limits remain the same until 1.34 MHz, it’s difficult to satisfy the electric field 

combined safety limits under high operating frequency with a large number of turns.  

When operating at low frequency (below 0.1 MHz) and pushing to transfer higher power 

level, the air-gap center plane magnetic flux density, rather than the electric field intensity, will 

first meet the safety limit. When operating at high frequency (above 0.1 MHz), both the magnetic 
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field tissue heating safety limit and electric field safety limit must be taken into consideration. 

It’s a tradeoff between the magnetic field and the electric field to transfer to higher power level. 

3.2.6 Effects of the coil radii and the inter-turn distance 

In the test example to evaluate the effect of the coil radii on Bagcppk, the transmitter and 

the receiver numbers of turns are set as 1, the transfer distance is picked as 300 mm, the coil radii 

increase from 300 mm to 800 mm with step 50 mm, two operating frequencies 0.1 MHz and 0.5 

MHz are used to do a simple comparison. When the output power is 3 kW, the analytical 

calculation result is plotted in Fig. 3-3. 
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Test Conditions: output power 3 kW, operating frequency 0.1 MHz and 0.5 MHz.  

Transmitter (TX) and receiver (RX): number of turns 1, transfer distance 300 mm.  

IEEE C95.1-2005 standard: magnetic field electrostimulation safety limit (Peak) 289 μT @ 0.1 

MHz and 289 μT @ 0.5 MHz, magnetic field tissue heating safety limit (Peak) 289 μT @ 0.1 

MHz and 57 μT @ 0.5 MHz. 

Fig. 3-3. Effects of the coil radii on the air-gap center plane peak magnetic flux density via 

analytical calculation  

As shown in Fig. 3-3, under 0.1 MHz and 0.5 MHz, when the coil radii increase, Bagcppk 

reduces. The reduction rate of Bagcppk reduces as the coil radii keep increasing. Considering that 

it’s a tradeoff between the magnetic field and the electric field to transfer higher power, it’s 

better to use an equivalent transmitter and receiver coil radii and number of turns to balance the 

magnetic and electric field distributions.  

The reason that the reduction rate of Bagcppk reduces as the coil radii increases is 

investigated through an FEA comparison of coils with radii 200 mm, 400 mm, and 600 mm. The 
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transmitter coil and the receiver coil are set as the same, the number of turns is 1, the transfer 

distance is 300 mm, and the operating frequency is 0.1 MHz. When the output power is 3 kW, 

the air-gap magnetic field distributions and the air-gap center plane magnetic flux densities are 

compared in Fig. 3-4. 
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(g) Air-gap center plane 

magnetic flux density for 

R = 200 mm winding 

(h) Air-gap center plane 

magnetic flux density for 

R = 400 mm winding 

(i) Air-gap center plane 

magnetic flux density for 

R = 600 mm winding 

Legend: FEA magnetic flux density Btotal, Bx, By, Bz. 

Test Conditions: output power 3 kW, operating frequency 0.1 MHz. 

Transmitter (TX) and receiver (RX): number of turns 1, transfer distance 300 mm.  

Fig. 3-4. Effects of the coil radii on the air-gap center plane peak magnetic flux density 

via FEA simulation 
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 As shown in Fig. 3-4, the air-gap center plane peak magnetic flux density and z-direction 

magnetic flux density keep reducing as the coil radii increase, however, Bagcppk is limited by the 

leakage flux or the radial-direction magnetic flux density when the coil radii are large, therefore, 

the reason that the reduction rate of Bagcppk reduces as the coil radii increases is the leakage flux. 

In addition, because of the leakage flux, the location of Bagcppk is shifted from the central point 

to the winding edge when the coil radii increase. 

In the test example to evaluate the effect of the inter-turn distance on Bagcppk and the 

maximum coil-to-coil efficiency ηcoil, max, the transfer distance is picked as 300 mm, the number 

of turns increases from 1 to 7 with step 1 with constant outer radius 600 mm, the operating 

frequency is 0.1 MHz, Bagcppk and ηcoil, max under the inter-turn distances 13.525 mm and 

10.525 mm are compared in Fig. 3-5. 
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(a) Bagcppk w.r.t. number of turns (b) ηcoil, max w.r.t. number of turns 

Test Conditions: output power 3 kW, operating frequency 0.1 MHz.  

Transmitter (TX) and receiver (RX): coil outer radius 600 mm, inter-turn distance 

10.525 mm, 13.525 mm, transfer distance 300 mm.  

Fig. 3-5. Effects of the inter-turn distance on the air-gap center plane peak magnetic 

flux density and the maximum achievable coil-to-coil efficiency 

 As shown in Fig. 3-5, when the inter-turn distance reduces, the coil-to-coil maximum 

efficiency ηcoil, max reduces due to the increase of the ESR caused by the proximity effect, 

Bagcppk also reduces due to the increase of the average coil radius. In addition, it’s easy to 

achieve lower Bagcppk when the transmitter and the receiver are the same. Therefore, winding 

configurations with small inter-turn distance and low ESR can achieve lower Bagcppk and higher 
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ηcoil, max, such as the surface spiral winding, which maintains equal diameter per turn and low 

ESR by following the Litz-wire twist pattern to reduce the proximity effect loss; and it’s better to 

make the transmitter the same as the receiver. 

3.2.7 Effects of the transfer distance 

When the winding radius is large enough, Bagcppk is limited by the leakage flux, which 

fundamentally has the exponential decay property, so does the terminal electric field, therefore, 

it’s necessary to investigate the effects of the transfer distance to identify a better candidate for 

the practical applications. 

During the evaluation, the transmitter and the receiver are both set the same as 1 turn and 

500 mm coil radius. The operating frequency is chosen as 0.1 MHz. The transfer distance 

increases from 150 mm to 400 mm with step 50 mm. The measurement line is along the air-gap 

center plane as shown in Fig. 3-6. 

Increase the transfer distance

between the transmitter and

the receiver
Test the magnetic flux

density along the air-

gap center plane.Transmitter

Receiver

 

Fig. 3-6. Evaluation configuration for the effects of the transfer distance 

 When the output power is 3 kW, the air-gap magnetic field distributions with transfer 

distances 200 mm and 400 mm are compared in Fig. 3-7 (a) and (b). The analytical calculation 

results and the FEA results of Bagcppk and ηcoil, max with respect to the transfer distance are 

compared in Fig. 3-7 (c) and (d). The air-gap electric field distributions with transfer distances 

200 mm and 400 mm are compared in Fig. 3-7 (c) and (d). The analytical calculation results and 

the FEA results of Eagcppk at the TX side and the RX side with respect to the transfer distance 

are compared in Fig. 3-7 (g) and (h). 
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 Transfer distance [mm]  Transfer distance [mm] 

(g) TX side Eagcppk w.r.t. transfer distance 
(h) RX side Eagcppk w.r.t. transfer 

distance 

Legend: Analytical results, FEA results 

Test Conditions: output power 3 kW, operating frequency 0.1 MHz.  

Transmitter (TX) and receiver (RX): coil outer radius 500 mm, number of turns 1.  

Fig. 3-7. Effects of the transfer distance on the air-gap center plane peak magnetic flux 

density and peak electric field intensity, and the maximum coil-to-coil efficiency 

As shown in Fig. 3-7 (a) and (b), the magnetic fields around the coils are almost the same 

for the windings with 200 mm transfer distance and the windings with 400 mm transfer distance 

due to the leakage flux. When the transfer distance increases, the leakage flux density in the air-

gap center plane reduces, therefore Bagcppk reduces as shown in Fig. 3-7 (c). Besides that, the 

reduction rate of Bagcppk reduces as the transfer distance increases. As the transfer distance 

increases, ηcoil, max reduces due to the reduction of mutual inductance as shown in Fig. 3-7 (d). 

The required excitation currents will increase in order to transfer the same amount of output 

power as the transfer distance keeps increasing, which may increase the leakage magnetic flux 

density around the coil and the z-direction magnetic flux density. According to Fig. 3-7 (e) and 

(f), the air-gap center plane electric field intensity reduces as the transfer distance increases due 

to the decay property of the terminal electric field. The air-gap center plane peak electric field 

intensities at the TX side and the RX side reduce as the transfer distance increases as shown in 

Fig. 3-7 (g) and (h). The analytical calculation results are not accurate when the transfer distance 
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is small because of the effect of terminal clearance. It’s necessary to develop some techniques to 

make the electric field close to the excitation terminal safe. 

Tuning the transfer distance can be treated as a tradeoff between ηcoil, max, and Bagcppk 

and Eagcppk. Considering the electric vehicle ground clearance, 300 mm transfer distance is 

selected to balance ηcoil, max, and Bagcppk and Eagcppk. 

3.2.8 Effects of the operating frequency with respect to the safety standard 

According to previous analyses under 0.1 MHz and 0.5 MHz, when the operating 

frequency increases, Bagcppk reduces, and Eagcppk increases. Above 0.1 MHz, the magnetic field 

tissue heating safety limit must be taken into consideration. Besides that, the combined electric 

field intensity reduces above 1 MHz. Therefore, it’s necessary to evaluate the operating 

frequency effects with respect to the safety standard to provide a general guideline when 

selecting the operating frequency. 

During the evaluation, the transmitter and the receiver are set as the same. The number of 

turns is 1, the transfer distance is set as 300 mm, the coil radii increase from 400 mm to 800 mm 

with step 100 mm. Bagcppk and Eagcppk, and ηcoil, max are evaluated with respect to the operating 

frequency as shown in Fig. 3-8.  
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Test Conditions:  

Output power: 3 kW.  

Transfer distance: 300mm.   

TX and RX number of turns: 1.  

TX and RX radii [mm]:  

— 400, — 500, — 600, — 700, — 800  

General public exposure (Peak): 

- - IEEE B-field electrostimulation limit 

- - IEEE B-field tissue heating limit 

- - IEEE combined E-field limit  Operating frequency [MHz] 

(c) ηcoil, max w.r.t. the operating frequency 

Fig. 3-8. Effects of the transfer distance on the air-gap center plane peak magnetic flux 

density and the maximum achievable coil-to-coil efficiency 

 As shown in Fig. 3-8 (a), Bagcppk reduces as the operating frequency increases, it's easy 

to satisfy the magnetic field electrostimulation safety limit when operating at above 0.1 MHz. 

However, the reduction rate of Bagcppk is slower than the reduction rate of the tissue heating 

safety limit, therefore, it’s not recommended to operate at MHz frequency level when the WPT 

system is required to meet the tissue heating safety limit.  

According to  Fig. 3-8 (b), Eagcppk increases as the operating frequency increases and the 

coil radius increases, it's easy to satisfy the electric field combined safety limits when operating 

at below 1.34 MHz. Above 1.34 MHz, the electric field combined safety limits reduce while 

Eagcppk increases as the operating frequency increases. Considering the air-gap center plane 

electric field intensity is mainly caused by the terminal excitation field, which is determined by 

the excitation voltage V and the terminal clearance, while V ∝ L*ω*i ∝ N2*ω*I, low number of 

turns and small coil radius design provides a possible solution to satisfy the electric field safety 

limit when operating at high frequency. 

From Fig. 3-8 (c), ηcoil, max increases as the operating frequency increases and the coil 

radii increase. For the 1 turn coil, only the skin effect AC resistance needs to be considered. The 

AC resistance can be calculated as  

Rskin = ρ 
l

π R2 – π (R – δ)2  = ρ 
l

2 π R δ – π δ2                             (3.1) 
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Where ρ is electrical resistivity, l is the conductor length, R is the copper tubing outside radius, δ 

is the skin depth, δ = 
2ρ

ω0μ
, μ is the permeability. 

 When the transmitter and the receiver are set as the same, the efficiency factor can be 

simplified into 

ω0
2 M2

 Rtx Rrx
 =  M2 







ω0

Rskin

 
2

 = M2 






ω0 (2 π R δ – π δ2)

ρ l
 
2

 = M2 






2 π R

l
 

2 ω0

 μ ρ
 – 

2 π ρ

μ l
 
2

 (3.2) 

It’s easy to find that the efficiency factor increases with the operating frequency and the 

mutual inductance, which lead to a higher coil-to-coil efficiency. Although increasing the 

operating frequency can increase the quality factor, it’s not the quality factor that fundamentally 

determines the maximum achievable coil-to-coil efficiency. 

The design goal in this research is satisfying the magnetic field and electric field 

electrostimulation and tissue heating safety limits in the air-gap center plane when transferring 3 

kW and maintaining a high transfer efficiency, based on the design considerations and the 

analyses in this section, the operating frequency is chosen as 0.1 MHz, the transmitter and the 

receiver are set as the same, the coil radius is selected as 600 mm, the number of turns is selected 

as 3 turns, surface spiral winding configuration will be used since it maintains equal diameter per 

turn to achieve zero inter-turn distance, which is good to achieve low air-gap center plane peak 

magnetic flux density. Alternative surface spiral winding configurations are required to reduce 

the spatial voltage stress especially between the first turn and the end turn to avoid voltage 

breakdown, and to reduce the dielectric losses and the ESR to improve the efficiency. 

3.3 Low dielectric losses, low spatial voltage stress, low ESR 

surface spiral, parallel and antiparallel windings design 

methodologies 

In this section, design methods to reduce the SSW dielectric losses will be presented at 

first, then alternative dielectric support geometries to withstand higher breakdown voltage will 

be introduced, after that, copper tubing SSW will be developed to reduce the spatial voltage 
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stress and achieve low dielectric loss simultaneously. At last, surface spiral parallel winding 

(SSPW) and surface spiral antiparallel winding (SSAPW) design methodologies will be 

proposed to reduce the ESR and equalize the spatial voltage stress distribution. 

3.3.1 Low dielectric losses surface spiral winding designs 

The dielectric loss per unit volume of a substrate material can be calculated using (3.3) 

[250]. 

Wvol = 
Power loss

Volume
  = ω E2 ε0 εr (tan δ)                                 (3.3) 

In order to reduce the dielectric losses, according to above loss density equation, since the 

operating frequency can’t be changed, there are mainly two methods: one method is reducing 

relative permittivity (dielectric constant) and dissipation factor, which are determined by 

materials. Another method is reducing the spatial voltage stress. 

• Low dielectric losses substrate materials 

During selecting appropriate dielectric substrate, not only dielectric constant and 

dissipation factor should be considered, but heat deflection temperature should also be taken into 

consideration, since the dielectric substrate for SSW is 3D printed, for example, the dielectric 

constant of Polytetrafluoroethylene (PTFE) at 1 MHz is 2.1, and its dissipation factor is 0.0002 at 

1 MHz, which is a better choice compared with Polycarbonate (PC) or ABS. However, the 

melting point of PTFE is 330 ̊C, it starts decomposing before melting and releasing toxic fumes 

above 250 ̊C. Therefore, PTFE is not suitable to use as dielectric substrate material. 

Selected materials that are suitable for 3D printing are compared in Table 3-1. 

Table 3-1. Selected suitable 3D printing materials  

Material Dielectric constant Dissipation factor 
Heat deflection 

temperature 

Somos_Next (SN) 

(SSW 1st generation) 

3.62  
@1 MHz 

0.034  
@ 4 MHz 

56 ̊C  
@ 0.46 MPa 

Acrylonitrile butadiene 

styrene (ABS) 

3.3  
@ 1 MHz 

0.02  
@ 1 MHz 

98 ̊C  
@ 0.46 MPa 

Polycarbonate (PC)  

(SSW 2nd generation) 

3.0 
@1 MHz 

0.0063  
@ 4 MHz 

138  ̊C  
@ 0.46 MPa 
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Polytetrafluoroethylene  

(PTFE) 

2.1 
@ 1 MHz 

0.0002  
@ 1 MHz 

73 ̊C  
@ 0.46 MPa 

Perfluoroalkoxy (PFA) 
2.1  

@ 1 MHz 
0.0001  

@ 1 MHz 
75 ̊C  

@ 0.46 MPa 
Polyethylene (PE) 

2.26  
@ 1MHz 

0.0002  
@ 1 MHz 

85 ̊C  
@ 0.46 MPa 

Fluorinated ethylene 

propylene (FEP) 

2.1  
@ 1 MHz 

0.0006  
@ 1 MHz 

77 ̊C  
@ 0.46 MPa 

According to Table 3-1, PFA and FEP have almost the same heat deflection temperature 

and dielectric constant which is lower than PE, but the dissipation factor of PFA is much lower. 

Therefore, PFA is selected to evaluate the effect of dielectric constant and dissipation factor. 

 Electric field intensity and volume loss density of dielectric bridge cross-section region 

using PC and PFA are compared in Fig. 3-9. 
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(a) Electric field intensity and volume loss density FEA results using PC 
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(b) Electric field intensity and volume loss density FEA results using PFA 

Fig. 3-9. Comparison of electric field intensity and volume loss density of dielectric 

bridge cross-section region for SSW using PC and PEA at 3 kW, 3.7 MHz 

As shown in Fig. 3-9, since the coil geometry and the test conditions remain the same, the 

electric field intensity FEA results using PC and PFA are almost the same, however, due to low 
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dissipation factor and low dielectric constant of PFA, a dielectric substrate using PFA has much 

lower volume loss density. The volume loss density between the first turn and the end turn is still 

large because the spatial voltage stress between the first turn and the end turn is the maximum 

location due to SSW geometry limitation as shown in Fig. 1-75. 

Loss distribution and coil-to-coil power transfer efficiency of SSW using PC and PFA are 

compared in Fig. 3-10. 
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Fig. 3-10. Comparison of loss distribution and coil-to-coil power transfer efficiency 

using PC and PEA at 3 kW, 3.7 MHz 

 As shown in Fig. 3-10, the total copper losses using PC and PFA are almost the same, 

changing dielectric substrate material affects parasitic capacitance, which affects equivalent self-

inductance, mutual inductance and optimal load for peak coil-to-coil power transfer efficiency, 

primary copper loss, and secondary copper loss change a little. However, dielectric losses using 

PFA reduces from 20.196 W to 0.783 W, which is almost negligible compared with the copper 

loss, therefore, low dissipation factor and low relative permittivity materials can be used to 

reduce dielectric losses under same voltage stress. During the selection of dielectric materials, 

manufacturing technique should also be taken into consideration. 

• Low spatial voltage stress surface spiral parallel winding design 

Although low dielectric constant and low dissipation factor substrate materials could help 

reducing dielectric losses, there are still limitations due to manufacturing technique. In addition, 

one material can’t have the best performances in all categories, for example, compared with PC, 

PFA has much lower dielectric constant and dissipation factor, however, its heat deflection 
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temperature is almost half of PC’s heat deflection temperature, higher deflection temperature 

generally means the higher possibility to transfer higher power. Therefore, it’s better to reduce 

dielectric losses using geometric solutions. 

Surface spiral parallel winding (SSPW) is proposed to reduce the voltage stress between 

adjacent turns. SSPW adds another copper layer within the dielectric substrate as shown in Fig. 

3-11.  

2nd copper layer

1st copper layer (CL)

 

Fig. 3-11. Surface spiral parallel winding geometry 

With two copper layers in parallel, the total current will be shared by both copper layers. 

Since the thickness of the dielectric substrate is just 2 mm, the first copper layer and the second 

copper layer have almost the same self-inductance and ESR, current in each layer will be equal 

to half of the total current, the voltage between adjacent turns in each layer will also be reduced 

to half of the voltage between adjacent turns of SSW. However, the voltage stress across 

dielectric bridges is not reduced by half since both layers will produce voltage stress across 

dielectric bridges. The electric field intensity and volume loss density of SSPW and SSW across 

dielectric bridges and dielectric substrate are compared in Fig. 3-12. 
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(a) SSW electric field intensity and volume loss density FEA results using PC 
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(b) SSPW electric field intensity and volume loss density FEA results using PC 

Fig. 3-12. Comparison of electric field intensity and volume loss density of dielectric 

bridge cross-section region for SSW and SSPW using PC at 3 kW, 3.7 MHz 

As shown in Fig. 3-12, compared with SSW geometry, the voltage stress of dielectric 

substrate in SSPW geometry is reduced to relatively small value since the voltages and currents 

in the first copper layer and the second copper layer are supposed to be the same along the 

dielectric substrate due to parallel structure. Compared with SSW geometry, SSPW geometry 

helps reducing dielectric substrate losses significantly and concentrating dielectric losses within 

dielectric bridges. The voltage stress and the dielectric losses between the first turn and the end 

turn are still relatively large even using SSPW geometry. Loss distribution and coil-to-coil power 

transfer efficiency of SSW using PC and PFA are compared in Fig. 3-13. 
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Fig. 3-13. Comparison of loss distribution and coil-to-coil power transfer efficiency for SSW 

using PC and PEA, and SSPW using PC at 3 kW, 3.7 MHz 

 As shown in Fig. 3-13, the total copper losses for SSW and SSPW are almost the same. 

Although using parallel structure, DC resistance can reduce by half. Due to skin effect and 

proximity effect, AC resistances remain almost the same for 7 turns SSW and SSPW. The total 

dielectric losses are reduced by 44.5% with SSPW using PC. If SSPW is built with PFA, the 

coil-to-coil power transfer efficiency can be higher than SSW. 

• Low dielectric losses concave dielectric bridge design 

The voltage or the voltage stress across dielectric bridges of the SSW and the SSPW with 

copper layer remains almost the same, if the dielectric bridges are treated as resistors, the 

dielectric losses can be reduced when the resistance increases, it’s better to use small short 

bridges to keep the dielectric losses low, which means that the cross-section area of the dielectric 

bridges almost couldn’t change, therefore, the concave dielectric bridge geometry using long 

bridges as shown in Fig. 3-14 provides the opportunity to reduce the dielectric losses. 

Copper layer
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Copper layer

②
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2nd copper layer

③
 

1st copper layer 2nd

copper
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(a) SSW and SSPW with normal dielectric geometry and concave dielectric geometry 
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(b) Volume loss density of dielectric bridge cross-section region FEA results using PC 
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(c) Volume loss density of dielectric bridge cross-section region FEA results using PFA 

Fig. 3-14. Comparison of volume loss density of dielectric bridge cross-section region for 

SSW and SSPW with normal dielectric geometry and concave dielectric geometry using PC 

and PFA, respectively, at 3 kW, 3.7 MHz 

 As shown in Fig. 3-14, when using PC and PFA as the dielectric substrate materials, 

SSW with concave dielectric geometry and SSPW with normal bridges have almost the same 

coil-to-coil power transfer efficiency, since the total copper losses remain almost the same for 

SSW and SSPW as shown in the previous section, the dielectric losses with concave geometry 

can also reduce the dielectric losses by 45% as SSPW. For SSPW with the second copper layer 

inside, the width of the second copper layer should be reduced compared with the first copper 

layer due to the concave bridge. However, the SSPW with a concave dielectric bridge using PFA 

can still achieve the highest coil-to-coil power transfer efficiency of 97.82%. 

Although above proposed geometric solutions can effectively reduce the dielectric losses, 

the spatial voltage stress between the first turn and the end turn is still a potential threat when 

operating at high power level due to voltage breakdown possibility. The following section will 

introduce methods to increase dielectric withstand voltage. 
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3.3.2 High dielectric breakdown voltage surface spiral winding designs 

The spacing clearance between components that are required to withstand a given 

working voltage is specified in terms of clearance and creepage. A visual representation of the 

distinction between these terms, and their applicability to board-mounted components, is shown 

in Fig. 3-15 [253]. 

 

Fig. 3-15. Definitions of Creepage and Clearance 

Clearance is defined as the shortest distance through air between two conductive parts. 

Breakdown along a Clearance path is a fast phenomenon where damage can be caused by a very 

short duration impulse. Creepage is defined as the shortest distance between two conductive 

parts along the surface of any insulating material common to both parts. While the path is in the 

air, it is heavily influenced by the surface condition of the insulation material. Breakdown of the 

creepage distance is a slow phenomenon determined by dc or RMS voltage levels rather than 

peak events. Inadequate creepage spacing may last for days, weeks, or months before it fails. 

 

Fig. 3-16. Voltage breakdown region when transferring 1 kW 

During the SSW experimental test, the voltage breakdown happens instantly between the 

first turn and the end turn when pushing to transfer 1 kW as shown in Fig. 3-16, since the spatial 
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clearance between the first turn and the end turn is not large enough to withstand the voltage 

stress. An insulated barrier can be added between the first turn and the end turn to increase the 

clearance, or the shortest distance through the air. 

When the insulated barrier is added, it should be added along the spatial space between 

the first turn and end turn. Since the maximum voltage stress is located in the region between the 

first turn and the end turn, the dielectric losses caused by the solid insulated barrier would be 

much higher than the traditional design. The coil-to-coil power transfer efficiency, the volume 

loss density across dielectric bridge region and the dielectric losses are compared in Fig. 3-17. 
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(b) Volume loss density of dielectric bridge cross-section region FEA results using PC 

Fig. 3-17. Comparison of dielectric bridge cross-section region for SSW with normal 

bridge and solid insulated barrier using PC at 3 kW, 3.7 MHz 

As shown in Fig. 3-17, the clearance with the normal bridge between the first turn and the 

end turn is 2.5 mm. The clearance with the solid insulated barrier is increased to 12.5 mm, which 

is enough to withstand the voltage stress when transferring 3 kW. However, with the solid 

insulated barrier, the dielectric losses are increased from 20.196 W to 80.6844 W, and the coil-to-

coil power transfer efficiency drops from 97.01% to 94.55%. The main dielectric losses are 
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caused by the solid insulated barrier as shown in the volume loss distribution result. Methods to 

reduce the dielectric losses of the insulated barrier should be developed. 

If the insulated barrier is treated as a resistor, the methods that can increase the equivalent 

resistance are practical to reduce the dielectric losses. The cross-section area of the insulated 

barrier can be reduced by using a hollow barrier. The length can be increased by increasing the 

barrier height. The equivalent resistance can also be increased by using open barrier structure.  

Insulated barrier structures and volumetric loss density FEA results are shown in Fig. 3-18. 
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(b) Volume loss density of dielectric bridge cross-section region FEA results using PC 

Fig. 3-18. Comparison of volume loss density of dielectric bridge cross-section region 

for SSW with hollow and open insulated barriers using PC at 3 kW, 3.7 MHz 

As shown in Fig. 3-18, when the solid insulated barrier is changed to the hollow insulated 

barrier with wall thickness 0.5 mm, the dielectric losses are reduced from 80.6844 W to 33.5909 

W, the coil-to-coil efficiency increases from 94.55% to 96.48%. When the height of the hollow 

insulated barrier is reduced by half, the dielectric losses increase about 1.2 W, which verifies that 

the dielectric losses can be reduced by increasing the barrier equivalent length, namely, the 

equivalent resistance. When the hollow insulated barrier is changed to the open one, which 

further increases the equivalent resistance, the dielectric losses are further reduced by 2.5 W, the 

coil-to-coil efficiency is increased to 96.53%. 
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Although the hollow insulated barrier and the open insulated barrier structures can reduce 

the dielectric losses while maintaining high dielectric breakdown voltage compared with the 

solid insulated barrier structure, the dielectric losses are still high compared with the SSW with 

the normal bridge. Alternative geometries that can simultaneously reduce dielectric losses and 

spatial voltage stress are required. 

3.3.3 Emulating the 3D printed SSW using copper tubing 

In the traditional SSW, the dielectric substrate is necessary to support the thin copper 

layer since the copper layer is too thin to support themselves. The dielectric losses are mainly 

located in the dielectric bridge region, and the thin copper layer is practical to reduce the skin 

effect copper loss. The proximity effect copper loss between adjacent turns is reduced by 

twisting each turn. The twist factor was optimized as 1. The voltage distribution between 

adjacent turns is shown in Fig. 3-19. 
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Fig. 3-19. Surface spiral winding voltage distribution 

When the twist factor is 1, the spatial voltage between the first turn T1 and the end turn 

TN is (N – 1) × V/N, where N is the number of turns, and V is the terminal voltage, therefore, 

the spatial voltage between T1 and T7 as shown in Fig. 3-19 is 6V / 7. It’s easy to find that the 

spatial air clearance can be increased to increase the breakdown voltage limit and reduce the 

dielectric losses simultaneously. 

When the copper layer is replaced by the thick copper tubing, the dielectric substrate can 

be removed. The dielectric pad can be used to maintain the twist pattern. Compared with the 
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traditional SSW, the dielectric losses can be reduced. The skin effect copper loss could be the 

same when the perimeters of the copper layer and the copper tubing are equal even if the 

thickness is much larger than the skin depth. The proximity effect copper loss can be much lower 

when the copper tubing twisting pattern emulates the 3D printed SSW twist pattern due to the 

automatic increase of the spatial clearance between adjacent turns. A copper tubing SSW 

configuration with dielectric support pads is shown in Fig. 3-20. 
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T6 T7  
(a) Copper tubing SSW (b) Cross-sectional view at support pad 

Fig. 3-20. A copper tubing SSW configuration with dielectric support pads 

The perimeter of the copper layer for the 3D printed SSW is 40.75 mm, while the 

perimeter of the copper tubing SSW is 29.92 mm. The skin depth at 3.7 MHz is 33.89 μm, which 

is smaller than the copper thicknesses for both SSWs. The skin effect AC resistance of the 

copper tubing SSW is about 4/3 times that of the copper layer SSW. However, the spatial air 

clearance increases from 2.5 mm of the 3D printed SSW to 12.2 mm of the copper tubing SSW, 

which increases the breakdown voltage limit by 4.88 times and reduces the copper loss due to the 

proximity effect. For both SSWs, the receiver winding is a 1 turn copper tubing with a radius of 

180 mm, the transfer distance between the transmitter and the receiver is set as 300 mm. The loss 

distributions and spatial electric fields across dielectric supports of the 3D printed SSW and the 

copper tubing SSW coil configuration are compared in Fig. 3-21. 
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Output power: 3 kW 

Operating frequency: 3.7 MHz 

Transfer distance: 300 mm 

Receiver: 1 turn, radius 180 mm 
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(c) Comparison of loss distributions 

Fig. 3-21. Comparison of spatial electric fields across dielectric supports and loss 

distributions for 3D printed and copper tubing SSWs operating at 3.7 MHz 

 As shown in Fig. 3-21 (a) and (b), the spatial region between the first turn T1 and the end 

turn T7 is the maximum electric field region for the 3D printed SSW and the copper tubing SSW. 

However, although the spatial voltage distributions are the same for both SSWs, the copper 

tubing SSW has a much lower electric field in other spatial regions between adjacent turns 

compared with the 3D printed SSW due to large inter-turn distances. According to Fig. 3-21 (c), 

the dielectric losses are reduced by 46%, from 21.7 W to 11.7 W, which is still mainly located 

between the first turn and the end turn. The copper losses are almost the same, since the 

resistance increased by the skin effect is compensated by the proximity effect, and the 3D printed 

SSW equivalent mutual inductance between the transmitter and the receiver is higher than the 

copper tubing SSW due to higher parasitic capacitance, which reduces the required currents in 

the 3D printed SSW to transfer the same amount of power. 

When the operating frequency is reduced from 3.7 MHz to 0.1 MHz due to the magnetic 

field and electric field safety considerations in the air-gap center plane, loss distributions and 
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spatial electric fields across the dielectric supports for the 3D printed SSW and the copper tubing 

SSW are compared in Fig. 3-22. 
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(c) Comparison of loss distributions 

Fig. 3-22. Comparison of spatial electric fields across dielectric supports and loss 

distributions for 3D printed and copper tubing SSWs operating at 0.1 MHz 

 When the operating frequency is reduced. The required current increases and the required 

voltage reduces to transfer the same amount of power, therefore, the spatial voltage stress and the 

spatial electric field reduce significantly as shown in Fig. 3-22 (a) and (b). According to Fig. 

3-22 (c), the dielectric losses of the 3D printed SSW and the copper tubing SSW are reduced to 

0.0234 W and 0.0123 W respectively due to the significant reduction of the operating frequency. 

Compared with the 3D printed SSW, the dielectric losses are still reduced by 47% using the 

copper tubing SSW. The 3D printed SSW has higher copper losses compared with the copper 

tubing SSW, because their mutual inductances are almost the same when operating at 0.1 MHz, 

and the 3D printed SSW has higher ESR due to the proximity effect.  

Compared with the copper losses, the dielectric losses are almost negligible. However, 

the copper tubing should be installed with full dielectric insulation materials in practical 



222 

application, which may increase the total dielectric losses. Besides that, the copper tubing can 

also be replaced with the Litz-wire, which has full insulation layers, and needs additional 

dielectric support material to keep the twist pattern, the design methods developed in previous 

sections can be used to reduce the total dielectric losses. 

3.3.4 Copper tubing-based surface spiral, parallel and antiparallel windings 

According to the system design methodology, a 3-turn planar circular spiral winding with 

600 mm coil radius and 13.525 mm inter-turn distance can satisfy the air-gap center plane 

magnetic and electric field safety limits when transferring 3 kW at 0.1 MHz. In order to improve 

the coil-to-coil efficiency and maintain the same level air-gap center plane magnetic and electric 

fields, the copper tubing (CT) SSW configuration emulating the SSW configuration, shown in 

Fig. 3-23, can be used, since it also maintains equal diameter per turn. The twist factor is set as 1 

to achieve low proximity effect loss. The spatial region between the first turn and the end turn is 

the maximum voltage stress location. The voltage between the first turn and the end turn is (N – 

1) × V/N, where N is the number of turns, and V is the terminal excitation voltage. 
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(a) Three-turn twisted coil (b) CT SSW structure (c) Voltage distribution 

Fig. 3-23. A copper tubing SSW configuration and its voltage distribution 

When operating at 0.1 MHz, the dielectric losses are small compared with the copper 

losses, alternative winding configurations are required to reduce the copper losses. A copper 

tubing surface spiral parallel winding (CT SSPW), shown in Fig. 3-24, adds another winding in 

parallel with the CT SSW. The ESRs can be reduced because of the parallel structure, and the 

mutual inductance maintains almost the same, therefore, the coil-to-coil efficiency can be 

improved. However, the ESR will not be reduced by half due to the proximity effect between 
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two parallel windings. In addition, the spatial voltage between the first turn and the end turn is 

still (N – 1) × V/N. 
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(a) Six-turn twisted coil (b) CT SSPW structure (c) Voltage distribution 

Fig. 3-24. A copper tubing SSPW configuration and its voltage distribution 

Although the CT SSPW can reduce the ESR, the spatial electric field, especially between 

the first turn and the end turn, will be increased due to the reduction of the spatial clearance 

caused by the added parallel winding, while the spatial voltage between two parallel windings is 

close to zero as shown in Fig. 3-24 (c). Although the spatial clearance between the first turn and 

the end turn can be increased by reducing the distance between two parallel windings, the ESR 

will increase due to the proximity effect. Alternative winding configuration is required to reduce 

the spatial voltage stress while maintaining low ESR. 

A copper tubing surface spiral antiparallel winding (CT SSAPW), shown in Fig. 3-25, 

twists two parallel windings in the opposite direction to separate the first turn and the end turn 

using twist factor 1, the voltage stress between adjacent turns can be equalized, the maximum 

voltage between adjacent turns is reduced from (N – 1) × V/N to V/N, which improves the power 

scalability limitation due to voltage breakdown. In addition, the ESR can be reduced due to the 

parallel structure. Since the CT SSAPW input and output terminals are not at the same side as the 

CT SSW and the CT SSPW, the spatial clearance between adjacent turns is slightly smaller. 
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(d) Six-turn twisted coil (e) CT SSAPW structure (f) Voltage distribution 

Fig. 3-25. A copper tubing SSAPW configuration and its voltage distribution 

The cross-sectional radii are the same for the CT SSW, the CT SSPW, and the CT 

SSAPW. When transferring 3 kW through 300 mm air-gap at 0.1 MHz, the spatial electric field 

distributions are compared in Fig. 3-26. 
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(a) CT SSW (b) CT SSPW (c) CT SSAPW 

Test conditions: output power 3 kW, operating frequency 0.1 MHz, 

Transmitter and receiver: 3-turn, Rwinding = 600 mm, Rcross-sectional = 25 mm. 

Fig. 3-26. Comparison of spatial electric field distributions 

 As shown in Fig. 3-26 (a) and (b), the peak electric fields of the CT SSW and the CT 

SSPW are located in the spatial region between the first turn and the end turn. The CT SSPW has 

the highest electric field between the first turn and the end turn due to the reduction of spatial air-

clearance caused by the added parallel winding. The electric field between two parallel windings 

is close to zero as shown in Fig. 3-26 (b) and (c). The electric field distribution between adjacent 

turns of the CT SSAPW is equalized as shown in Fig. 3-26 (c) so that the maximum transferrable 

power can be pushed to a higher level without worrying about the voltage breakdown between 

the first turn and the end turn, especially when the number of turns is increased to achieve higher 

efficiency. 
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 The self- and mutual inductances, the ESRs and the maximum achievable coil-to-coil 

efficiencies of the CT SSW, the CT SSPW, the CT SSAPW, and the conventional planar circular 

spiral winding are compared in Table 3-2. 

Table 3-2. Comparison of the self- and mutual inductances, the ESRs, and the maximum 

achievable coil-to-coil efficiencies (N = 3) 

 CT SSW CT SSPW CT SSAPW CPSW 

Ltx [μH] 23.32 21.79 22.13 26.13 
Rtx [mΩ] 32.2 21.2 22.8 41.8 
Lrx [μH] 23.32 21.77 22.13 26.12 
Rrx [mΩ] 32.2 21.5 22.8 41.8 
M [μH] 6.07 6.06 6.06 5.70 

ηcoil, max [%] 98.33 98.89 98.81 97.69 

 As shown in Table 3-2, the SSW configurations have higher mutual inductances and 

lower ESRs than the conventional planar circular spiral winding due to large average coil radii 

and low proximity effect twist pattern. Compared with the CT SSW, the ESRs are reduced 33% 

for the CT SSPW, and 29% for the CT SSAPW rather than 50% because of the proximity effect 

between two parallel windings. The mutual inductances are almost the same for the CT SSW, the 

CT SSPW, and the CT SSAPW. Compared with other windings, the CT SSPW has the highest 

efficiency factor, therefore, it has the highest maximum achievable coil-to-coil efficiency. 

 Since the SSW configurations have equal diameter per turn to maintain the air-gap center 

plane magnetic field, and the air-gap center plane electric field still have safety margins, the 

number of turns can be increased to achieve higher efficiency. When the number of turns is 

increased to 5, the voltage and spatial electric field distributions are compared in Fig. 3-27. 
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(d) CT SSW electric 

field distribution 

(e) CT SSPW electric 

field distribution 

(f) CT SSAPW electric field 

distribution 

Test conditions: output power 3 kW, operating frequency 0.1 MHz, 

Transmitter and receiver: 5-turn, Rwinding = 600 mm, Rcross-sectional = 25 mm. 

Fig. 3-27. Comparison of spatial voltage and spatial electric field distributions 

 As shown in Fig. 3-27 (a) and (b), the peak electric fields of the CT SSW and the CT 

SSPW are located in the spatial region between the first turn and the end turn. The CT SSPW has 

the highest electric field between the first turn and the end turn due to the reduction of spatial air-

clearance because of the added parallel winding. The electric field distribution between adjacent 

turns of the CT SSAPW is equalized as shown in Fig. 3-27 (c). Compared with 3-turn windings, 

the spatial electric field between adjacent turns increase significantly, especially the CT SSW 

and the CT SSPW. 

The self- and mutual inductances, ESRs and the maximum achievable coil-to-coil 

efficiencies of CT SSW, CT SSPW, and CT SSAPW are compared in Table 3-3. 

Table 3-3. Comparison of the self- and mutual inductances, the ESRs, and the maximum 

achievable coil-to-coil efficiencies (N = 5) 

 CT SSW CT SSPW CT SSAPW 

Ltx [μH] 58.85 56.68 57.03 
Rtx [mΩ] 61.4 47.3 50.4 
Lrx [μH] 58.89 56.71 57.05 
Rrx [mΩ] 61.3 47.2 50.6 
M [μH] 17.03 17.02 17.02 

ηcoil, max [%] 98.86 99.12 99.07 

 As shown in Table 3-3, the ESR reduction and efficiency improvement follow previous 

analyses. Compared with 3-turn windings, the improvement of the maximum achievable coil-to-

coil efficiencies is limited. Considering the increases of the copper mass and the spatial electric 
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fields between adjacent turns, the 3-turn winding configuration is a better choice to implement in 

the system. 

3.4 Experimental evaluation of power transfer efficiency, and 

magnetic field and electric field distributions 

In this section, the experimental test setup, including the power converter, the rectifier, 

and the copper tubing surface spiral parallel winding, will be introduced at first. Then the DC-to-

DC power transfer efficiencies under aligned and misaligned conditions and the loss distributions 

will be investigated. After that, the air-gap center plane magnetic flux density and electric field 

intensity will be measured under 1 kW and 3 kW. 

3.4.1 Experiment test setup 

A 3-turn copper tubing surface spiral parallel winding (CT SSPW) with twist factor of 1 

was built to transfer 3 kW through 300 mm air-gap at 0.1 MHz while maintaining the air-gap 

center plane magnetic flux density and electric field intensity within the IEEE C95.1-2005 

electrostimulation and tissue heating safety limits. The coil prototype is shown in Fig. 3-28. 
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(a) WPT coil prototype (b) Coil cross-sectional view 

Fig. 3-28. WPT coil prototype built with 3-turn copper tubing surface spiral winding 

 As shown in Fig. 3-28, two parallel windings distribute uniformly around the cross-

sectional circle, the winding radius is 600 mm, the cross-sectional radius is 25 mm. 

Polycarbonate (PC) was used to build the circular dielectric support pad. 

 When transferring 3 kW at 0.1 MHz, the magnetic and electric field distributions FEA 

results are shown in Fig. 3-29. 
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(c) Electric field FEA result (d) E along measurement line 

Test conditions: Operating frequency: 0.1 MHz. Output power: 3 kW. TX and RX: 3 

turns, coil radius 600 mm, cross-sectional radius 25 mm. Transfer distance: 300 mm.  

Dielectric material: Polycarbonate (PC). Dielectric thickness: 9.525 mm.  

IEEE C95.1-2005 @ 0.1 MHz: Bpeak = 289.67 μT, Epeak = 868.32 V/m. 

Fig. 3-29. Magnetic field and electric field distributions of a 3-turn CT SSPW 

 As shown in Fig. 3-29, the air-gap center plane peak magnetic flux density and peak 

electric field intensity are 268.57 μT and 384.2 V/m, respectively, which are lower than the IEEE 

C95.1-2005 safety limits 289.67 μT and 868.32 V/m, and provides enough safety margins for the 

operations under misalignment and pushing to high power level.  

The transmitter self-inductance Ltx and ESR Rtx, the receiver self-inductance Lrx and 

ESR Rrx, and the mutual inductance M at 0.1 MHz are measured by WK 6500B impedance 

analyzer and shown Table 3-4. 

Table 3-4. FEA and measured results of the self- and mutual inductances, and the ESRs  

 Ltx [μH] Rtx [mΩ] Lrx [μH] Rrx [mΩ] M [μH] 

FEA results 21.79 21.2 21.77 21.5 6.06 

Measured results 21.3 23.4 21.27 23.6 6.02 

 As shown in Table 3-4, the measured results are almost the same as the FEA results, 

which ensure the high coil-to-coil power transfer efficiency. The maximum achievable coil-to-

coil power transfer efficiency in the FEA simulation is 98.89%. 
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An H-bridge inverter using silicon-carbide (SiC) MOSFETs C2M0025120D with 25 mΩ 

drain-source on-state resistance is built to drive the transmitter and achieve low conduction 

losses. SiC Schottky diodes IDH20G120C5 are used to build the rectifier to reduce the reverse 

recovery losses. The series-parallel (S-P) resonant compensated circuit topology and the test 

setup of the proposed system are shown in Fig. 3-30.  
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(a) Circuit topology of a S-P compensated inductive WPT system 
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(b) Test setup of a series-parallel compensated inductive WPT system 

Fig. 3-30. Topology and test setup of proposed WPT system 

As shown in Fig. 3-30, S-P resonant tank is adopted. The switching frequency is set as 

100 kHz. The resonant capacitors are calculated and set as Ctx = 136.5 nF, Crx = 119.4 nF. 

PHE450 series film capacitors are used to build the resonant tanks due to low ESR and high 

rated voltage at 0.1 MHz. The ESRs of the resonant tanks Ctx and Crx are measured as 16.3 mΩ 

and 15.8 mΩ, respectively.  

The MOSFET M1 gate PWM signal Vg_M1 and the primary coil current Itx are measured 

as shown in Fig. 3-31. 
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Vg_M1, Itx  

Fig. 3-31. Overlay of gate PWM signal and primary coil current 

 As shown in Fig. 3-31, the zero-voltage soft switching is achieved, the zero-current soft 

switching is not achieved, the turn-on current can be further reduced by tuning the primary 

resonant capacitor. 

3.4.2 Analysis of the DC-to-DC power transfer efficiencies under aligned and 

misaligned conditions 

When the transmitter coil and the receiver coil are aligned perfectly, the DC-to-DC power 

transfer efficiency η is experimentally tested under different power level, the test results are 

listed in Table 3-5. 

Table 3-5. The DC-to-DC power transfer efficiency under different power level  

Pin [W] 110.48 538.23 1064.4 2121.5 3274.8 

Pout [W] 103.75 506.97 1004.8 2005.2 3099.2 

η [%] 93.91 94.19 94.41 94.52 94.64 

 As shown in Table 3-5, the DC-to-DC efficiency increases slightly as the power level 

increases, all DC-to-DC power transfer efficiencies are above 93%. The main efficiency 

improvement is from the rectifier side and the reverse diode in parallel with the MOSFET, the 

diode power losses are proportional to the current I due to constant voltage drop, while other 

sections power losses are proportional to I2, therefore, as the power level (or the required 

current) increases, the diode power losses are reduced compared with other sections power 

losses, which lead to an efficiency improvement. 
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 When transferring 3099.2 W, the input voltage and current, and the output voltage and 

current waveforms are measured and shown in Fig. 3-32. The input voltage ripple is caused by 

the reversing current from the transmitter coil, which charges the DC link capacitor and increases 

the DC link voltage. When the zero-current switching is achieved, or the capacitance of the DC 

link capacitor is increased, the input voltage ripple can be reduced. The input current, output 

voltage and current ripples are very small. The average input voltage and current are 138.58 V 

and 23.631 A, respectively. The average output voltage is 383.3 V, which is located within the 

EV battery normal voltage range 200 V – 500 V. The average output current is 8.075 A.  
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Fig. 3-32. The input and output voltage and current waveforms when transferring 3099.2 W 

 The voltages and currents of the resonant capacitors are also measured. Using their ESRs, 

their losses can be calculated. With the output current and the voltage drop of the rectifier diode, 

the rectifier reverse recovery losses can be calculated. The power converter switching loss is 
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small due to zero-voltage soft switching. The power converter loss can be calculated by adding 

the conduction losses and the parallel diode reverse recovery losses. When transferring 3099.2 

W, the system loss distribution is calculated and shown in Fig. 3-33. 
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Fig. 3-33. System loss distribution under 3 kW power level 

 As shown in Fig. 3-33, the coil-to-coil efficiency is 98.7%, which is almost the same as 

the FEA result 98.89%. The resonant capacitors total loss is 27.2 W, which is comparable with 

the windings total loss 40.0 W, special attention needs to be paid to the capacitor ESR when 

trying to improve the DC-to-DC efficiency. In addition, the power converter efficiency can also 

be improved by further tuning the primary side resonant capacitor to achieve zero-current 

switching and using devices with lower conduction resistance. Besides that, voltage breakdown 

between adjacent turns didn’t happen when transferring 3 kW, while the 3D printed SSW can 

only transfer 1 kW. 

 Considering lateral and angular misalignments are unavoidable in the WPT systems, the 

DC-to-DC efficiencies are tested under lateral and angular misalignments. The test setups and 

test results are shown in Fig. 3-34. 
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(c) Angular misalignment test setup 
(d) DC-to-DC efficiency under angular 
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Fig. 3-34. Test setups and DC-to-DC efficiencies under lateral and angular misalignments 

As shown in Fig. 3-34, when the lateral misalignment is within 200 mm, which is only 

1/6 of the coil diameter, the DC-to-DC efficiency remains above 92%. When the angular 

misalignment is within 15-degree, the reduction of the DC-to-DC efficiency is within 1%. The 

benefit of using a large radius coil is that the mutual inductance remains almost the same within 

normal lateral and angular misalignments, which ensures that the reduction of the power transfer 

efficiency under normal misalignment is small. 

It’s also necessary to investigate the effects of misalignment on output power Pout. 

Compared with angular misalignment, lateral misalignment must be paid more attention since it 

can cause more efficiency reduction and happen more frequently. The effect of lateral 

misalignment on mutual inductance M is evaluated analytically using the proposed prototype and 

compared with FEA results as shown in Fig. 3-35. 
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Fig. 3-35. Effects of lateral misalignment on mutual inductance (Analytical, FEA) 

According to Fig. 3-35, the analytical calculation result and the FEA result match each 

other very well. When the lateral misalignment is within winding radius, as the lateral misaligned 

distance increases, M first reduces slowly then reduces almost linearly. It should also be noted 

that M is not 0 even when the lateral misaligned distance is equal to winding radius due to the 

circular winding vertical coupling mode. 

SS, SP and LCC-LCC resonant compensation topologies are widely used in WPT area. 

The effects of lateral misalignment on input impedance Zin, Pout (W), Pout (pu) and ηcoil are 

shown in Fig. 3-36. During the evaluation, the input voltage Vin remains the same as 150sin(ω0t) 

V, the compensation capacitors, winding self-inductances and ESRs, and load also remain the 

same. Only M reduces with the lateral misaligned distance. M is calculated analytically. 
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Test conditions:  

Winding parameters: Ltx = 21.79 μH, Rtx = 

21.2 m, Lrx = 21.77 μH, Rrx = 21.5 m 

SS: Ctx = 116.25 nF, Crx = 116.35 nF 

SP: Ctx = 125.99 nF, Crx = 116.35 nF 

LCC-LCC: Lf = 15.25μH, Cf = 166.07 nF, Cs 

= 388.66 nF  Lateral misalignment [mm] 

(e) ηcoil vs. Lateral misalignment 

Fig. 3-36. Effects of lateral misalignment on Zin, Pout, and ηcoil 

 As shown in Fig. 3-36 (a) and (b), when the lateral misalignment distance increases, or 

when M reduces, SS and SP topologies Zin reduce, while LCC-LCC topology Zin increase. That 

leads to the quadratic increase of Pout in SS topology, and the linear reduction of Pout in LCC-

LCC topology, as shown in Fig. 3-36 (c) and (d). In SP topology, Pout first increases due to the 

reduction of Zin, then reduces due to the reactive power at the receiver side. It should also be 

noted that compared with LCC-LCC topology, SS and SP topologies have higher Pout due to 

lower Zin. Besides that, LCC-LCC topology can achieve higher ηcoil under lateral misalignment 

with the sacrifice of peak ηcoil as shown in Fig. 3-36 (e), while SS and SP topologies can achieve 

nearly the same ηcoil. More discussions about impedance matching network design will be 

presented in chapter 6. In order to regulate the output power at given levels, closed-loop control 
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is recommended. Winding position self-sensing technique combining with the EV auto parking 

function is beneficial to reduce the lateral misalignment and maintain high transfer efficiency. 

3.4.3 Air-gap center plane magnetic flux density and electric field intensity 

When transferring 1 kW and 3 kW, the air-gap center plane magnetic flux density and 

electric field intensity are measured from the central point P along x-direction using NARDA 

EHP 200 probe and compared with the FEA results as shown in Fig. 3-37. Since the air-gap 

center plane peak electric field intensity is located above the transmitter terminal when the 

transmitter terminal and the receiver terminal are placed at opposite positions according to the 

FEA result, measuring the electric field intensity along the x-direction in the air-gap center plane 

can capture the air-gap center plane peak electric field intensity. 
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(a) WPT coil prototype (b) Coil cross-sectional view 

* Experimental results when Pout = 1 kW, - FEA results when Pout = 1 kW 

* Experimental results when Pout = 3 kW, - FEA results when Pout = 3 kW  

Fig. 3-37. The air-gap center plane magnetic flux density and electric field intensity 

along the x-direction measurement line 

As shown in Fig. 3-37, the test results of the magnetic flux density and the electric field 

intensity along the x-direction measurement line in the air-gap center plane are close to the FEA 

results, the peak magnetic flux density and electric field intensity are located almost above the 

transmitter coil terminal. The maximum magnetic flux density and electric field intensity along 

the x-direction measurement line in the air-gap center plane, when the output power is 3 kW, are 

measured as 231.65 μT and 442.31 V/m, respectively, which are lower than the IEEE C95.1-

2005 magnetic field safety limit of 289.67 μT and electric field safety limit of 868.42 V/m, there 
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is enough safety margin for operations under misalignment and a potential to push to transfer 

higher power. 

3.5 Summary 

In the beginning, the general design variables that affect the air-gap center plane 

magnetic flux density and electric field intensity are identified as the coil radius, the number of 

turns, the inter-turn distance, the transfer distance, and the operating frequency. Based on these 

five general design variables, a loosely coupled inductive WPT system general design 

methodology using a planar circular spiral winding as design example is developed to achieve 

low air-gap center plane magnetic flux density, and low air-gap center plane electric field 

intensity while maintaining a high power transfer efficiency. Through iteration calculations, the 

effects of the general design variables on air-gap center plane peak magnetic flux density and 

peak electric field intensity, and maximum achievable coil-to-coil power transfer efficiency are 

investigated: the air-gap center plane peak magnetic flux density will increase when the coil 

radius reduces, the number of turns increases due to the increase of the magnetomotive force and 

the reduction of the average coil radius, the inter-turn distance increases due to the reduction of 

the average coil radius and the reduction of the mutual inductance, the operating frequency 

reduces due to the increase of the required current to transfer the same amount of power, and the 

transfer distance reduces due to the leakage flux. The air-gap center plane peak electric field 

intensity will increase when the coil radius increases due to the increase of the required 

excitation voltage, the number of turns increases due to the increase of the required excitation 

voltage and the increase of the magnetic flux density, the inter-turn distance reduces due to the 

increase of the required excitation voltage, the operating frequency increases due to the increase 

of the required excitation voltage. The maximum transferable power under the safety standard is 

a tradeoff between the magnetic field and the electric field mainly manipulated by the operating 

frequency, the coil enclosed area, and the transfer distance. 
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Then, design methods to reduce the dielectric losses, the spatial voltage stress and the 

ESRs are developed. The dielectric losses can be reduced by using low relative permittivity and 

low dissipation factor material, by increasing the equivalent dielectric resistance, such as the 

concave dielectric geometry, and by reducing the spatial voltage stress using alternative coil 

geometries. Through emulating the 3D printed SSW configuration using copper tubing, large 

spatial clearance can be obtained to reduce the dielectric losses and the spatial voltage stress, in 

addition, the ESR increased by the skin effect can be compensated by the reduction of the 

proximity effect. Surface spiral parallel winding adds another conductor in parallel to reduce the 

ESR and maintain the same mutual inductance, however, the spatial voltage stress between the 

first turn and the end turn is still the maximum location. Surface spiral antiparallel winding twists 

two parallel windings in opposite direction to equalize the spatial voltage stress and achieves low 

ESR because of the parallel structure. The reduction of the ESR by using parallel structure is less 

than 50% because of the proximity effect between two parallel windings. 

At last, the developed general design methodologies to achieve low air-gap center plane 

magnetic flux density and electric field intensity, and to improve the coil-to-coil efficiency are 

evaluated by the experimental tests. The DC-to-DC efficiency of the proposed system under 

aligned, lateral misalignment within 200 mm, and angular misalignment within 15-degree 

operating conditions are evaluated experimentally with above 92% efficiency, When transferring 

3 kW at 0.1 MHz under the aligned condition, the air-gap center plane peak magnetic flux 

density and peak electric field intensity are lower than the IEEE C95.1-2005 magnetic field and 

electric field safety limits with enough safety margin to operate under misaligned conditions. 
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Chapter 4 Low Air-Gap Magnetic Field, Low 

Air-Gap Electric Field Shielding Designs 

4.1 Introduction  

Although winding with 600 mm radius can be installed under the EV chassis, considering 

that the diameter of the magnetic shield is usually set as 1.5 – 2 times the diameter of the coils to 

maintain high power transfer efficiency, it’s necessary to reduce the coil diameter, which will 

lead to high air-gap magnetic field. This chapter will begin with investigation of the traditional 

magnetic shield effects on air-gap magnetic and electric fields. Then active and passive methods 

will be developed to reduce the air-gap magnetic field. In particular, a new “T” type shielding 

design will be proposed to reduce the whole air-gap magnetic and electric fields simultaneously 

without degrading the efficiency. After that, the effects of the vehicle metal chassis on the field 

distributions and power transfer efficiency will be identified. In the end, the proposed shielding 

design will be optimized with reduced mass while maintaining the same performance. 

4.2 Effects of traditional magnetic shield on air-gap magnetic field 

and electric field 

The proposed winding design from chapter 3 is compared to the normal vehicle design 

space among four wheels. Tesla Model S is taken as a baseline example. The feasible design 

space among four wheels is 2426.6 mm (Length) × 1662 mm (Width) considering that the wheel 

base is 2960 mm, the front track is 1662 mm, and the wheel diameter is 21" (533.4 mm) [256]. 

The proposed model and the feasible design space are compared in Fig. 4-1 under the same scale. 

 

Fig. 4-1. Comparison of proposed coil size and feasible design space 
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 As shown in Fig. 4-1, the design space is still much larger than the proposed design. 

However, additional magnetic shields below the transmitter and above the receiver, as shown 

Fig. 4-2, are required to provide a magnetic flux return path to ensure the coil-to-coil power 

transfer efficiency, since the vehicle aluminum chassis can shield the magnetic flux generated by 

the coil and reduce the mutual inductance significantly. 

Metal chassis 

Magnetic 
shield

 

Fig. 4-2. Configuration of inductive WPT windings installed under the vehicle 

 Assuming the magnetic shield radius is rm, combining with the air-core winding general 

design methodology developed in chapter 3, the magnetic design methodology flow chart for low 

air-gap magnetic and electric fields, and high efficiency is presented in Fig. 4-3. 

Initialize rm, f0, dag, and coil parameters: rw, Ntx, Nrx, dint

Calculate coil electrical parameters, such as Ltx, Lrx, Rtx, Rrx, and M under given coil 

configuration and f0

Calculate coil Vtx, Vrx, Itx, Irx, and η under rated Pout using an equivalent circuit model

Calculate Bagcppk and Eagcppk, evaluate with the safety limits

Iterate through feasible Ntx, Nrx, dint, and rw, via looping back to step 2

Iterate through feasible f0, via looping back to step 2

Iterate through feasible dag, via looping back to step 2

Step 1

Step 2

Step 3

Step 4

Step 5

Step 7

Step 6

Choose the optimal design based on η, Bagcppk and Eagcppk, and voltage-current ratingsStep 9

Iterate through feasible rm, via looping back to step 2

Step 8

 

Fig. 4-3. Magnetic design flow chart for low low air-gap magnetic and electric fields, and high 

efficiency 
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According to the literature review, the diameter of the magnetic shield is usually set as 

1.5 – 2 times the diameter of the winding to maintain high power transfer efficiency. If the coil 

diameter is 1.2-m as proposed design, after adding magnetic shields, the magnetic shield 

diameter would be larger than the width requirement in the feasible design space. Therefore, 

reducing coil diameter is necessary.  

Copper tubing surface spiral winding (CT SSW) will be used in the following analyses. 

When the winding radius is reduced, the mutual inductance will reduce. In order to maintain a 

high coil-to-coil efficiency, the number of turns can be increased. When the coil radius of a CT 

SSW is reduced from Ra = 600 mm to Rb = 310 mm, the number of turns N is increased from 3 

to 4, the twist angle is changed from 360° + 360/3° when N = 3 to 360° + 360/4° when N = 4, a 

ferrite material with relative permeability μr = 1000 is used to provide the magnetic flux return 

path below the transmitter and above the receiver, the ferrite shield diameter is set as Ra = 600 

mm. The configurations are compared in Fig. 4-4. X-direction goes above the transmitter 

terminal, the transmitter and the receiver terminals are placed at opposite positions in the FEA 

simulation to balance the electric field distribution. The system without the vehicle metal frame 

will be analyzed first. Its effects will be analyzed at the end section of this chapter. 

o

x

y

 

o

x

y

 

o

x

y

 
(a) 3-turn CT SSW 

(Coil radius Ra = 600 mm) 

(b) 4-turn CT SSW with 

(Coil radius Rb = 310 mm) 
(c) 4-turn CT SSW with 

ferrite shield 

Fig. 4-4. Comparison of winding configurations 

The self-inductances, mutual inductances, ESRs and maximum coil-to-coil efficiencies 

are compared in Table 4-1.  

Table 4-1. Comparison of the self- and mutual inductances, ESRs, and efficiencies 
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 Ltx [μH] Rtx [mΩ] Lrx [μH] Rrx [mΩ] M [μH] ηcoil, max [%] 

3-turn CT SSW 

R = 600 mm 
23.32 32.2 23.32 32.2 6.07 98.33 

4-turn CT SSW 

R = 300 mm 
17.49 25.8 17.49 25.8 2.58 96.87 

4-turn CT SSW 

with ferrite 
27.71 31.2 27.71 31.0 6.30 98.44 

 As shown in Table 4-1, the ESRs are reduced when the coil radius is reduced from 600 

mm to 310 mm due to the reduction of the skin effect loss. The mutual inductance reduces 

significantly when the coil radius is reduced, which leads to lower ηcoil, max. After adding the 

ferrite shield, the mutual inductance is improved, since the ferrite shield helps concentrate and 

re-direct the magnetic flux, the ESRs are increased since the proximity effect is changed due to 

the change of the magnetic field distribution around the winding, which is caused by the 

magnetic materials. 

 When transferring 3 kW through 300 mm air-gap at 0.1 MHz with SP compensated 

resonant topology, the air-gap electric field distributions and air-gap center plane electric field 

intensities along the x-direction measurement line are compared in Fig. 4-5. 
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(a) Electric field distribution of 3-

turn CT SSW with 600 mm radius 

(b) Electric field intensity along measurement 

line of 3-turn CT SSW with 600 mm radius 
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(c) Electric field distribution of 4-

turn CT SSW with 300 mm radius 

(d) Electric field intensity along measurement 

line of 4-turn CT SSW with 300 mm radius 
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(e) Electric field distribution of 4-

turn CT SSW with ferrite shield 

(f) Electric field intensity along measurement 

line of 4-turn CT SSW with ferrite shield 

Test conditions: operating frequency 0.1 MHz, output power 3 kW.  

TX and RX: (a)(b) 3 turns, coil radius 600 mm. (c)(d) 4 turns, coil radius 300 mm. 

(e)(f) 4 turns, ferrite μr = 1000, coil radius 300 mm, ferrite radius 600 mm. 

Fig. 4-5. Comparison of the air-gap electric field distributions and the air-gap center 

plane electric field intensities along the measurement line 

 As shown in Fig. 4-5, Eagcppk are all located above the transmitter coil terminals. Using 

small radius coil is easy to satisfy the electric field intensity safety limit outside of the vehicle. 

Eagcppk are 327.10 V/m, 328.55 V/m and 325.61 V/m for the 3-turn CT SSW, 4-turn CT SSW, 

and 4-turn CT SSW with ferrite shield, respectively, which are almost the same and have enough 

safety margin compared with the IEEE C95.1 – 2005 electric field safety limit 868.32 V/m. It’s 

easy to satisfy the electric field safety limit when using low number of turns and placing the 

transmitter terminal and the receiver terminal at opposite positions. 

The air-gap magnetic field distributions and air-gap center plane magnetic flux densities 

along the x-direction measurement line are compared in Fig. 4-6. 
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(a) Magnetic field distribution of 3-

turn CT SSW with 600 mm radius 

(b) Magnetic flux density along measurement 

line of 3-turn CT SSW with 600 mm radius 
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(c) Magnetic field distribution of 4-

turn CT SSW with 300 mm radius 

(d) Magnetic flux density along measurement 

line of 4-turn CT SSW with 300 mm radius 
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(e) Magnetic field distribution of 4-

turn CT SSW with ferrite shield 

(f) Magnetic flux density along measurement 

line of 4-turn CT SSW with ferrite shield 

Legend: Btotal, Bx, By, Bz 

Test conditions: operating frequency 0.1 MHz, output power 3 kW.  

TX and RX: (a)(b) 3 turns, coil radius 600 mm. (c)(d) 4 turns, coil radius 310 mm. 

(e)(f) 4 turns, ferrite μr = 1000, coil radius 310 mm, ferrite radius 600 mm. 

Fig. 4-6. Comparison of magnetic field distributions and the air-gap center plane 

magnetic flux densities along the measurement line 

As shown in Fig. 4-6, both z-direction and radial direction magnetic flux densities 

increase when the coil radius reduces, Bagcppk increases from 259.06 μT of the 3-turn CT SSW 

with 600 mm radius to 519.53 μT of the 4-turn CT SSW with 300 mm radius, which is about 1.8 

times the IEEE C95.1-2005 magnetic field safety limit. After adding the ferrite shield, the radial 

direction leakage flux density reduces a little due to the concentrating effect of the magnetic 

shield, however, Bagcppk is increased from 519.53 μT to 553.77 μT, and the peak location is 

shifted from around coil terminal to the central point. Methods to reduce Bagcppk must be 

developed to satisfy the IEEE C95.1-2005 magnetic field safety limit. 
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4.3 Active design to reduce air-gap magnetic field 

According to the magnetic field distribution analysis for winding with magnetic shielding 

in previous section, if Bz can be reduced, then Bagcppk will be reduced. The air-gap magnetic 

field is a vector combination of the magnetic fields generated by the transmitter and the receiver. 

Therefore, the air-gap magnetic field Bagcp can be manipulated by tuning the phase difference 

between the transmitter current and the receiver current. The relationship between the current 

phase difference θ and Bagcp is shown in Fig. 4-7. 

θ →
Itx  

→
Irx  

 
θ

→
Brx, z  

→
Btx, z  

→
Bz  

 

θ

→
Bx  

→
Brx, x  

→
Btx, x   

Fig. 4-7. Relationship between current phase difference and air-gap magnetic field 

As shown in Fig. 4-7, if θ can be reduced, Bz will be reduced. However, the leakage 

component Bx will be increased at the same time, which may affect Bagcppk.  

Before developing techniques to tune θ, it’s better to find a resonant circuit topology that 

inherently has an appropriate θ for lower Bagcppk, while maintaining high power transfer 

efficiency. The equivalent circuit model of a loosely coupled inductive WPT system using SS 

and SP resonant compensation topologies can be simplified as shown in Fig. 4-8. 
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(a) Equivalent circuit model with SS resonant compensation topology 
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(b) Equivalent circuit model with SP resonant compensation topology 

Fig. 4-8. Equivalent circuit model of an inductive WPT system using SS and SP topologies 



246 

Based on the resonant compensation conditions 

SS: Ctx = 
1

 Ltx ω0
2 , Crx = 

1

 Lrx ω0
2 ; SP: Ctx = 

1

(1 – k2) Ltx ω0
2 , Crx = 

1

 Lrx ω0
2        (4.1) 

The current ratios can be calculated as 

SS: 
Itx

Irx
  = 

Rrx + RL

jω0M
 ; SP: 

Itx

Irx
  = 

Rrx

jω0M
 + 

Lrx

M(1 + jω0CrxRL)
                   (4.2) 

Based on the current ratio expressions, it’s easy to find that θ is constantly 90-degree for 

SS topology. While θ is smaller than 90-degree for SP topology. In addition, both topologies 

have the same coil-to-coil efficiency. Therefore, SP topology is beneficial for reducing the air-

gap magnetic field. The field distributions are compared in Fig. 4-9. 
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(a) Magnetic field distribution with 

SS topology 

(b) Magnetic flux density along measurement 

line with SS topology 
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(a) Magnetic field distribution with 

SP topology 

(b) Magnetic flux density along measurement 

line with SP topology 

Legend: Btotal, Bx, By, Bz.  

Test conditions: operating frequency 0.1 MHz, output power 3 kW.  TX and RX: 4 

turns, coil radius 310 mm, ferrite μr = 1000, ferrite radius 600 mm. 

Fig. 4-9. Comparison of magnetic field distributions and air-gap center plane magnetic 

flux densities along the measurement line with SS and SP topologies 
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According to the FEA results, the output power is fixed as 3 kW. When SS topology is 

used, Bagcppk = 619.24 μT, Bagcppk, x = 357.12 μT, ηcoil, max = 98.44%. When SP topology is 

used, Bagcppk = 555.95 μT, Bagcppk, x = 398.47 μT, ηcoil, max = 98.41%. Compared with SS 

topology, SP topology can reduce Bagcppk by 10.22%, while maintaining the power transfer 

efficiency. Therefore, SP topology is preferred due to inherent smaller current phase difference. 

In order to satisfy the IEEE safety standard, Bagcppk should be further reduced even with 

SP topology. One simple way to manipulate the current phase difference is tuning the secondary 

side resonant capacitor Crx. The primary capacitor Ctx is in series with the transmitter coil, so the 

current phase difference won’t be changed by tuning Ctx. For the 4-turn CT SSW design with 

ferrite shield, the secondary side Lrx = 27.7132 μH, the required Crx to resonate at 0.1 MHz is 

91.402 nF, the current phase difference can be increased when increasing Crx. 

 When transferring 3 kW through 300 mm air-gap at 0.1 MHz with SP topology, the air-

gap magnetic field distributions and the air-gap center plane magnetic flux densities along the x-

direction measurement line with different secondary side resonant capacitor Crx of the 4-turn CT 

SSW with ferrite shield are compared in Fig. 4-10. 
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(a) Magnetic field distribution when 

Crx = 91.402 nF  

(b) Magnetic flux density along measurement 

line when Crx = 91.402 nF 
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(c) Magnetic field distribution when 

Crx = 97 nF 

(d) Magnetic flux density along measurement 

line when Crx = 97 nF 
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(e) Magnetic field distribution when 

Crx = 103 nF 

(f) Magnetic flux density along measurement 

line when Crx = 103 nF 

Legend: Btotal, Bx, By, Bz.  

Test conditions: operating frequency 0.1 MHz, output power 3 kW.  TX and RX: 4 

turns, coil radius 310 mm, ferrite μr = 1000, ferrite radius 600 mm. 

Fig. 4-10. Comparison of magnetic field distributions and air-gap center plane 

magnetic flux densities along the measurement line with different Crx 

 As shown in Fig. 4-10, when increasing Crx from 91.402 nF to 97 nF, Bagcppk is reduced 

from 555.95 μT to 527.63 μT due to the reduction of Bz, and the location of Bagcppk has shifted 

away from the central point due to the increase of the radial direction leakage flux density. When 

Crx is further increased to 103 nF, Bz keeps reducing. However, the radial direction leakage flux 

density increases significantly, which leads to an increase of Bagcppk to 562.67 μT. Besides that, 

ηcoil are 98.41%, 98.27%, and 97.99% when Crx are 91.402 nF, 97 nF, and 103 nF, respectively. 

ηcoil is reduced since the secondary side is shifted away from the resonant point. 

In summary, compared with SS topology, SP topology can achieve lower Bz, due to 

inherent smaller current phase difference, while maintaining the power transfer efficiency. 

Increasing Crx in SP topology can reduce Bz and ηcoil, and increase the radial direction leakage 

flux density, which may result in the increase of Bagcppk. In order to reduce Bagcppk, methods to 

reduce the leakage magnetic field must be developed. 

4.4 Passive designs to reduce the leakage flux 

When zooming in the magnetic field around the transmitter and checking the magnetic 

field directions, as shown in Fig. 4-11, the magnetic flux close to the transmitter are all leakage 
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field that won’t be coupled with the receiver, the leakage field can be reduced by designs that can 

reduce it from both inside (marked in pink frames) and outside (marked in green frames) of the 

coil. 

 

 

(a) Magnetic field distribution (b) Magnetic field strength direction 

Fig. 4-11. Magnetic field distribution and magnetic field strength direction 

 The general ways to reduce the magnetic flux are canceling (or shielding) the magnetic 

flux and conducting the magnetic flux to desired directions. Metals, such as aluminum and 

copper, can be used to shielding the magnetic flux, which will also introduce the eddy current 

loss at the same time. Magnetic materials can be used to conduct the magnetic flux, which will 

affect the mutual coupling. In this section, passive methods will be introduced to reduce the 

outside and inside leakage magnetic fluxes, respectively. 

4.4.1 Adding copper rings to reduce the outside leakage flux 

The leakage magnetic flux return path outside of the coil can be canceled by using 

metals, such as aluminum and copper. Compared with aluminum, copper has better conductivity, 

which means lower loss. Therefore, copper will be used in the following analysis. A copper sheet 

can be added around the coil to fully cut off the return path. However, this method will also have 

significant eddy current loss. A copper ring canceling method is developed to cancel the leakage 

flux in the return path while maintaining a high coil-to-coil efficiency. The configuration with a 

single copper ring is shown in Fig. 4-12. 
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Fig. 4-12. Configuration of a winding with a single copper ring 

 Assuming the coil current is in counterclockwise direction, as shown in Fig. 4-12, the 

magnetic field generated by the coil will come out of the paper from the coil inside and go back 

outside of the coil. That will induce eddy current in the copper ring. The eddy current will 

generate an opposite direction magnetic field to cancel the magnetic field generated by the coil.  

SSW

Turn 1
Turn 2

Turn 3

 

o
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y

 

Ra = 600 mm 

Rb = 310 mm  

Rc = 350 mm  

Rd = 450 mm  

copper ring width 5 

mm,  

copper ring thickness 

2 mm 

(a) Configuration of three copper rings (b) Dimension  

Fig. 4-13. Configuration of a winding with three copper rings 

There is a gap in the single copper ring to form a current close loop. Two more copper 

rings are added to cover the gap as shown in Fig. 4-13. When transferring 3 kW through 300 mm 

air-gap at 0.1 MHz, the magnetic field distributions and the air-gap center plane magnetic flux 

densities before and after adding three copper rings are compared in Fig. 4-14. 
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(a) Magnetic field distribution 

without copper rings 

(b) Magnetic flux density along measurement 

line without copper rings 
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(c) Magnetic field distribution with 

three copper rings 

(d) Magnetic flux density along measurement 

line with three copper rings 

Legend: Btotal, Bx, By, Bz. Test conditions: operating frequency 0.1 MHz, output 

power 3 kW. TX and RX: (a)(b) no copper rings. (c)(d) three copper rings. (a)(b)(c)(d) 

4 turns CT SSW, ferrite μr = 1000, coil radius 310 mm, ferrite radius 600 mm. 

Fig. 4-14. Comparison of the air-gap magnetic field distributions and the air-gap center 

plane magnetic flux densities with and without copper rings 

 As shown in Fig. 4-14, when adding three copper rings, Bagcppk is reduced from 555.95 

μT to 520.50 μT, and Bagcppk, x is reduced from 398.47 μT to 361.39 μT by 9.3%. Due to the 

eddy current losses in the copper rings, ηcoil, max is reduced from 98.44% to 98.14%, the 

efficiency drop is not significant due to the copper ring structure. If the copper sheet was used, 

the efficiency drop will be much larger. Besides that, the leakage flux within the coil is still large, 

passive shielding technique will be developed in the next section to reduce it. 

4.4.2 Adding center cylindrical magnet to reduce the inside leakage flux 

The leakage magnetic flux path inside the coil can't be canceled by adding a copper ring 

or copper sheet due to the mutual coupling and ηcoil considerations. The magnetic material can 

be added inside to conduct the leakage flux path without reducing ηcoil. A cylindrical ferrite is 

added inside the coil as shown in Fig. 4-15 (a), dimension details are shown in Fig. 4-15 (b). 
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o

x

y

 
(a) Configuration of added cylindrical ferrite (b) Dimension 

Fig. 4-15. Configuration of a winding with three copper rings and a cylindrical ferrite 

(Ra = 600 mm, Rb = 310 mm, Rc = 350 mm, Rd = 450 mm, Re = 270 mm, 

copper ring width 5 mm, copper ring thickness 2 mm) 

When transferring 3 kW through 300 mm air-gap at 0.1 MHz, the air-gap magnetic field 

distribution and the air-gap center plane magnetic flux density along the measurement line of the 

winding with three copper rings and a cylindrical ferrite are shown in Fig. 4-16. 
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(c) Magnetic field distribution  (d) Magnetic flux density along measurement line 

Fig. 4-16. The air-gap magnetic field distribution and the air-gap center plane magnetic 

flux density of the winding with three copper rings and a cylindrical ferrite 

 As shown in Fig. 4-16, when adding three copper rings and a cylindrical ferrite, Bagcppk 

is reduced to 522.91 μT, and Bagcppk, x is reduced to 345.20 μT, and ηcoil is increased to 98.62%. 

Compared with the traditional shielding design, Bagcppk, x is reduced from 398.47 μT to 345.20 

μT by 13.4%, which is much better than the design with three copper rings. However, Bagcppk is 

still higher than the IEEE C95.1 - 2005 magnetic field safety limit 289.67 μT. In order to satisfy 

the safety limit, new magnetic shield design must be developed to further reduce the leakage flux. 
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4.5 New “I” type shielding design 

From analyzing the magnetic field strength directions around the coil, in order to achieve 

low Bagcppk and maintain a high ηcoil, the leakage flux should be confined in the coil side 

without affecting the mutual flux, the desired magnetic flux paths should follow Fig. 4-17. 

 

Fig. 4-17. The desired magnetic flux paths 

Based on the desired magnetic flux paths, an “I” type passive shield design is proposed as 

shown in Fig. 4-18.  

 
(a) Configuration of an “I” type passive shield 

o

x

y

 
(b) Dimension (Ra = 600 mm, Rf = 490 mm) 

Fig. 4-18. Configuration of “I” type passive shield  

The added magnetic material above the coil will provide the return path for the leakage 

flux without affecting the vertical mutual flux. If there is no gap at the ends of the magnetic 

shield structure above and below the winding, no vertical mutual flux will be coupled to the 

receiver. The lines of magnetic flux in the inductive WPT system is plotted in Fig. 4-19, the 

leakage flux at the end of the added center magnetic material is unavoidable. 
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Fig. 4-19. Lines of magnetic flux in the inductive WPT system 

When transferring 3 kW through 300 mm air-gap at 0.1 MHz, the air-gap magnetic field 

distribution and the air-gap center plane magnetic flux density along the measurement line of the 

winding with “I” type passive shield are shown in Fig. 4-20. 
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(a) Magnetic field distribution  (b) Magnetic flux density along measurement line 

Fig. 4-20. The air-gap magnetic field distribution and the air-gap center plane magnetic 

flux density of the winding with “I” type passive shield 

According to Fig. 4-20, compared with the conventional shielding design, Bagcppk is 

reduced from 555.95 μT to 332.51 μT, and Bagcppk, x is reduced from 398.47 μT to 240.67 μT by 

39.6%, and ηcoil is increased to 98.66%, which is slightly higher than that of the traditional 

shielding design 98.44%. More importantly, the whole air-gap magnetic field distribution is 

nearly uniform, and Bagcppk, x is lower than the IEEE C95.1 - 2005 magnetic field safety limit 

289.67 μT. Although Bagcppk is still higher than the safety limit, it can be reduced by reducing Bz. 

It should be noted that the magnetic fields below the transmitter and above the receiver are 

higher than the conventional shielding design. That means there is a magnetic field return path 

from the receiver top side to the transmitter bottom side. If the “I” type shielding design is 
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installed under the vehicle, the vehicle metal chassis may affect the power transfer efficiency. It’s 

necessary to evaluate the effects of vehicle chassis. 

Considering Bagcppk, x is lower than the safety limit, active control method can be used to 

reduce Bz, when Crx is increased from 13.92 nF to 14.25 nF, the magnetic field distribution and 

the air-gap center plane magnetic flux density when transferring 3 kW are shown in Fig. 4-21. 
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(a) Magnetic field distribution  (b) Magnetic flux density along measurement line 

Fig. 4-21. The air-gap magnetic field distribution and the air-gap center plane magnetic 

flux density when Crx = 14.25 nF 

 As shown in Fig. 4-21, as Crx increases, Bagcppk, x is increased, and Bz is reduced. 

Furthermore, Bagcppk is reduced to 287.32 μT, which is lower than the IEEE C95.1-2005 

magnetic field safety limit. However, ηcoil is reduced from 98.66% to 98.58% by 0.08%. The 

electric field distribution and electric field intensity in the air-gap center plane are also evaluated 

as shown in Fig. 4-22. 
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(a) Electric field distribution  (b) Electric field intensity along measurement line 

Fig. 4-22. The electric field distribution and the air-gap center plane electric field 

intensity when Crx = 14.25 nF 

 According to Fig. 4-22, the whole air-gap electric field intensity is lower than the IEEE 

C95.1-2005 electric field safety limit 868.32 V/m, since the electric field is confined within the 
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“I” type passive shield. There is no requirement to especially place the transmitter terminal and 

the receiver terminal. In addition, the nearly uniform air-gap magnetic field provides a large 

safety region compared to other designs. However, the proposed “I” type design requires more 

magnetic materials, which means more cost and much heavier. It should be further optimized to 

reduce the usage of magnetic materials to reduce the total mass and cost.  

4.6 Effects of vehicle metal chassis 

The main materials of the vehicle chassis are steel or aluminum. In the evaluation of the 

vehicle chassis effects, the CT circular SSW is used as baseline, a circular metal plate is used to 

emualate the chassis. The initial FEA test setup for winding with conventional shielding design 

is shown in Fig. 4-23. For the evaluation of “I” type shield, only the conventional shield will be 

replaced by the “I” type shield, other settings remain the same. 

Metal chassis 

Magnetic 
shield

rw
rf

rp

 

Fig. 4-23. FEA setup for evaluation of vehicle chassis effects 

The FEA test cases are air-core, air-core with aluminum plate, winding with magnetic 

shield and aluminum plate, and winding with magnetic shield and steel plate. The evaluation 

metrics are winding electrical parameters, coil-to-coil efficiency ηcoil, and the maximum air-gap 

transferrable power Pagm within the IEEE safety standard. Pagm is defined as the power received 

by the load plus the power consumed by the receiver. The design variable is magnetic shield 

radius rf. Metal chassis radius rp is maintained as a constant 800 mm. 4-turn CT SSW with radius 

rw = 300 mm is used as a baseline. The results are summarized in Table 4-2. 

Table 4-2. Comparison of winding electrical parameters, ηcoil, and Pagm with and without metal 

chassis and conventional magnetic shield 



257 

 Ltx [μH] Rtx [mΩ] Lrx [μH] Rrx [mΩ] M [μH] ηcoil [%] Pagm [W] 

Air-core 16.72 24.9 16.73 24.9 2.38 96.7 814.3 

W/ Alum. 16.25 24.9 9.23 34.4 0.86 89.8 467.0 

W/ Alum. + 

Ferrite #1 
23.80 28.8 22.46 30.0 3.40 97.3 570.7 

W/ Steel + 

Ferrite #1 
23.81 30.5 22.48 38.3 3.40 96.9 562.2 

W/ Ferrite #2 26.47 29.9 26.47 29.8 5.85 98.4 603.8 

W/ Alum. + 

Ferrite #2 
26.09 29.7 25.91 29.9 5.39 98.3 601.9 

W/ Steel + 

Ferrite #2 
26.09 31.0 25.92 31.8 5.39 98.2 602.2 

FEA conditions: f0 = 100 kHz, h = 300 mm, Bagcppk = 289 μT; TX = RX, rw = 300 mm, Ferrite 

μr = 1000, σ = 0.01 S/m, #1 rf = 400 mm, #2 rf = 600 mm; Aluminum (Alum.) σ = 3.8*1e7 S/m, 

rp = 800 mm; Steel σ = 1.1*1e7 S/m, rp = 800 mm. 

As shown in Table 4-2, if the air-core winding is installed under the vehicle without the 

magnetic shield, ηcoil will drop from 96.7% to 89.8% by 8.9%, and the power transfer capability 

within the safety standard drops from 814.3W to 467.0 W by 42.7%. After adding the magnetic 

shield, ηcoil can be maintained higher than the air-core winding, since it provides a flux return 

path to ensure M. When the magnetic shield is large enough, different chassis materials have a 

negligible effect on ηcoil. However, compared with air-core winding, Pagm is highly reduced 

after installed under the metal chassis. Even though adding conventional magnetic shields can 

help to improve Pagm, but it’s still lower than the air-core winding, since the magnetic field 

distribution pattern is changed, and adding ferrite shields is equivalent to adding currents that are 

the mirrored version of the original currents.  

According to the analysis in previous section, the proposed “I” type shield can improve 

Pagm by a flux return path for the leakage field. It’s necessary to evaluate the effects of metal 

chassis on the performance of the “I” type shield. The design case winding with aluminum plate 

and ferrite #2 is used as the baseline. When transferring 2 kW through 300 mm air-gap at 0.1 



258 

MHz with SS topology, the winding configurations, magnetic and electric field distributions of 

conventional shielding design and “I” type design are compared in Fig. 4-24. 
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(a) Baseline configuration (b) Baseline field distributions 
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(c) “I” shield configuration I (d) “I” shield I field distributions 
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(e) “I” shield configuration II (f) “I” shield II field distributions 

Legend: Magnetic field Btotal, Bx, By, Bz. Electric field Etotal. 

Test conditions: SS topology, f0 = 0.1 MHz, Pout = 2 kW. TX and RX: 4 turns SSW, rw = 300 

mm; ferrite μr = 1000, σ = 0.01 S/m; Ferrite and aluminum thicknesses = 5 mm. 

Fig. 4-24. Comparison of shielding configurations and field distributions 
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As shown in Fig. 4-24, the “I” type shielding structure can reduce the air-gap magnetic 

and electric fields significantly. When the inner ferrite radius rin is 400 mm, Bagcppk is reduced 

by 36.06% (from 530.34 μT to 339.12 μT), Bagcppk, x is reduced by 22.37% (from 311.73 μT to 

242.00 μT); Eagcppk is reduced by 81.45% (from 447.14 V/m to 82.96 V/m), the whole air-gap 

electric field Eag is much lower than the IEEE C95.1-2005 general public electric field safety 

limit 868.3 V//m @ 100 kHz. When rin is 500 mm, Bagcppk (282.29 μT) and Bagcppk, x (220.08 

μT) are further reduced to be lower than the IEEE C95.1-2005 general public magnetic field 

safety limit 289.7 μT @ 100 kHz; Eag also maintains much lower than the safety limit. 

The influences on winding performances for conventional magnetic shield and “I” type 

magnetic shield are compared in Table 4-3. 

Table 4-3. Comparison of winding electrical parameters, ηcoil, and Pagm for conventional 

magnetic shield and “I” type magnetic shield 

 Ltx [μH] Rtx [mΩ] Lrx [μH] Rrx [mΩ] M [μH] ηcoil [%] Pagm [W] 

Air-core 16.72 24.9 16.73 24.9 2.38 96.7 814.3 

Baseline: conventional 26.09 29.7 25.91 29.9 5.39 98.3 601.9 

“I” type 

shield 

rin = 400 mm 126.26 63.2 124.26 64.9 13.08 98.45 1470.3 

rin = 500 mm 189.92 64.0 184.26 68.3 9.38 97.78 2127.6 

According to Table 4-3, when rin is 400 mm, ηcoil is slightly increased even though more 

core losses is introduced, because M is increased instead of decreasing. That means redirecting 

the magnetic field radial component by using “I” type shielding design won’t affect the mutual 

coupling flux. However, when rin is increased to 500 mm, ηcoil is slightly reduced due to the 

reduction of mutual inductance M. When rin is close to rf, the magnetic field return path is forced 

to return from the top of the receiver side outer ferrite plate to the bottom of the transmitter side 

outer ferrite plate as presented in previous section. It’s also verified by the magnetic field below 

the bottom of the transmitter side outer ferrite plate as shown in Fig. 4-24 (f). This return path 

can’t be fully utilized due to the aluminum plate, which leads to the reduction of M and ηcoil. In 

addition, Pagm is reduced compared with previous “I” design with no aluminum plate. 
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Based on above analysis, it’s necessary to investigate the effects of different rin and rf 

combinations on ηcoil and Pagm within the IEEE C95.1-2005 field safety limits. Different rin and 

rf combinations are evaluated via FEA with given rf values and compared with the baseline 

conventional shielding designs, the FEA results are shown in Fig. 4-25. 
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(a) Baseline conventional shield configuration (b) “I” type shield configuration 
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Legend: □ air-core: rw = 300 mm, ∆ Baseline conventional design: rf = 400 mm, 500 mm, 600 

mm, * “I” type shielding design: rout = 400 mm, 500 mm, 600 mm 

FEA conditions: SS topology, f0 = 100 kHz, TX = RX (SSW), rw = 300 mm, N = 4, h = 300 

mm, Bagcppk = 289.7 μT, Ferrite: μr = 1000, σ = 0.01 S/m, Aluminum: σ = 3.8*1e7 S/m. 
Fig. 4-25. Effects of different radii combinations on Pagm and ηcoil 

According to Fig. 4-25, increasing rf of the conventional shielding design has a nearly 

negligible effect on Pagm, which is about 35% lower than the air-core winding. But ηcoil can be 

improved by increasing rf. It can also be maintained to be higher than the air-core winding ηcoil 

even with the aluminum plate. For the “I” type shielding design, Pagm first increases as rin 

increases when rin is much smaller than rf, then Pagm reduces as rin increases when rin is close to 

rf. In addition, Pagm remains nearly the same for the configurations that have same rin and same 

rw even when rf is not the same, when rin is much smaller than rf. Besides that, ηcoil reduces as 

rin increases. Therefore, rin and rf must be selected carefully in order to achieve high Pagm and 

high ηcoil simultaneously. In addition, it’s necessary to develop the power scaling laws that can 

maintain the air-gap magnetic and electric fields within the IEEE safety standard. 
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4.7 Optimization of “I” type shielding design 

According to the winding configuration analysis in chapter 2, the performance of the 

circular winding and the square winding are nearly the same when their enclosed areas are the 

same. Besides that, the most common ferrite blocks in the market are square one or rectangular 

one. Therefore, the optimization process in this section will use the square winding with “I” type 

square shielding as a baseline design. The optimization process focuses on reducing the total 

mass, while maintaining nearly the same field distributions and power transfer efficiency. The 

baseline design configuration and dimension are shown in Fig. 4-26. 
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(a) Baseline design FEA configuration 
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(b) Transmitter (or receiver) dimensions in detail 

Fig. 4-26. Illustration of baseline design FEA configuration and dimensions 

As shown in Fig. 4-26, the transfer distance is set as 300 mm. The rectangular winding 

dimensions are transformed from the circular design in previous sections based on same enclosed 

area. 3-turn SSPW is used to improve the power transfer efficiency. A rectangular aluminum 

plate (Width: 1662 mm, Length: 2426.6 mm) is used to emulate the vehicle chassis.  

When transferring 2 kW at 0.1 MHz with SP resonant compensation topology, magnetic 

and electric field distributions are shown in Fig. 4-27. 
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(a) Magnetic field distribution and B along air-gap center plane measurement line 
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(b) Electric field distribution and E along air-gap center plane measurement line 

Legend: Magnetic field Btotal, Bx, By, Bz. Electric field Etotal. 

Test conditions: SP topology, f0 = 0.1 MHz, Pout = 2 kW. TX and RX: 3 turns SSPW, aw = 

530 mm; ferrite μr = 1000, σ = 0.01 S/m; Ferrite and aluminum thicknesses = 5 mm. 

Fig. 4-27. Baseline design magnetic and electric field distributions 

 As shown in Fig. 4-27, the main benefits of the “I” type shielding design from the field 

distribution perspective are listed as follows: (1) It can provide a shorter flux return path for the 

magnetic leakage field to reduce the air-gap region magnetic field. (2) It can confine the electric 

field within the shielding structure to reduce the air-gap region electric field. The magnetic 

materials that can affect above two benefits are the materials that are adjacent to the winding. 

Therefore, a hollow “I” type shielding design is proposed as shown in Fig. 4-28. 
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Fig. 4-28. Illustration of hollow “I” type shielding design 
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 As shown in Fig. 4-28, only the ferrite close to the winding is kept, another part is 

removed. The left ferrite forms a shielding shell to provide a return path for the leakage field and 

confine the electric field within the shielding shell. The total ferrite material can be reduced by 

69.4%. When transferring 2 kW at 0.1 MHz with SP resonant compensation topology, magnetic 

and electric field distributions of the hollow “I” type shielding design are shown in Fig. 4-29. 
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(a) Magnetic field distribution and B along air-gap center plane measurement line 
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(b) Electric field distribution and E along air-gap center plane measurement line 

Legend: Magnetic field Btotal, Bx, By, Bz. Electric field Etotal. 

Test conditions: SP topology, f0 = 0.1 MHz, Pout = 2 kW. TX and RX: 3 turns SSPW, aw = 

530 mm; ferrite μr = 1000, σ = 0.01 S/m; Ferrite and aluminum thicknesses = 5 mm. 

Fig. 4-29. Field distributions of hollow “I” type shielding design magnetic and electric  

 As shown in Fig. 4-29, compared with the baseline design, Bagcppk is slightly increased 

from 325.22 μT (baseline) to 333.65 μT by 2.59%, which is nearly negligible. The location of 

Bagcppk has shifted away from the central point, and the magnetic field around the central point 

is highly reduced. Bagcppk,x is slightly increased from 256.41 μT (baseline) to 266.17 μT by 

3.81%. Eag is still far below the safety limit as the baseline design. It can be concluded that the 

proposed hollow “I” type shielding design can maintain the same field distributions as the 

baseline design, while the total required ferrite material can be reduced by 69.4%. 

 Considering that it’s very difficult to find a large ferrite piece as the proposed designs, 

square ferrite block, such as 100 mm (width) * 100 mm (length) * 5 mm (thickness), is easy for 
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manufacture. It’s necessary to investigate the effect of using ferrite block on field distributions. 

The hollow “I” type shielding design built by ferrite block is shown in Fig. 4-30. It should be 

noted that the gap between ferrite blocks should be small enough in order to maintain the mutual 

coupling. In this proposed design, the gap between ferrite blocks is set as 0.5 mm. 
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Fig. 4-30. Illustration of hollow “I” type shielding design built by ferrite block 

When transferring 2 kW at 0.1 MHz with SP compensation topology, field distributions 

of the hollow “I” type shielding design built by ferrite block are shown in Fig. 4-31. 
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(a) Magnetic field distribution and B along air-gap center plane measurement line 
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(b) Electric field distribution and E along air-gap center plane measurement line 

Legend: Magnetic field Btotal, Bx, By, Bz. Electric field Etotal. 

Test conditions: SP topology, f0 = 0.1 MHz, Pout = 2 kW. TX and RX: 3 turns SSPW, aw = 

530 mm; ferrite μr = 1000, σ = 0.01 S/m; Ferrite and aluminum thicknesses = 5 mm. 

Fig. 4-31. Field distributions of hollow “I” type shielding design built by ferrite block  



265 

 As shown in Fig. 4-31, Bagcppk is slightly increased from 325.22 μT (baseline) to 337.86 

μT by 3.89%, Bagcppk,x is slightly increased from 256.41 μT (baseline) to 273.70 μT by 6.47%. 

The air-gap region magnetic field maintains nearly the same as previous designs. However, the 

leakage field below the transmitter is increased. The electric field in the air-gap region is still far 

below the safety limit. However, the electric field close to the ferrite plate increases significantly, 

since the induced charge in the ferrite plate forms a strong electric field in the 0.5 mm gap 

between the ferrite blocks. Voltage breakdown may happen when transferring higher power.  

An aluminum plate can be added below the transmitter to shield the magnetic and electric 

fields below the transmitter. The aluminum plate size is set the same as the bottom ferrite plate. 

The field distributions after adding the aluminum plate are shown in Fig. 4-32. 
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(b) Electric field distribution and E along air-gap center plane measurement line 

Legend: Magnetic field Btotal, Bx, By, Bz. Electric field Etotal. 

Test conditions: SP topology, f0 = 0.1 MHz, Pout = 2 kW. TX and RX: 3 turns SSPW, aw = 

530 mm; ferrite μr = 1000, σ = 0.01 S/m; Ferrite and aluminum thicknesses = 5 mm. 

Fig. 4-32. Field distributions of hollow “I” type shielding design built by ferrite block after 

adding an aluminum plate below the transmitter 

 As shown in Fig. 4-32, after adding the aluminum plate below the transmitter bottom 

ferrite, the magnetic and electric fields below the transmitter is shielded by the aluminum plate. 

While the air-gap magnetic field is slightly increased. Bagcppk is increased from 325.22 μT 
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(baseline) to 341.47 μT by 5.00%, Bagcppk,x is slightly increased from 256.41 μT (baseline) to 

283.80 μT by 10.68%. Alternative method to reduce the leakage field can be used to reduce 

Bagcppk and Bagcppk, x. The air-gap electric field remains much lower the safety limit. 

 After further considering the two benefits provided by the “I” type shield, it’s not 

necessary to fully cover the winding using magnetic material to provide a flux return path for the 

leakage field. Besides that, the air-gap electric field can be maintained at low level if the air-gap 

inner magnetic material can be kept. Based on above analysis, parts of the air-gap outer magnetic 

shields, shown in Fig. 4-33, can be removed without mitigating the benefits of “I” type shield. 
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(a) FEA configuration with aluminum plate added below the transmitter bottom ferrite 
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(b) Transmitter (or receiver) dimensions in detail 

Fig. 4-33. Illustration of FEA configuration with bottom aluminum plate and hollow “I” type 

shielding design built by less ferrite block 

The aluminum plate below the transmitter bottom ferrite is kept in the FEA analysis. 

When transferring 2 kW at 0.1 MHz with SP compensation topology, magnetic and electric field 

distributions are shown in Fig. 4-34. 
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(b) Electric field distribution and E along air-gap center plane measurement line 

Legend: Magnetic field Btotal, Bx, By, Bz. Electric field Etotal. 

Test conditions: SP topology, f0 = 0.1 MHz, Pout = 2 kW. TX and RX: 3 turns SSPW, aw = 

530 mm; ferrite μr = 1000, σ = 0.01 S/m; Ferrite and aluminum thicknesses = 5 mm. 

Fig. 4-34. Field distributions of hollow “I” type shielding design built by less ferrite block 

with an aluminum plate below the transmitter bottom ferrite 

 As shown in Fig. 4-34, Bagcppk is increased from 325.22 μT (baseline) to 337.76 μT by 

3.86%, Bagcppk,x is slightly increased from 256.41 μT (baseline) to 291.07 μT by 13.52%. The 

air-gap electric field remains much lower the safety limit.  

It can be concluded that the optimized design can maintain the field distributions in the 

air-gap region even with less magnetic materials. Another concern regarding the optimized 

designs is ηcoil. The winding parameters and ηcoil are compared in Table 4-4. 

Table 4-4. Comparison of winding parameters and ηcoil for designs in optimization process 

 Ltx [μH] Rtx [mΩ] Lrx [μH] Rrx [mΩ] M [μH] ηcoil [%] Ferrite usage 

Baseline 60.04 33.3 58.88 34.0 7.97 98.66 Baseline 

Hollow “I” type design 56.96 30.2 55.86 30.6 6.70 98.56 ↓ 69.37% 

Hollow “I” type design 

built by ferrite block 
37.85 18.2 36.14 19.8 3.20 98.12 ↓ 69.37% 

Hollow “I” type design 

built by ferrite block + 

Alum. plate below TX 

36.09 20.6 35.97 20.0 2.73 97.66 ↓ 69.37% 
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Hollow “I” type design 

built by less ferrite 

block + Alum. plate 

below TX 

34.22 20.5 34.11 20.1 2.38 97.32 ↓ 73.96% 

 As shown in Table 4-4, the final Hollow “I” type design built by less ferrite block and 

aluminum plate below the transmitter botter ferrite, the ferrite usage can be reduced by 73.96%, 

while the reduction of ηcoil is only 1.34%. ηcoil can be improved by adding the number of turns 

or changing the copper tubing to high performance Litz wire. It’s a tradeoff between ferrite usage 

and ηcoil, which should be customized based on application. 

4.8 System general design methodology 

Through the FEA analysis, it can be identified that the key design variables for the “I” 

type shielding structure are the outer radius rout and the inner radius rin. Combining with the air-

core winding general design methodology for low air-gap magnetic and electric field, and high 

efficiency developed in chapter 3, the “I” type magnetic design flowchart is shown in Fig. 4-35. 

Initialize rout, rin, f0, dag, and coil parameters: rw, Ntx, Nrx, dint

Calculate coil electrical parameters, such as Ltx, Lrx, Rtx, Rrx, and M under given coil 

configuration and f0

Calculate coil Vtx, Vrx, Itx, Irx, and η under rated Pout using an equivalent circuit model

Calculate Bagcppk and Eagcppk, evaluate with the safety limits

Iterate through feasible Ntx, Nrx, dint, and rw, via looping back to step 2

Iterate through feasible f0, via looping back to step 2

Iterate through feasible dag, via looping back to step 2

Step 1

Step 2

Step 3

Step 4

Step 5

Step 7

Step 6

Choose the optimal design based on η, Bagcppk and Eagcppk, and voltage-current ratingsStep 9

Iterate through feasible rout and rin, via looping back to step 2

Step 8

 

Fig. 4-35. “I” type magnetic design flowchart for low air-gap magnetic and electric field, and 

high efficiency 
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In general, following the flowchart of “I” type magnetic design, low air-gap magnetic and 

electric field, and high efficiency designs can be found. If not, active design and other passive 

design techniques can be used. 

For a general loosely coupled inductive WPT system that can be used in various 

applications, a systematic general design methology based on conventional magnetic design is 

summarized based on the developed approaches. The design flowchart is shown in Fig. 4-36. 
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Fig. 4-36. Systematic general design flowchart for low air-gap magnetic and electric field, and 

high efficiency with conventional magnetic design 

Considering after adding the conventional magnetic shields, the air-gap magnetic field 

normally increases compared with the air-core design. Although the current manipulation, flux 

cancellation, and flux shaping techniques are very helpful to reduce the air-gap magnetic field, 

it’s possible that a design can’t be found to satisfy given goals. In this situation, “I” type 

magnetic design can be used to replace the conventional magnetic design. The design flowchart 

with “I” type magnetic design is shown in Fig. 4-37. 
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Fig. 4-37. Systematic general design flowchart for low air-gap magnetic and electric field, and 

high efficiency with “I” type magnetic design 

 Following the design flowchart for “I” type magnetic design, the design satisfying the 

low air-gap magnetic and electric field, and high efficiency goal under rated power should be 

able to find. Otherwise, alternative flux shaping technique has to be developed. 

4.9 Summary 

At the beginning, the effects of the traditional magnetic shields added below the 

transmitter and above the receiver on the air-gap magnetic field and electric field distributions 

are identified. After adding the traditional magnetic shields, Bagcppk increases, and the location 

of Bagcppk is shifted to the central point, while Eagcppk remains almost the same.  

After that, active and passive designs are developed to reduce Bagcppk. In active designs, 

SS and SP topologies are compared systematically. SP topology can achieve lower Bagcppk due 

to inherent smaller current phase difference θ. Furthermore, θ can be manipulated by tuning the 

receiver side resonant capacitor Crx to adjust the field distribution. θ can be reduced by 
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increasing Crx to reduce Bz. However, the radial direction leakage flux density Br will increase, 

which may lead to a higher Bagcppk. Anyway, Crx can be tuned to reduce Bagcppk. In the passive 

design methods, copper rings are added along the periphery of the winding to cancel the leakage 

flux in the return path outside of the winding, which can reduce Br by 9.5%. But it will also 

reduce ηcoil due to the eddy current loss in the copper ring; a cylindrical piece of magnetic 

material can be added inside the winding to conduct the path of the leakage magnetic flux, which 

can further reduce Br by 13.6% with the copper rings outside of the winding. In addition, it can 

improve ηcoil since the added center magnet material can increase the mutual inductance. 

 

In particular, an “I” type shielding structure is developed based on the desired magnetic 

flux paths. It can direct the leakage flux return path without affecting the mutual flux to reduce 

Bagcp without mitigating ηcoil. The air-gap magnetic field distribution is nearly uniform. Besides 

that, it can also confine the electric field within the shielding structure instead of decaying in the 

air-gap to achieve very low electric field in the whole air-gap region. According to the FEA 

results, the “I” type magnetic shield can reduce Br by 39.8% and achieve higher ηcoil compared 

with the conventional magnetic shield design. With active control method, when transferring 3 

kW, Bagcppk can meet the IEEE C95.1-2005 magnetic field, and the whole air-gap electric field 

intensity is much lower than the IEEE C95.1-2005 safety limit. 

For the conventional magnetic shield, if the magnetic material size is about 1.5-2 times 

larger than the winding size, the effect of the vehicle metal chassis on ηcoil are negligible. 

However, its power transfer capability Pagm within the safety limits is about 35% lower than the 

air-core winding. For the proposed “I” type shielding design, after adding the vehicle metal 

chassis, Pagm first increases as rin increases when rin is much smaller than rf, then Pagm reduces 

as rin increases when rin is close to rf. In addition, Pagm remains nearly the same for the 

configurations that have same rin and same rw even when rf is not the same, when rin is much 

smaller than rf. Besides that, ηcoil reduces as rin increases, especially when rin is much close to rf. 
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Therefore, rin and rf must be selected very carefully in order to achieve high Pagm and high ηcoil 

simultaneously. 

The optimized hollow “I” type shielding design can reduce the ferrite usage by nearly 

70%, while the field distributions are maintained nearly the same. The reduction of ηcoil is 

unavoidable. It can be improved by adding the number of turns or changing the copper tubing to 

high performance Litz wire. It’s a tradeoff between ferrite usage and ηcoil, which should be 

customized based on application. 

In the end, general design methodology for various applications is developed based on 

air-core winding, conventional magnetic design and “I” type mangetic design to achieve low air-

gap magnetic and electric field, and high efficiency under rated power. Proposed current 

manipulation, flux cancellation and flux shaping techniques are also integrated into the general 

design methodology. 
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Chapter 5 Power Scaling Laws within Safety 

Standard 

5.1 Introduction  

It’s necessary to transfer higher power level to charge an electric vehicle faster. When 

pushing to higher power level, the voltage and current limitations of the power semiconductors 

can be solved by using multiple devices in series or parallel, the thermal issues can be mitigated 

by adding cooling system, however, safety is always the first concern, which should be taken 

into consideration at the beginning. The maximum allowable transfer power of the loosely 

coupled inductive WPT system should be investigated under the magnetic field and electric field 

safety limits to understand the limitations. In this chapter, the power scalability limitations will 

be identified based on the coil enclosed area, the operating frequency, and the transfer distance. 

5.2 Air-core winding power scaling law based on feasible design 

variables 

5.2.1 Power scaling law based on winding enclosed area 

The winding configurations, such as circular winding, square winding, and rectangular 

winding as shown in Fig. 5-1, with a single turn, and same transmitter and receiver are used to 

investigate the power scaling law based on coil enclosed area. The transfer distance is set as 300 

mm, the operating frequency is chosen as 0.1 MHz.  

   
(a) Circular winding (b) Square winding (c) Rectangular winding 

Fig. 5-1. Investigated winding configurations 

During the FEA evaluation, Bagcppk is pushed to the IEEE C95.1-2005 safety limit, the 

input power Pin, the output power Pout, and ηcoil are recorded. Because of the low operating 
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frequency and low number of turns, Eagcppk will be lower than the electric field safety limit 

when Bagcppk meets the safety limit. When operating at a higher frequency or with a high 

number of turns, Eagcppk may first meet the safety limit.  

When Bagcppk meets the safety limit, Pin, Pout, ηcoil, coil enclosed area A, Pin/A, and 

Pout/A under different winding configurations are compared in Table 5-1. 

Table 5-1. Comparison of different winding configurations 

Winding dimension 
Pin 

[W] 

Pout 

[W] 

ηcoil 

[%] 

A 

[mm2] 

Pin/A 

[W/mm2] 

Pout/A 

[W/mm2] 

Radius [mm] 

500 2921 2761 94.52 785398 0.00372 0.00352 

600 4296 4100 95.44 1130973 0.00380 0.00363 

700 5996 5758 96.03 1539380 0.00390 0.00374 

800 7827 7548 96.44 2010619 0.00389 0.00375 

Width × Length 

[mm × mm] 

1064×1064 4315 4094 94.88 1132096 0.00382 0.00363 

1064×2128 8664 8316 95.98 2264192 0.00383 0.00368 

1064×2628 10350 9951 96.14 2796192 0.00371 0.00356 

 According to Table 5-1, the maximum transferable power and the coil-to-coil efficiency 

increase when the winding enclosed area increases. However, the ratio of the maximum input (or 

output) power to the coil enclosed area remains almost the same regardless or the coil shape 

when the coil enclosed area is large enough. The coil enclosed area must be increased to transfer 

higher power under given operating frequency when satisfying the IEEE C95.1-2005 standard.  

Based on the analyses in chapter 3, when the coil is large enough, Bagcppk is limited by 

the radial direction leakage magnetic flux instead of the z-direction mutual flux. One method to 

reduce the leakage flux is using the shielding techniques developed in chapter 4, however, the 

improvement is limited. Another method is reducing the required current to transfer the same 

amount of power, which can be achieved by changing the operating frequency. 
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5.2.2 Power scaling law based on operating frequency 

As the operating frequency increases, the optimal load resistance to achievable ηcoil also 

increases, which means the required currents in the transmitter and the receiver to transfer the 

same amount of power will reduce, therefore, Bagcppk can be reduced, however, Eagcppk will 

increase due to the increase of the required terminal excitation voltages. It should be noted that 

the tissue heating effect should be taken into consideration when the operating frequency is 

higher than 0.1 MHz, and the magnetic field tissue heating safety limit reduces as the operating 

frequency increases above 0.1 MHz, the magnetic field electrostimulation safety limit remains 

the same until 5 MHz, the electric field combined safety limit reduces with the operating 

frequency when operating above 1.34 MHz. 

One-turn circular coil with radii 200 mm, 400 mm, and 600 mm are evaluated with 

respect to the operating frequency from 20 kHz to 1 MHz. The transfer distance is still set as 300 

mm. The maximum allowable output power Pmo within the IEEE C95.1-2005 standard is 

simulated via FEA as shown in Fig. 5-2. 
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 Operating frequency [MHz]  Operating frequency [MHz] 

(a) Pmo w.r.t. electrostimulation limit  (b) Pmo w.r.t. tissue heating limit 

FEA test conditions: Transfer distance 300 mm. Transmitter and receiver: Number of 

turns 1, Winding radius (R) 200 mm, 400 mm, 600 mm. 

Fig. 5-2. The maximum output power Pmo through 300 mm air-gap within the IEEE 

C95.1-2005 standard under different operating frequency 

 As shown in Fig. 5-2 (a), Pmo first increases linearly with f, since Bagcppk reduces as the 

operating frequency f increases and Bagcppk first meet the magnetic field safety limit, and then 

Pmo decreases quadratically with f because Eagcppk meets the electric field safety limit. Besides 
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that, the transition frequency is not fixed, the transition frequency of a coil with a small radius is 

higher than that of a coil with a large radius, since the required excitation voltage and Eagcppk 

increase as the coil radius increase according to the analyses in chapter 2 and chapter 3. Besides 

that, it can be estimated that the transition frequency will reduce when the number of turns 

increases, because Eagcppk increases as the number of turns increases.  

When the number of turns is low, and Bagcppk first meets the magnetic field safety limit 

as the operating frequency increases, above analyses are valid. However, if the coil number of 

turns is very high, and Eagcppk first meets the electric field safety limits even at a low operating 

frequency, then the maximum transferable power under the safety standard will reduce 

quadratically as the operating frequency increases, the winding design should be optimized to 

avoid this situation. It’s a tradeoff between the magnetic field and the electric field based on the 

operating frequency to meet the electrostimulation safety limit.  

In Fig. 5-2 (b), Pmo reduces as f increases above 0.1 MHz since the tissue heating limit 

reduction rate is faster than the reduction rate of Bagcppk, it’s better to operate at 0.1 MHz to 

achieve higher output power under the electrostimulation and tissue heating safety limits. Below 

0.1 MHz, Pmo / (A × f) is equal to 0.0363 W/(mm2×MHz), 0.0326 W/(mm2×MHz), and 0.0184 

W/(mm2×MHz) with the coil radius 600 mm, 400 mm, and 200 mm, respectively, which 

provides a direction for general designs.  

Based on the analyses in previous section, when the coil enclosed area is larger than the 

area enclosed by the coil with 600 mm radius, Pout / A is relatively stable around 0.0036 ~ 

0.0037 W/mm2 under 0.1 MHz to satisfy the IEEE C95.1-2005 safety limit, therefore Pmo / (A × 

f) will be around 0.036 ~ 0.037 W/(mm2×MHz) for the coil with enclosed area larger than 

1130973 mm2 when operating under 0.1 MHz. 

5.2.3 Power scaling law based on transfer distance 

When the transfer distance is reduced, the mutual inductance will increase, which leads to 

a higher coil-to-coil efficiency. However, Bagcppk will increase due to the leakage magnetic flux, 
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Eagcppk will also increase since the air-gap center plane is much closer to the winding terminals. 

It’s necessary to evaluate the maximum allowable output power under different transfer distance 

with respect to the operating frequency to identify the effects of transfer distance. 

Two transfer distances 200 mm and 300 mm are evaluated under different operating 

frequency from 20 kHz to 1 MHz using a one-turn circular coil with radii 200 mm, 400 mm, and 

600 mm. The maximum allowable output powers Pmo of different windings within the IEEE 

C95.1-2005 standard are compared in Fig. 5-3 via FEA. 
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 Operating frequency [MHz]  Operating frequency [MHz] 

(a) Pmo w.r.t. electrostimulation limit with 

200 mm transfer distance 

(b) Pmo w.r.t. tissue heating limit with 

200 mm transfer distance 
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 Operating frequency [MHz]  Operating frequency [MHz] 

(c) Pmo w.r.t. electrostimulation limit with 

300 mm transfer distance 

(d) Pmo w.r.t. tissue heating limit with 

300 mm transfer distance 

Transmitter and receiver FEA conditions: 

number of turns 1, winding radius (R) 200 mm, 400 mm, 600 mm. 

Fig. 5-3. The maximum output power Pmo through 200 mm and 300 mm air-gap within 

the IEEE C95.1-2005 standard under different operating frequency 
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 As shown in Fig. 5-3 (a) and (c), under the electrostimulation safety limit, Pmo first 

increases linearly with f limited by Bagcppk, then decreases quadratically with f limited by the 

Eagcppk no matter the transfer distance is 200 mm or 300 mm. When the transfer distance is 

reduced, the transition frequency is also reduced due to Eagcppk, since the air-gap center plane is 

much closer to the excitation terminal, it’s possible to push to higher power level with larger 

transfer distance. According to Fig. 5-3 (b) and (d), Pmo reduces as f increases above 0.1 MHz 

since the tissue heating limit reduction rate is faster than the reduction rate of Bagcppk. When the 

transfer distance is reduced, Pmo also reduces because of the leakage magnetic flux density. It’s 

still better to operate at 0.1 MHz to transfer higher power. 

5.2.4 Theoretical maximum air-gap power under resonant condition 

The power scaling law with respect individual design variables are developed in previous 

section. In this section, the analytical relationship between air-gap maximum transferrable power 

Pagm and air-gap center plane test point magnetic field Hagcp will be developed under SS 

resonant condition. This can give a physical reference about the power limitation under given 

field level, although Pagm can be slightly improved by phase manipulation method. 

The planar circular spiral winding (PCSW) is used as an initial example in the analysis. 

Its configuration and transformer based equivalent models are shown in Fig. 5-4. 
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(a) Winding configuration (c) Equivalent transformer “T” model 

Fig. 5-4. Winding configuration and equivalent transformer models 

Assuming the transmitter and the receiver are the same, the relationship between Hagcp at 

test point Q and the winding excitation currents is  
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Hagcp = coefxz (Ntx 
→
Itx + Nrx 

→
Irx)                                          (5.1) 

where, coefx = 
1

π
 

x z

2α2βρ2 [ ](rw
2  + s2)E(k2) – α2K(k2)  , coefz = 

1

π
 

1

2α2β
 [ ](rw

2  – s2)E(k2) + α2K(k2) , 

coefxz = coef x
2

 + coef z
2, ρ2 = x2 + y2, s2 = ρ2 + z2, α2 = s2 + rw

2  – 2rwρ, β2 = s2 + rw
2  + 2rwρ, k2 

= 1 – α2/β2. Ntx and Nrx are the number of turns of the transmitter and the receiver, respectively. 

K(k2) and E(k2) are the complete elliptic integrals of the first and second kind, respectively. z = 

Ztx = Zrx = h/2, h is the transfer distance, rw is winding radius. 

 When Q is the central point P, coefxz can be simplified as 

coefxz = 
1

2
 

rw
2

(z2 + rw
2)3/2                                                  (5.2) 

It’s easy to find that coefxz will reduce if z increases or rw increases. 
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 (a) System equivalent circuit model with SS topology based on transformer model 
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 (b) System equivalent circuit model with SS topology based on transformer “T” model 
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(c) Simplified system equivalent circuit model under resonant condition 

Fig. 5-5. System equivalent circuit models 

The system equivalent circuit model compensated with SS topology are shown in Fig. 5-5 

(a). In order to simplify the calculation, the transformer “T” model can be used to analyze the 

current and voltage relationships as shown in Fig. 5-5 (b). The equivalent circuit can be further 
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simplified to Fig. 5-5 (c), because the self-inductance terms (Ltx and Lrx) and the compensation 

capacitor terms (Ctx and Crx) can be canceled under resonant condition 

ω0Ltx = 
1

ω0Ctx
 , ω0Lrx = 

1

ω0Crx
                                            (5.3) 

where, ω0 = 2πf0, f0 is the operating frequency. 

 From Fig. 5-5 (c), the current ratio can be calculated 

Itx

Irx
  = 

Rrx + RL

jω0M
                                                        (5.4) 

Substituting (5.4) into (5.1), Hagcp can be expressed by Irx as 

 Hagcp
2  = Irx

2  coefxz
2  









Ntx
2  

(Rrx + RL)2

ω0
2M2  + Nrx

2                              (5.5) 

The power transferred through the air-gap can be calculated by the power received by the 

load plus the power consumed by the receiver as 

Pag = 
1

2
 Irx

2  (Rrx + RL)                                               (5.6) 

Combining (5.5) and (5.6), the relationship between Pag and Hagcp can be found 

Pag = 
Irx

2  (Rrx + RL)

2
  = 

Hagcp
2

2 coefxz
2  









Ntx
2  

Rrx + RL

ω0
2M2  + 

Nrx
2

Rrx + RL

                  (5.7) 

The maximum air-gap transferrable power Pagm can be achieved when 

Nrx
2

Rrx + RL
 = Ntx

2  
Rrx + RL

 ω0
2 M2  , RL = ω0 M 

Nrx

Ntx
  – Rrx                           (5.8) 

Therefore, Pagm can be calculated by 

Pagm = 
1

2
 
Hagcp

2

coefxz
2  

ω0M

2NtxNrx
 = 

π

2
 

1

coefxz
2  

M

 NtxNrx
 f0 Hagcp

2                           (5.9) 

The air-gap power density Pagm/Vag can be calculated by 

Pagm

Vag
 = 

1

2πrw
2h

 
Hagcp

2

coefxz
2  

ω0M

2NtxNrx
 = 

1

2rw
2h

 
1

coefxz
2  

M

 NtxNrx
 f0 Hagcp

2               (5.10) 
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According to (5.9), within given magnetic field strength Hagcp, Pagm is proportional to 

geometric term (1/coefxz)2, equivalent mutual inductance M/(Ntx Nrx), and operating frequency 

f0. The geometric term (1/coefxz)2 increases as the winding radius rw increases or the transfer 

distance h increases. For given winding configuration and transfer distance, (1/coefxz)2 can be 

treated as a constant value. Therefore, the evaluation will be with respect to M/(Ntx Nrx) and f0. 

For the PCSW, when Ntx, Nrx or dint changes, M and M/(Ntx Nrx) are calculated 

analytically and compared with FEA results as shown in Fig. 5-6. 
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Fig. 5-6. Effects of Ntx, Ntx, and dint on M and M/(Ntx Ntx) 

As shown in Fig. 5-6 (a) and (b), the analytical and FEA results match with each other 

very well. When N increases, M increases, but M/(NtxNrx) reduces, which suggests that Pagm can 

achieve higher value when Ntx = Nrx = 1 for PCSW.  

According to Fig. 5-6 (c) and (d), when dint reduces, M and M/(NtxNrx) increase. 

However, for the PCSW, dint cannot be reduced to zero. Either Ntx or Nrx increases, M will 
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increase, but M/(NtxNrx) reduces. That means increasing the number of turns will lead to lower 

Pagm, although it can improve ηcoil. Therefore, in order to ensure Pagm, alternative winding 

configurations that can achieve equal diameter per turn and low proximity effect loss, such as 

SSW, should be used to maintain the same M/(NtxNrx) and ηcoil. M, M/(NtxNrx), ηcoil and Pagm 

FEA results of the PCSW and the SSW are compared in Fig. 5-7. 
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FEA results: PCSW, SSW 

Test conditions:  

f0 = 100 kHz, TX = RX,  

rw = 300 mm, h = 300 mm; 

PCSW dint = 13.525 mm; 

SSW rcs = 20 mm; 

Hagcppk = 163 2 A/m. 
 N  N 

(d) ηcoil w.r.t. N (e) Pagm w.r.t. N 

Fig. 5-7. Comparison of the PCSW and the SSW 

As shown in Fig. 5-7, when N increases, compared with the PCSW, the SSW can achieve 

higher M due to equal diameter per turn and lower ESR due to reduced proximity effect. Both 

lead to higher ηcoil. In addition, the SSW maintains almost the same M/(NtxNrx) and Pagm, which 

also shows that increasing N will not improve Pagm. Therefore, using N = 1 is enough to evaluate 

the power scalability limitation. According to the analysis in chapter 3, Eagcppk is much lower 

than the electric field safety limit at low operating frequency, such as 0.1 MHz, when N = 1, so 

Hagcppk is the power scalability limitation. 

Due to the tissue heating issue, H safety limit reduces above 100 kHz, and E safety limit 

reduces above 1.34 MHz. Pagm is calculated with respect to operating frequency f0 and winding 

radius rw as shown in Fig. 5-8 (a) considering the general public exposure magnetic field electro-
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stimulation limit Hes below 100 kHz and tissue heating limit Hth above 100 kHz. The analytical 

result is compared with the FEA result in Fig. 5-8 (b). 
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Analytical result:  

Hagcppk = min [Hes, Hth],  
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FEA result:  
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Ntx = Nrx = 1 
 f0 [kHz] rw [m]  rw [m] 
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Fig. 5-8. Effects of operating frequency f0 and winding radius rw on Pagm 

As shown in Fig. 5-8 (a), below 100 kHz, Pagm increases with f0, since the required 

excitation currents reduce as f0 increases. Above 100 kHz, Pagm reduces as f0 increases due to 

the tissue heating safety limit. Therefore, it’s recommended to operate at 100 kHz from the IEEE 

safety standard perspective. When rw increases, Pagm following the whole air-gap center plane 

safety requirement is lower than Pagm satisfying the safety limit at central point P, which is 

verified by the FEA result as shown in Fig. 5-8 (b), because the location of Hagcppk is shifted 

away from point P due to the leakage field. 

The relationship between Pagm/Vag and rw at 100 kHz within specific magnetic field limit 

is calculated and compared with the FEA result as shown in Fig. 5-9. 
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Fig. 5-9. Relationship between Pagm/Vag and rw at 100 kHz 
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As shown in Fig. 5-9, when the air-core winding rw is higher than 0.26 m, the location of 

Hagcppk begins to shift away from the central point. When rw increases, Pagm/Vag first reduces in 

section I due to the reduction of the air-gap geometry coefficient coefag = 
1

rw
2  h

 
1

 coefxz
2  . Then 

Pagm/Vag increases in section II due to the increase of the mutual inductance coefficient coefM =  

M

Ntx Nrx
. At the end, Pagm/Vag reduces in section III due to the magnetic leakage field. Section I 

and section II analysis can be verified by the calculation of coefag and coefM for the special case 

at air-gap central point P as shown in Fig. 5-10. 
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Fig. 5-10. Analysis of coefag and coefM 

 As shown in Fig. 5-10, when rw increases, coefag keeps reducing, while coefM keeps 

increasing. The reduction of coefag can be compensated by the increase of coefM. 

In summary, compared with PCSW, SSW can maintain the equivalent mutual inductance 

even when the number of turns is increased. SSW ηcoil can be improved by increasing the 

number of turns without degrading Pagm. For air-core winding design, the winding size must be 

increased to improve Pagm. Flux shaping techniques can be used to improve Pagm without 

increasing the winding size. After adding conventional magnetic shield, Pagm will be reduced 

due to mirrored currents. The proposed “I” type shielding design can improve Pagm without 

mitigating ηcoil, and achieve higher Pagm than the air-core winding. 

5.3  “I” type shielding design power scaling law 

Before developing high power inductive WPT design with “I” type shielding structure, 

it’s necessary to identify the relationship between the transferrable power level within the safety 

standard and the “I” type shielding design dimensions.  
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According to previous analysis, when transferring power at 100 kHz, the air-gap 

magnetic field is the limitation to push to higher power level. In the FEA analysis, the power 

transferred through the air-gap is assigned as Pagm when Bagcppk meets the IEEE safety limit. A 

4-turn circular SSW is used as a baseline. The design variables are winding radius rw, 

conventional magnetic shield radius rf, “I” type magnetic shield inner radius rin and outer radius 

rout. The winding configurations and Pagm are compared in Fig. 5-11. 
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(f) Magnetic designs Pagm within IEEE C95.1-

2005 safety standard w.r.t. r 

FEA conditions: SS topology, TX = RX, f0 = 100 kHz, h = 300 mm, Bagcppk, lim = 289 μT, 

Eagcppk, lim = 868.3 V/m; Ferrite: μr = 1000, σ = 0.01 S/m; Aluminum: σ = 3.8*1e7 S/m. 

(d) Ntx = Nrx = 1, FEA, Analytical. (e) N = 4; □ air-core: rw = 300 [mm]; ∆ Conventional 

design: rf = 400, 500, 600 [mm]; * “I” design: rout = 400, 500, 600 [mm]. (f) N = 4; □ air-core: 

rw = 300, 400 [mm]; * “I” design: rout = 600 [mm], rw = 300, 400 [mm]. 

Fig. 5-11. Comparison of winding configurations and Pagm within safety standard 

 As shown in Fig. 5-11 (d), as rw increases, the increase rate of Pagm changes from 

quadratic to linear. According to Fig. 5-11 (e), increasing rf of the conventional magnetic design 
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has a nearly negligible effect on Pagm, which is about 35% lower than the air-core winding. 

However, the “I” type magnetic design can achieve the same Pagm when rin is close to winding 

radius rw. Besides that, Pagm can be increased linearly as rin increases when rin is much smaller 

than rout. The “I” type magnetic design provides an access to achieve higher Pagm, even though 

Pagm reduces as rin increases when rin is close to rf, it’s still higher than the air-core winding. 

From Fig. 5-11 (f), it can be concluded that when rin isn’t very close to rout, the “I” type 

magnetic design Pagm increases linearly as rin increases based on the power capability of air-core 

winding. The increase rate can be obtained easily by only using two FEA cases with different rin 

values. It should also be noted that the maximum size of the “I” type magnetic design is still 

limited by feasible design area beneath the vehicle. Considering that using a larger winding is 

inherently beneficial to ensure Pagm and ηcoil even under misaligned operating conditions, it’s 

recommended to maintain rin close to rw, and leave enough margin between rin and rout. 

 A 3kW design is used to analyze the thermal distribution and check whether additional 

cooling technique is required. According to the FEA results in Fig. 5-11 (f), in order to satisfy 

the IEEE C95.1 – 2005 magnetic and electric field safety limits, the winding and “I” type 

shielding parameters can be selected as listed in Table 5-2. 

Table 5-2. A 3kW design winding and “I” type shielding parameters 

Winding radius 400 mm “I” design inner radius  520 mm “I” design outer radius  600 mm 

Number of turns 4 Aluminum plate radius 800 mm Plate thickness 5 mm 

 The FEA test setup and loss ditributions are shown in Fig. 5-12. 

 

Output power: 3035.41 W. 

Transmitter: Pcopper = 37.24 W, Pferrite = 

2.53 W. Receiver: Pcopper = 33.68 W, 

Pferrite = 1.98 W. Aluminum plate: P = 

5.91 W. Coil-to-coil efficiency: 97.39%. 

(a) A 3kW design FEA test setup (b) Loss distributions 

Fig. 5-12. A 3kW design FEA test setup and loss distributions 
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According to Fig. 5-12(b), the ferrite loss is very small, theoretically the temperature 

increase of ferrite shield should be very small. While the winding copper loss is a relatively 

bigger concern. The temperature increase of the winding can be calculated by 

∆T = 
Q

hA
                                                            (5.11) 

Where Q is the power loss (W), h is the heat transfer coefficient (W/(m2×°C)), A is winding 

surface area (m2). 

In the 3kW design, A can be calculated approximately as 4 × π × 9.525 mm × π × 800 

mm = 0.3 m2. Typical air heat transfer coefficient h = 10 – 100 W/(m2×°C). If forced air-cooling 

technique is used, h should be selected as 100 W/(m2×°C). If no additional cooling technique is 

used as in this design example, h can be picked as 10 W/(m2×°C). Then the transmitter winding 

temperature increase due to copper loss can be calculated as 37.24/10/0.3 °C = 12.4 °C. 

Steady-state thermal distribution is simulated via Ansys workbench. The FEA setup and 

simulation results are shown in Fig. 5-13. The initial temperature is set as 22 °C, the convention 

coefficient is set as 10 W/(m2×°C). 

  

(a) Thermal analysis FEA setup (b) System thermal distribution 

  
(c) Winding temperature distribution (d) Ferrite temperature distribution  

Fig. 5-13. Steady-state thermal distribution FEA setup and simulation results (Unit: °C) 

 According to Fig. 5-13 (b) and (c), the peak temperature is located in the winding instead 

of the ferrite shielding. Based on Fig. 5-13 (c), the winding temperature increase due to copper 

loss is 12.582 °C, which is nearly the same as the analytical calculation result 12.4 °C. As shown 
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in Fig. 5-13 (d), the ferrite shielding temperature increase is only 1.685 °C, which won’t affect 

the performance of the ferrite material. Besides that, considering the low magnetic field around 

the winding, the ferrite material won’t be saturated. Therefore, the performance of the ferrite 

material, such as permability and permittivity, would remain nearly the same during operation. 

 In order to find a suitable power level for EV inductive charging, the battery capacity 

data of full-electric, plugin hybrids, and non-plug-in hybrids are summarized in Table 5-3 [257]. 

Table 5-3. Summary of battery capacity 

Vehicle 

types 
Vehicle 

Capacity 

[kWh] 
Vehicle 

Capacity 

[kWh] 
Vehicle 

Capacity 

[kWh] 

Full-

electric 

Addax MT 10-15 
Hyundai Kona 

Electric 
39.2-64 Renault Twizy 6 

Audi e-tron 95 
Hyundai Ioniq 

Electric 
28 Renault Zoe 

22 (2012), 

41 (2016) 

BMW i3 22-33 Kia Soul EV 27 
Smart electric 

drive II 
16.5 

BYD e6 60-82 Kia Niro EV 39.2-64 
Smart electric 

drive III 
17.6 

Chevrolet Bolt / 

Opel Ampera-e 
60 Jaguar I-Pace 90 Tesla Model S 60-100 

Citroen C-Zero / 

Peugeot iOn  

14 (2011) / 

16 (2012) 
Nissan Leaf I 24-30 Tesla Model X 60-100 

Fiat 500e 24 Nissan Leaf II 24-60 Tesla Model 3 50-70 

Ford Focus 

Electric 

23 (2012), 

33.5 (2018) 

Mitsubishi i-

MIEV 
16 Toyota RAV4 EV 

27.4 (1997), 

41.8 (2012) 

Honda Clarity 

(2018) 
25.5 

Renault Fluence 

Z.E. 
22 

Volkswagen e-

Golf Mk7 
24-36 

Plugin 

hybrids 

Audi A3 e-tron 8.8 Hyundai Ioniq 8.9 Toyota Prius III 4.4 

Audi Q7 e-tron 17 Kia Niro 8.9 Toyota Prius IV 8.8 

BMW i8 7 
Koenigsegg 

Regera 
4.5 

Volkswagen Golf 

GTE 
8.8 

BMW 2 Series 

Active Tourer 

225xe 

6.0 
BMW 330e 

iPerformance 
7.6 

BMW 530e 

iPerformance 
9.2 

BMW X5 

xDrive40e 
9.0 

Honda Accord 

PHEV (2013) 
6.7 

Honda Clarity 

PHEV (2018) 
17 

Chevrolet Volt 16-18 
Volkswagen 

Passat GTE 
9.9 Volkswagen XL1 5.5 

Ford Fusion II / 

Ford C-Max II 

Energi 

7.6 

Mitsubishi 

Outlander 

PHEV 

12 
Porsche 918 

Spyder 
6.8 
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Fisker Karma 20 Volvo V60 11.2   

Non-

plugin 

hybrids 

Chevrolet 

Malibu (2016) 
1.5 

Ford Fusion II / 

Ford C-Max II 
1.4 

Hyundai Ioniq 

Hybrid 
1.56 

Kia Niro 1.56 Lexus CT 200h 1.3 Lexus NX 300h 1.6 

Toyota Prius II 1.3 Toyota Prius III 1.3 
Toyota Prius C / 

Toyota Yaris 

Hybrid 
0.9 

Toyota Camry 

Hybrid (2012) 
1.6     

 According to Table 5-3, the majority of the battery capacity is less than 60 kWh, which is 

enough for daily life, not for long distance travel. A 10-kW charging system should be enough 

for charging the battery overnight to full state-of-charge. 

2426.6 mm 1
6
6
2
 m

m

 

Fig. 5-14. Comparison of winding configurations and Pagm within safety standard 

 A tesla model S is used as a baseline to identify the feasible design space. The space 

among four wheels (Length 2426.6 mm, Width 1662 mm), as shown in, is selected as the 

feasible design space. The design space can be transformed in a circle with radius 1133.03 mm to 

have the enclosed area. It’s easy to find that the circular shape winding is not a good choice 

compared with the rectangular shape, which can achieve larger enclosed area and be located 

within the design space. According to previous analysis, if the enclosed areas are the same, the 

circular winding and the rectangular winding have nearly the same field distributions and power 

transfer efficiency. Therefore, previous power scaling laws are applicable to rectangular winding. 
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(a) Baseline design FEA configuration 
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(b) Transmitter (or receiver) configuration in detail 

Aluminum plate: length (L) 2426.6 mm × width (W) 1662 mm. Transmitter = Receiver. 

Winding: L 1810 mm × W 1310 mm. Outer ferrite plate: L 2400 mm × W 1600 mm. Middle 

ferrite: L 1700 mm × W 1200 mm. Inner ferrite plate: L 2000 mm × W 1400 mm. 

Fig. 5-15. Illustration of initial design FEA configuration and dimensions 

In the initial design, the aluminum plate to emulate the vehicle chassis is set the same as 

the design space (Length (L) 2426.6 mm × Width (W) 1662 mm). The “I” type design outer 

ferrite is set as L 2400 mm × W 1600 mm to leave some space for package and installation. The 

winding size should be smaller than the outer radius and leave enough space to provide a 

magnetic field return path. It’s chosen as L 1810 mm × W 1310 mm, which has the same 

enclosed area as the circular winding with radius 868.76 mm. If the air-core winding is used, 9 

kW could be transferred while maintaining the air-gap magnetic and electric fields lower than the 

IEEE safety limits based on Fig. 5-11 (d). The inner ferrite is selected as L 2000 mm × W 1400 

mm to fully cover the winding, but still leave some space for the mutual coupling magnetic flux 

return path. The winding configuration is presented in Fig. 5-15. The transmitter and the receiver 

are set as the same initially. The initial design dimensions are summarized in Table 5-4. A 3-turn 

SSPW is used to ensure the coil-to-coil power transfer efficiency.  

Table 5-4. Summary of initial design dimensions (Unit: mm) 

Aluminum plate TX outer ferrite TX inner ferrite RX outer ferrite RX outer ferrite Winding 

L W L W L W L W L W L W 

2426.6 1662 2400 1600 2000 1400 2400 1600 2000 1400 1810 1310 
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When transferring power at 100 kHz using SS topology, Bagcppk is pushed to IEEE C95.1 

safety limit 289 μT to identify Pagm. The winding parameters, power capability and loss 

distributions are summarized in Table 5-5.  

Table 5-5. Summary of initial design parameters, power capability and loss distributions 

Ltx [μH] Rtx [mΩ] Lrx [μH] Rrx [mΩ] M [μH] ηcoil [%] Pagm [W] Pin [W] Pout [W] 

143.74 121.2 135.85 128.1 25.85 98.48 9171.05 9246.02 9105.21 

Ploss, tx, copper [W] Ploss, tx, ferrite [W] Ploss, rx, copper [W] Ploss, rx, ferrite [W] Ploss, alum. [W] 

57.87 6.17 53.19 4.13 18.32 

 The corresponding field distributions are shown in Fig. 5-16. 
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Legend: Magnetic field Btotal, Bx, By, Bz. Electric field Etotal. 

Fig. 5-16. Field distributions when the initial design transferring Pagm = 9171.05 W 

 As shown in Fig. 5-16, Bagcppk is still fundamentally limited by the leakage field, the 

power transfer capability can be improved by optimizing the “I” type shield dimensions to 

provide a return path for the leakage field. In this case, SS topology is beneficial to achieve 

higher Pagm. The whole air-gap electric field still maintains much lower than the safety limit. 

In order to transfer above 10 kW, the “I” type design is optimized to reduce the leakage 

field. Considering the receiver side is limited by the area beneath the vehicle, there’s less room to 

modify the receiver side design. The transmitter side is placed on the ground, so it can be slightly 

increased to provide enough space for magnetic field return path. The optimized design 

dimensions are summarized and compared with the initial design in Table 5-6.  
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Table 5-6. Summary of initial and optimized design dimensions (Unit: mm) 

Aluminum plate TX outer ferrite TX inner ferrite RX outer ferrite RX outer ferrite Winding 

L W L W L W L W L W L W 

Initial design dimensions 

2426.6 1662 2400 1600 2000 1400 2400 1600 2000 1400 1810 1310 

Optimized design dimensions 

2426.6 1662 2400 1700 1950 1400 2400 1660 1950 1400 1810 1310 

When transferring power at 100 kHz using SS topology, Bagcppk is also pushed to IEEE 

C95.1 safety limit 289 μT to identify Pagm. The winding parameters, power capability and loss 

distributions are summarized in Table 5-7.  

Table 5-7. Summary of initial design parameters, power capability and loss distributions 

Ltx [μH] Rtx [mΩ] Lrx [μH] Rrx [mΩ] M [μH] ηcoil [%] Pagm [W] Pin [W] Pout [W] 

140.23 125.5 134.22 130.7 30.67 98.68 10451.04 10520.96 10382.04 

Ploss, tx, copper [W] Ploss, tx, ferrite [W] Ploss, rx, copper [W] Ploss, rx, ferrite [W] Ploss, alum. [W] 

56.84 5.81 52.84 4.10 18.06 

 From Table 5-7, it can be seen that above 10 kW output power (10382.04 W) is achieved. 

The corresponding field distributions are shown in Fig. 5-17. 

x

z

o
P

B [μT]

600

360
240
120
0

480

 

B
ag

cp
 [

μ
T

] 

0 0.4 0.8 1.2 1.6 2
0

100

200

300

 

Bagcppk: 

289.00 μT 

Bagcppk,x: 

286.52 μT 

 Distance [m]  

E [V/m]

800

480
320
160
0

640

x

z

o
P

 

E
ag

cp
 [

V
/m

] 

-2 -1.5 -1 -0.5 0 0.5 1 1.5 2
0

100

200

300

 

Eagcppk: 

239.29 V/m 

 Distance [m]  

Legend: Magnetic field Btotal, Bx, By, Bz. Electric field Etotal. 

Fig. 5-17. Field distributions when the optimized design transferring Pagm = 10451.04 W 
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As shown in Fig. 5-17, the optimized design magnetic field below the transmitter is 

highly reduced, compared with the initial design. The improvement of Pagm is brought by the 

additional region for the magnetic flux return path provided by the enlarged transmitter outer 

ferrite. The whole air-gap electric field is still maintained much lower than the safety limit. 

Another concern regarding high power WPT is the thermal distribution. Due to the large 

size of proposed design, thermal FEA can’t be done due to out of memory error. But from the 

loss distribution analysis in Table 5-7, the magnet material loss is very small, since the magnetic 

field in the ferrite material is much lower than the saturation flux density 0.5 T. Therefore, the 

temperature increase in the ferrite due to core loss can be neglected. 

The temperature increase of the winding can be calculated by 

∆T = 
Q

hA
                                                            (5.12) 

Where Q is the power loss (W), h is the heat transfer coefficient (W/(m2×°C)), A is winding 

surface area (m2). 

In the optimized design, A can be calculated approximately as 6 × π × 9.525 mm × 2 × 

(1810 + 1310) mm = 1.12 m2. Typical air heat transfer coefficient h = 10 – 100 W/(m2×°C). If 

forced air-cooling technique is used, h should be selected as 100 W/(m2×°C). If no additional 

cooling technique is used as in this design example, h should be picked as 10 W/(m2×°C). 

Considering the copper loss in each winding is less than 60 W, the temperature increase due to 

copper loss is lower than 60/10/1.12 K = 5.4 °C. Therefore, following the developed power 

scaling law within safety standard, no additional cooling technique is required. 

5.4 Summary 

At the beginning, the power scaling laws are investigated based on the coil enclosed area, 

the operating frequency f0, and the transfer distance for air-core winding. With the IEEE C95.1-

2005 magnetic field and electric field safety limits, the maximum allowable transfer power Pm 

increases when the coil enclosed area increases. The ratio of Pm to the coil enclosed area is 



294 

nearly the same for circular, square, and rectangular winding configurations. Under the 

electrostimulation safety limit for coils with low number of turns, when f0 increases, Pm first 

increases limited by the magnetic field safety limit, then decreases limited by the electric field 

safety limit. The transition frequency reduces when the coil radius and the number of turns 

increase due to the increase of required terminal excitation voltage, and the transfer distance 

reduces due to the coil terminal electric field. Pm can be pushed to a higher power level when the 

coil radius increases, the transfer distance increases, and the number of turns reduces. Under the 

tissue heating safety limit for coils with a low number of turns, since the reduction rate of 

Bagcppk is lower than the reduction rate of the tissue heating safety limit, Pm is always limited by 

the magnetic field safety limit as f0 increases. 100 kHz is a recommended operating frequency to 

transfer higher power due to magnetic field tissue heating safety limit. 

After that, theoretical Pagm is derived under resonant condition. Pagm is proportional to 

the equivalent mutual inductance M/(Ntx Nrx) and f0. In PCSW, increasing the number of turns 

leads to the reduction of M/(Ntx Nrx) and lower Pagm. While SSW can maintain the same M/(Ntx 

Nrx), which provides an access to improve the power transfer efficiency without degrading Pagm. 

At the end, the power scaling law for “I” type shield is developed. Compared with air-

core winding, the conventional magnetic design can reduce Pagm about 35%. While the “I” type 

magnetic design can achieve the same Pagm as air-core winding when rin is close to winding 

radius rw. Besides that, Pagm can be increased linearly as rin increases when rin is much smaller 

than rout. The “I” type magnetic design provides an access to achieve higher Pagm. The “I” type 

magnetic design Pagm increases linearly as rin increases based on the power capability of air-core 

winding. The increase rate can be obtained easily by only two FEA cases with different rin. A 10 

kW design example is developed and optimized based on proposed power scaling law. 

Additional cooling techniques are not necessary for the magnetic part developed based on 

proposed power scaling law. The winding temperature increase is less than 5.4 °C, and the ferrite 

temperature increase is negligible. 
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Chapter 6 Active Tuning Methods for 

Operation under Misalignment 

6.1 Introduction 

Misalignment is unavoidable in WPT systems. It will cause a change of magnetic and 

electric field distributions, and the reduction of coupling factor and power transfer efficiency. In 

this chapter, the effects of misalignment on winding parameters, power transfer efficiency, and 

reactive power will be first analyzed. Then the limitations of conventional active tuning method 

will be identified. After that, low loss active tuning methods will be developed. In the end, active 

compensation designs to manipulate the field distribution will be developed. 

6.2 Performance analysis under misalignment operation 

According to the efficiency experimental test results under lateral and angular misaligned 

conditions in chapter 3, the efficiency reduction due to angular misalignment is less than 0.5%, 

which is very small compared with 2% efficiency reduction due to lateral misalignment. 

Therefore, this chapter will mainly focus on the lateral misalignment. 

The FEA configurations for the conventional magnetic design and “I” type magnetic 

design under no misaligned condition are shown in Fig. 6-1. The aluminum plate is used to 

emulate the effects of vehicle chassis. A 4-turn SSW is selected as the winding. The transmitter 

and the receiver are set as the same. During the evaluation of lateral misalignment, both the 

receiver and the aluminum plate are shifted laterally. 

z

o x
rw

rout

Aluminum plate
ralum = 800 mm

 

z

o x
rw

rin

rout

Aluminum plate ralum = 800 mm

 
(a) Conventional magnetic design (b) “I” type magnetic design 

FEA conditions: rout = 600 mm, f0 = 100 kHz, dag = 300 mm, ralum = 800 mm. TX = RX, N = 4, 

rw = 300 mm. Ferrite: μr = 1000, σ = 0.01 S/, Aluminum: σ = 3.8*1e7 S/m 

Fig. 6-1. FEA configurations of conventional and “I” type magnetic designs 



296 

When the lateral misalignment is 200 mm, the change of winding parameters for both 

designs is compared in Fig. 6-2. 
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Ferrite: μr = 1000, σ = 0.01 S/, Aluminum: σ = 

3.8*1e7 S/m.  
 rin [mm] 

(c) ∆Rtx w.r.t. rin 

Fig. 6-2. Effects of lateral misalignment on winding parameters 

 As shown in Fig. 6-2, the variation of self-inductances and winding resistances for both 

magnetic designs are relatively small, which may affect the resonant operating frequency. But 

more attention should be paid to the reduction of M, which leads to the reduction of ηcoil. 

Although the reduction of M can be reduced by using “I” type shielding design as rin increases, it 

may be not true for ηcoil, because it’s the absolute value that matters. The absolute values of Ltx, 

Rtx, M, and ηcoil are compared in Fig. 6-3. 
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No misalignment, Lateral misalignment: 200 mm. □ Conv. Shielding, * “I” type shielding. 

FEA conditions: rout = 600 mm, f0 = 100 kHz, dag = 300 mm, ralum = 800 mm. TX = RX, N = 

4, rw = 300 mm. Ferrite: μr = 1000, σ = 0.01 S/, Aluminum: σ = 3.8*1e7 S/m.  

Fig. 6-3. Effects of lateral misalignment on winding parameters and coil-to-coil efficiency 

 As shown in Fig. 6-3, the self-inductance, winding resistance and mutual inductance of 

the “I” type magnetic design are all higher than the conventional magnetic design, even under 

lateral misaligned condition. However, ηcoil of the “I” type design is only higher than that of the 

conventional design within certain range of rin (rin < 480mm). Out of this range, the increase of 

M can’t compensate the increase of ESR, which leads to the reduction of efficiency factor 

ω2M2/(RtxRrx) and ηcoil. It should also be noted that the reduction of coil-to-coil power transfer 

efficiency due to lateral misalignment can’t be compensated by any circuit topologies or resonant 

compensation techniques. The efficiency reduction that can be compensated is the power 

conversion efficiency, such as DC-to-AC inverter efficiency, and AC-to-DC rectifier efficiency. 

 Compared with SS topology, the inherent smaller current phase difference of SP topology 

is beneficial to improve Pagm within the safety limits without mitigating ηcoil. ηcoil and Pagm of 

SS and SP topologies under no misalignment are compared in Fig. 6-4. 
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Fig. 6-4. Comparison of ηcoil and Pagm for SS and SP topologies under no misalignment 

 As shown in Fig. 6-4, SP topology has the same ηcoil as SS topology. While SP topology 

has higher Pagm for both conventional design and “I” type design. In most of the magnetic 

designs for indutive WPT, Bagcppk is dominated by Bz, not the leakage field Br, smaller current 

phase difference topologies, such as SP topology, is beneficial to achieve higher Pagm. 

 On the other hand, reactive power during misaligned operation is unavoidable for all 

compensation topologies. It can be caused by the compensation techniques or the migration of 

winding parameters. SP topology is taken as an example to analyze the reactive power. The 

circuit topology, and waveforms under aligned and misaligned conditions are shown in Fig. 6-5. 

In order to simplify the analysis, only M is reduced from aligned operating condition to 

misaligned operating condition, all other parameters are remained the same. 
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(b) Waveforms under aligned condition 

 
(c) Waveforms under misaligned condition 

(a) SP compensated circuit topology M1&M4 G, M2&M3 G, Current I 

Fig. 6-5. SP circuit topology and waveforms under aligned and misaligned conditions 
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As shown in Fig. 6-5, under no misalignment operation, zero-voltage soft switching is 

achieved, and the turn-on current is very close to zero; MOSFET turn-on loss can be neglected, 

its conduction loss and turn-off loss will contribute the inverter total loss. However, current 

phase lag is introduced during misaligned condition. After M2 and M3 are turned off, and before 

current I reaches zero (or after M1 and M4 are turned off, and before I reaches zero), I will go 

back to the power supply or the DC link capacitor, which will also lead to the increase of 

MOSFET turn-off loss. This part of reactive power will not be transferred to the receiver side, 

the power transfer capability under the same input voltage will be reduced. In addition, the 

reactive power will reduce the capacitor life and affect the performance of the power supply. 

The power module switching loss events corresponding to current polarity and gate 

signals are summarized in Table 6-1. 

Table 6-1. Summary of switching loss events corresponding to current polarity and gate signals 

Circuit 

configuration 
Current 

Polarity 

G + G – D + D – 

Initial 

State 

Final 

State 

Loss 

Mode 

Initial 

State 

Final 

State 

Loss 

Mode 

Loss 

Mode 

Loss 

Mode 

G +

I +

G –

D +

D –

+

–

Vdc

 

+ 0 1 Eon 0 0 0 0 Err 

+ 1 0 Eoff 0 0 0 0 0 

+ 0 0 0 0 1 0 0 0 

+ 0 0 0 1 0 0 0 0 

– 0 1 0 0 0 0 0 0 

– 1 0 0 0 0 0 0 0 

– 0 0 0 0 1 Eon Err 0 

– 0 0 0 1 0 Eoff 0 0 

 As shown in Table 6-1, when zero-voltage switching is achieved, only Eoff needs to be 

considered for power inverter switching loss.  

In the PLECS simulation, SiC MOSFET C2M0025120D is used for the high frequency 

inverter. Only winding loss and inverter loss are evaluated during the simulation. Resonant 

capacitor and rectifier losses are not included, since they can always be optimized, and it’s not 
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easy to give a good baseline. C2M0025120D model was created by Cree with switching loss and 

conduction loss under different operating temperature and current [258]. Its turn-on loss, turn-off 

loss, and conduction loss are shown in Fig. 6-6. The initial ambient temperature was set at 25 °C. 

  
(a) C2M0025120D turn-on loss (b) C2M0025120D conduction loss 

  

(c) C2M0025120D turn-off loss (d) C2M0025120D body diode conduction loss 

Fig. 6-6. C2M0025120D switching loss and conduction loss, and its body diode conduction loss 

 The winding parameters and compensation capacitors are summarized in Table 6-2. 

Table 6-2. Summary of winding parameters and compensation capacitors 

Ltx [μH] Rtx [mΩ] Lrx [μH] Rrx [mΩ] M [μH] Ctx [nF] Crx [nF] Rload [Ω] 

26.09 29.7 25.91 29.9 5.39 104.44 97.75 63.25 

 The input voltage Vin is set as 116.57 V to ensure that the power delivered to the load 

Pout is 3 kW. For SP topology, under misaligned condition, M will reduce, which leads the 

reduction of input impedance. Then Pout will be higher than 3 kW. The loss distribution will also 

change. In order to do a fair comparison, the switching loss energy is calculated in Watts using 

moving average. The averaging time is 1 ms, and the buffer size is 1024. Under no misalignment 

condition, the waveforms and loss distribution are presented in Fig. 6-7. The coil-to-coil 
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efficiency ηcoil is calculated by Pout divided by Pout plus winding losses. The DC-to-DC 

efficiency ηdc is simplified as Pout divided by Pout plus winding losses and inverter losses. 

  
M1&M4 G, M2&M3 G, Current I [A] Input current Iin [A] 

M = 5.39μH, Vin = 116.57V, Pout = 3000W, ηcoil = 98.20%, ηdc = 96.40% 

Winding loss: Ptx = 26.80W, Prx = 28.07W.  

Inverter loss (each module): Pcondution_M = 13.80W, Pswitch_M = 0.19W, Pcondution_D = 0.28W. 

Fig. 6-7. Waveforms and loss distributions under aligned condition 

As shown in Fig. 6-7, conduction loss is the dominant term of MOSFET losses, switching 

loss is very low compared with the conduction loss due to soft switching. The negative input 

current Iin is the reactive current charging back to the capacitor. It is caused by the PWM dead 

time, which is acceptable and can be further reduced by reducing the PWM dead time. 

Assuming M is reduced by 30% to 3.78 μH under misaligned condition, the waveforms 

and loss distribution are shown in Fig. 6-8. 

  
M1&M4 G, M2&M3 G, Current I [A] Input current Iin [A] 

M = 3.78μH, Vin = 116.57V, Pout = 4878.8W (↑ 62.6%), ηcoil = 97.33%, ηdc = 93.25% 

Winding loss: Ptx = 88.50W (↑ 230.2%), Prx = 45.46W (↑ 62.0%).  

Inverter loss (each module): Pcondution_M = 51.07W (↑ 270.1%), Pswitch_M = 1.28W (↑ 

573.7%), Pcondution_D = 2.01W (↑ 617.9%). 

Fig. 6-8. Waveforms and loss distributions under misaligned condition 
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As shown in Fig. 6-8, under the misaligned condition, Pout is increased due to the 

reduction of input impedance. ηcoil is reduced by 0.87%. ηdc is reduced by 3.15%, one part is 

caused by the reduction of ηcoil, another part is caused by the increase of transmitter winding 

loss and MOSFET losses, especially the conduction loss. From the loss distribution analysis, the 

increase percentage of Prx is almost the same as the increase percentage of Pout. Therefore, Prx 

won’t bring the reduction of ηcoil or ηdc. However, the increase percentages of Ptx and inverter 

loss components are much higher due to the reactive power. Compared with aligned condition, 

the negative Iin charging back to the capacitor is increased significantly under misalignment. 

Through simulation, it’s identified that the current phase lag under misaligned condition 

can be pulled back by reducing the transmitter side resonant compensation capacitor Ctx. Active 

tuning methods have been developed to tune Ctx. The limitations of conventional active tuning 

methods will be investigated in next section. 

6.3 Limitations of conventional active tuning methods 

Additional tunable capacitor can be added in series with Ctx to reduce the total equivalent 

transmitter side compensation capacitance. There are mainly two ways to tune the capacitance as 

shown in Fig. 6-9. Adding multiple discrete bulky capacitors in parallel can’t tune the effective 

capacitance Ceff continuously. In addition, the conduction loss in the switching devices will 

reduce the power transfer efficiency. While using the switch-controlled capacitor (SCC) can tune 

Ceff continuously. The circuit is much simpler. The only concern is the additional loss.  

C

C1 C2

G1 G2

 

C G

 
(a) Adding discrete capacitors in parallel (b) Switch-controlled capacitor 

Fig. 6-9. Circuit topologies to tune capacitance 
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Assuming the input current Ieff is a sinusoidal wave I0 sin(ω0t). The effective capacitance 

Ceff can be manipulated by tuning α. The SCC circuit topology and operation waveforms are 

presented in Fig. 6-10.  

C G
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Ieff
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Ceff

 

Ieff

G

Vc

π 2πα

Ieff = I0 sin(ω0t) 

0
ω0t 

 
(a) SCC topology (b) Waveforms 

Fig. 6-10. SCC circuit topology and operation waveforms 

When G is on, C will be shorted, Vc = 0, Ic = 0. When G is off, Ic = Ieff. When G is off 

and Ieff is positive, C will be charged. When G is off and Ieff is negative, C will be discharged. 

The effective capacitance Ceff can be calculated as [194] 

Ceff = 
π C

π – α + sin(α)cos(α)
                                              (6.1) 

In order to achieve low switching loss, G should always be turned on when Ieff is 

negative to avoid turn-on loss. In addition, α should be close to π to achieve low turn-off loss. 

This conventional capacitor tuning method can be concluded as α → π method. 

The system circuit topology with capacitor active tuning part is shown in Fig. 6-11. When 

M0 duty cycle is 100%, C0 is shorted, Ceq = Ctx. When M0 duty cycle is α/π, the transmitter side 

equivalent compensation capacitance Ceq = Ceff Ctx / (Ceff + Ctx). It should be noted that Ceq 

should be smaller than Ctx in order to correct the current phase lag during misaligned condition. 
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Fig. 6-11. System circuit topology with active tuning capacitor 

Reducing α in feasible steps can limit M1 turn-on current I within a given range (e.g. [– 

4A, – 1A]). If I ∈ [– 4A, – 1A], then α = π, M0 duty cycle = 100%. If I < – 4A, then α = π – 

π/1000, M0 duty cycle = α / π (Step π/1000 is a configurable parameter based on requirement). It 

should also be noted that the control angle α is aligned with current Ieff, which is the transmitter 

excitation current I in the system. Although I is very close to a sinusoidal wave, it’s not practical 

to lock M0 gate signal G with current I, especially when there is current phase delay during 

misaligned operating condition. 

The last thing is selecting the initial value of C0 to achieve low Eoff of M0 and low 

voltage stress across C0 simultaneously. Assume that Ceq = 0.9 Ctx under misaligned condition, 

it’s easy to get Ceff = 9 Ctx based on Ceq = Ceff Ctx / (Ceff + Ctx). Following the conventional α 

→ π capacitor active tuning method, α is selected as higher than 
8π

9
 . According to (6.1), Ceff =  

C0 * π

π – α + sin(α)cos(α)
 = 9 Ctx > 

C0*π

0.0277
 , therefore C0 < 0.08 Ctx. In addition, C0 can’t be too small 

to avoid very high voltage Vc_amp across M0 and C0. Vc_amp can be calculated by 

Vc_amp = 
1

C0
 

t=tα

tπ

 I0 sin(ω0t) dt = 
I0

C0
 






– cos(π)

ω0
 – 

– cos(α)

ω0
 = 

I0

C0
 
1 + cos(α)

ω0
          (6.2) 

In the end, C0 is selected as 0.06 Ctx in the PLECS simulation. The MOSFET for C0 

active tuning circuit is the same as the inverter SiC MOSFET. During the simulation, before 0.01 

s, M0 duty cycle is set as 100%, C0 is shorted by M0. After 0.01 s, the active tuning circuit 
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begins to work, M0 duty cycle is adjusted to tune Ceq online to reduce the current phase lag. The 

waveforms and loss distribution are shown in Fig. 6-12. 

  
M1&M4 G, M2&M3 G, Current I [A] Input current Iin [A] 

(a) Waveforms before capacitor active tuning 

 
(b) Waveforms during capacitor active tuning (M1&M4 G, M2&M3 G, Current I [A]) 

  
M1&M4 G, M2&M3 G, Current I [A] Input current Iin [A] 

(c) Waveforms after capacitor active tuning 

  
VC0, M0 G, Current I through G [A] VC0, M0 G, Current I through G [A] 

(d) SCC circuit waveforms before and after capacitor active tuning 
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Before C0 active tuning (baseline): 

M = 3.78μH, Vin = 116.57V, Pout = 4768.2W, ηcoil = 97.33%, ηdc = 91.77% 

Winding loss: Ptx = 86.47W, Prx = 44.42W.  

Inverter loss (each module): Pcondution_M = 48.5W, Pswitch_M = 1.23W, Pcondution_D = 1.96W. 

M0 loss: Pcondution_M = 87.0W, Pswitch = 0W, Pcondution_D = 2.15W. 

After C0 active tuning: 

M = 3.78μH, Vin = 116.57V, Pout = 5740.5W (↑ 20.4%), ηcoil = 97.33%, ηdc = 91.70% (↓ 0.07 

%) 

Winding loss: Ptx = 104.23W (↑ 20.5%), Prx = 53.45W (↑ 20.3%).  

Inverter loss (each module): Pcondution_M = 64.0W (↑ 32.0%), Pswitch_M = 0.46W (↓ 62.6%), 

Pcondution_D = 0.43W (↓ 78.1%). 

M0 loss: Pcondution_M = 117.2W (↑ 34.7%), Pswitch = 0W, Pcondution_D = 6.78W (↑ 215.3%). 

Fig. 6-12. Waveforms and loss distributions with conventional α → π capacitor active tuning 

technique under misaligned condition 

As shown in Fig. 6-12 (b), the conventional α → π capacitor active tuning method can 

pull the current phase delay back to reduce the reactive power and improve Pout by 20.4%. The 

negative current I charging back to the DC link capacitor is highly reduced. The conduction loss 

in all power modules is the dominant term. The conduction loss of M0 is nearly 2 times the 

conduction loss of each module in the inverter, which leads to the reduction of ηdc, even before 

the active tuning of C0. The voltage stress across C0 and the required current rating, shown in 

Fig. 6-12(d), demonstrates that conventional capacitor active tuning method is practical for high 

power operation. After C0 active tuning, the increase of winding losses is close to the increase of 

Pout. Inverter switching loss and body diode conduction loss can be reduced by more than 60% 

even with higher Pout. However, ηdc is further reduced due to the increase of power module 

conduction loss. Therefore, low conduction loss active tuning method must be developed to 

ensure ηdc. Besides that, new gate signal generation method for active tuning technique is 

necessary to implement this technique easily without degrading the performance. 

6.4 Low loss active tuning method 

6.4.1 Low loss capacitor active tuning method 

In order to maintain low conduction loss for M0, the conduction period of M0 should be 

very small. In addition, the current goes through the device should be close to zero during the 
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switching event to maintain low switching loss. The device should be turned on when the current 

is negative to achieve zero-voltage soft switching. α → 0 capacitor active tuning method can be 

used to achieve above goals simultaneously. The waveforms are shown in Fig. 6-13. 

C G

Ieff

Ieff

+

–

Vc

Ic

Ceff

 

I

M0 G

VC0

π 2πα

I = I0 sin(ω0t) 

0
 

(a) SCC topology (b) Waveforms 

Fig. 6-13. SCC circuit topology and α → 0 tuning method operation waveforms 

In conventional α → π tuning method, when α increases, the conduction loss will increase 

due to the increase of conduction time, and the switching loss will reduce due to the reduction of 

switching current. However, in α → 0 tuning method, when α increases, both conduction and 

switching losses will increase. Therefore, the initial tunable capacitor value should be selected 

very carefully to achieve low conduction loss and low switching loss simultaneously. 

If the SCC gate signal M0 G generation method is locked with the current phase, it’s 

relatively easy to implement when there is no misalignment, since current zero-crossing events 

are almost the same as the inverter gate signal switching events, as shown in Fig. 6-14 (b). 

However, during misaligned condition, M0 G must be phase shifted due to current phase delay, 

as shown in Fig. 6-14 (c), which increases the implementation difficulty. In order to make it easy 

for implementation, M0 G is proposed to be aligned with the inverter gate signal M1&M4 G， 

instead of the current zero-crossing event, as shown in Fig. 6-14 (d). 
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(a) SCC topology (b) Waveforms under aligned condition  

M0 G

VC0

π 2π0  

M0 G

VC0

π 2π0  

(c) Waveforms under misaligned condition 

(Initial α → 0 method: M0 G based on I) 

(d) Waveforms under misaligned condition 

(Improved α → 0 method: M0 G based on 

M1&M4 G) 

Fig. 6-14. SCC topology and operation waveforms under aligned and misaligned conditions 

 Compared with the initial α → 0 tuning method, the improved α → 0 tuning method has 

slightly longer charging time for the switch-controlled capacitor C, which is equivalent to reduce 

the effective capacitance Ceff. This property can bring automatic impedance correction for 

transmitter side compensation network during misaligned operation condition.  

 The next thing is determining C0 initial value. In order to achieve low conduction of M0 

over the whole operating range, C0 can’t be shorted by M0 anytime. Therefore, the original Ctx 

must be adjusted to provide the required compensation during aligned condition. Ctx is increased 

to 2Ctx = 
2

(1 – k2) Ltx ω0
2 . If M0 duty cycle is 0, then the minimum transmitter side resonant 

compensation capacitance Ceq, min can be calculated as Ceq, min = 
C0*2Ctx

 C0 + 2Ctx
 . Assume Ceq, min = 

0.95 Ctx is enough to compensate operation under misaligned condition, C0 is chosen as 1.8 Ctx. 

The system circuit topology, related waveforms and loss distribution are shown in Fig. 6-15. 
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(a) System circuit topology 

  
M1&M4 G, M2&M3 G, Current I [A] Input current Iin [A] 

(b) Waveforms before capacitor active tuning 

 
(c) Waveforms during capacitor active tuning (M1&M4 G, M2&M3 G, Current I [A]) 

  
M1&M4 G, M2&M3 G, Current I [A] Input current Iin [A] 

(d) Waveforms after capacitor active tuning 
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VC0, M0 G, Current I through G [A] VC0, M0 G, Current I through G [A] 

(e) SCC circuit waveforms before and after capacitor active tuning 

Before C0 active tuning (Improved α → 0 method) (baseline): 

M = 3.78μH, Vin = 116.57V, Pout = 5428.9W, ηcoil = 97.33%, ηdc = 93.20% 

Winding loss: Ptx = 98.45W, Prx = 50.58W.  

Inverter loss (each module): Pcondution_M = 57.8W, Pswitch_M = 0.66W, Pcondution_D = 1.06W. 

M0 loss: Pcondution_M = 4.46W, Pswitch = 0.25W, Pcondution_D = 2.99W. 

After C0 active tuning (Improved α → 0 method): 

M = 3.78μH, Vin = 116.57V, Pout = 5738.4W (↑ 5.7%), ηcoil = 97.33%, ηdc = 93.07% (↓ 

0.03%) 

Winding loss: Ptx = 104.06W (↑ 5.7%), Prx = 53.47W (↑ 5.7%).  

Inverter loss (each module): Pcondution_M = 65.5W (↑ 13.3%), Pswitch_M = 0.39W (↓ 40.9%), 

Pcondution_D = 0.49W (↓ 53.8%). 

M0 loss: Pcondution_M = 2.36W (↓ 47.1%), Pswitch = 0.17W (↓ 32.0%), Pcondution_D = 4.09W (↑ 

36.8%). 

Fig. 6-15. Waveforms and loss distributions with improved α → 0 capacitor active tuning 

technique under misaligned condition 

 Compared with conventional α → π method, the improved α → 0 method can inherently 

correct the current phase delay and reduce the reactive power, as shown in Fig. 6-15 (b). Before 

C0 active tuning, Pout is increased from 4768.2 W of the conventional α → π method to 5428.9 

W of the improved α → 0 method. After C0 active tuning, Pout is further improved. Besides that, 

M0 conduction loss is reduced significantly in the whole operating range compared with the 

conventional α → π method. That leads to an increase of ηdc. 

 The loss distribution and efficiency under aligned and misaligned conditions for capacitor 

active tuning method are summarized in Table 6-3. 
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Table 6-3. Summary of loss distribution and efficiency for capacitor active tuning techniques 

Inverter loss (each module) Winding loss Output power & efficiency 

Under aligned condition  

Pcondution_M [W] Pswitch_M [W] Pcondution_D [W] Ptx [W] Prx [W] Pout [W] ηcoil [%] ηdc [%] 

13.80 0.19 0.28 26.80 28.07 3000 98.20 96.40 

Under misaligned condition (No regulation) 

Pcondution_M [W] Pswitch_M [W] Pcondution_D [W] Ptx [W] Prx [W] Pout [W] ηcoil [%] ηdc [%] 

51.07 1.28 2.01 88.50 45.46 4878.8 97.33 93.25 

Under misaligned condition (Before C0 active tuning: conventional α → π method) 

Pcondution_M [W] Pswitch_M [W] Pcondution_D [W] Ptx [W] Prx [W] Pout [W] ηcoil [%] ηdc [%] 

48.5 1.23 1.96 86.47 44.42 4768.2 97.33 91.77 

M0  Pcondution_M = 87.0W Pswitch = 0W Pcondution_D = 2.15W  

Under misaligned condition (After C0 active tuning: conventional α → π method) 

Pcondution_M [W] Pswitch_M [W] Pcondution_D [W] Ptx [W] Prx [W] Pout [W] ηcoil [%] ηdc [%] 

64.0 0.46 0.43 104.23 53.45 5740.5 97.33 91.70 

M0  Pcondution_M = 117.2W Pswitch = 0W Pcondution_D = 6.78W  

Under misaligned condition (Before C0 active tuning: improved α → 0 method) 

Pcondution_M [W] Pswitch_M [W] Pcondution_D [W] Ptx [W] Prx [W] Pout [W] ηcoil [%] ηdc [%] 

57.8 0.66 1.06 98.45 50.58 5428.9 97.33 93.20 

M0  Pcondution_M = 4.46W Pswitch = 0.25W Pcondution_D = 2.99W  

Under misaligned condition (After C0 active tuning: improved α → 0 method) 

Pcondution_M [W] Pswitch_M [W] Pcondution_D [W] Ptx [W] Prx [W] Pout [W] ηcoil [%] ηdc [%] 

65.5 0.39 0.49 104.06 53.47 5738.4 97.33 93.07 

M0  Pcondution_M = 2.36W Pswitch = 0.17W Pcondution_D = 4.09W  

 From Table 6-3, it’s easy to find that the improved α → 0 capacitor tuning method can 

maintain high output power and reduce the reactive power during misaligned condition with a 

very small sacrifice of the power transfer efficiency. Its automatic tuning property due to special 

designed gate signal generation technique can inherently maintain low reactive power even 

before the active tuning of the switched capacitor. 

6.4.2 Low loss inductor active tuning method 

The reliability of the capacitor active tuning method is affected by the switched capacitor 

voltage and current ratings under high operating frequency. If the inductor can be used in the 

active tuning circuit, there is no need to worry about the device reliability. The switch-controlled 

inductor (SCI) circuit topology and operation waveforms are shown in Fig. 6-16. 
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(a) SCI topology (b) Waveforms 

Fig. 6-16. SCI circuit topology and operation waveforms 

Different from SCC, SCI is driven by a voltage source instead of a current source. In 

addition, an additional diode is necessary to avoid the inductor current IL0 going negative. 

Otherwise, the effective inductance Leff can’t be manipulated. Conventional SCI switch gate 

signal M0 G is aligned with the applied voltage VLeff. When M0 is turned on with positive 

VLeff, the inductor L0 will be charged, and it will be discharged when VLeff goes negative. When 

M0 is turned off, there is no current going through L0. The control angle α should be close to π to 

ensure low switching loss, low conduction loss can also be achieved at the same time. Leff can be 

calculated as [194] 

Leff = 
π L0

π – α + sin(α)cos(α)
                                              (6.3) 

Double checking the SP compensated system topology, the voltage of Ctx can be treated 

as a sinusoidal voltage source. Therefore, the SCI circuit can be added in parallel with Ctx, as 

shown in Fig. 6-17 (a). It should be noted that the voltage VLeff across Ctx is lagging the current 

I 90-degree. Under aligned condition, M0 can be turned off, as shown in Fig. 6-17 (b). However, 

there will be current phase delay when operating under misaligned condition, that will also lead 

to VLeff phase delay. Using conventional M0 gate signal generation method is not practical.  
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(a) SP compensated system topology with SCI circuit 

M1&M4 G

M2&M3 G

Current I

VCtx (VLeff)

M0 G

IL0

π 2π0 π/2 3π/2
 

M1&M4 G

M2&M3 G

Current I

VCtx (VLeff)

M0 G

IL0

π 2π0 π/2 3π/2
 

(b) Waveforms under aligned condition (b) Waveforms under misaligned condition 

Fig. 6-17. SP compensated system topology with SCI circuit and its operation waveforms 

 Instead of locking M0 G signal with VLeff, M0 G can be aligned with M1&M4 G with 

90-degree phase shift, as shown in Fig. 6-17 (c). This M0 G generation method also has the 

automatic phase correction property as the improved α → 0 capacitor tuning method. α tuning 

method for SCI circuit can still be based on M1 turn-on current as the method used for capacitor 

active tuning control. 

Another thing left is the selection of L0 initial value. The transmitter side compensation 

capacitance Ctx can be calculated as 

 jω0Ceq = jω0Ctx + 
1

jω0Leff
                                                  (6.4) 

Ceq = Ctx – 
1

ω0
2 Leff

 = Ctx – 
π – α + sin(α)cos(α)

 ω0
2 π L0

                             (6.5) 

Assume Ceq = 0.95Ctx and α = 
8π

9
 is enough for active tuning during misalignment, Ctx = 

104.44 nF, then L0 = 4.27 μH.  
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Waveforms and loss distribution under misaligned condition are shown in Fig. 6-18. 

  
M1&M4 G, M2&M3 G, Current I [A] Input current Iin [A] 

(a) Waveforms before inductor active tuning 

 
(b) Waveforms during inductor active tuning (M1&M4 G, M2&M3 G, Current I [A]) 

  
M1&M4 G, M2&M3 G, Current I [A] Input current Iin [A] 

(c) Waveforms after inductor active tuning 

  

  
VM0, M0 G, Current I through G [A] VM0, M0 G, Current I through G [A] 

(d) SCI circuit waveforms before and after inductor active tuning 
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Before L0 active tuning (Improved α → π method): 

M = 3.78μH, Vin = 116.57V, Pout = 4879.5W, ηcoil = 97.33%, ηdc = 93.35% 

Winding loss: Ptx = 88.50W, Prx = 45.45W.  

Inverter loss (each module): Pcondution_M = 50.0W, Pswitch_M = 1.28W, Pcondution_D = 

2.02W. 

M0 loss: Pcondution_M = 0W, Pswitch = 0W, Pcondution_D = 0W. 

After L0 active tuning (Improved α → π method): 

M = 3.78μH, Vin = 116.57V, Pout = 5767.5W (↑ 18.2%), ηcoil = 97.33%, ηdc = 93.16% (↓ 

0.19%) 

Winding loss: Ptx = 104.65W (↑ 18.2%), Prx = 53.73W (↑ 18.2%).  

Inverter loss (each module): Pcondution_M = 67.5W (↑ 35.0%), Pswitch_M = 0.48W (↓ 62.5%), 

Pcondution_D = 0.47W (↓ 76.7%). 

M0 loss: Pcondution_M = 0.87W, Pswitch = 0W, Pcondution_D = 0W. 

Fig. 6-18. Waveforms and loss distributions with improved α → π inductor active tuning 

technique under misaligned condition 

As shown in Fig. 6-18, the improved α → π inductor active tuning can maintain very low 

condition and switching losses of M0 over the whole operating range. Pout can be improved by 

18.2% after L0 active tuning with the sacrifice of 0.19% ηdc. The inverter switching loss can by 

reduced by more than 60% even within higher Pout. However, its conduction loss is the dominant 

term, which leads to the reduction of ηdc. According to voltage and current rating requirements 

from Fig. 6-18 (d), there is no worry for device voltage breakdown. 

The loss distribution and efficiency under aligned and misaligned conditions for both 

capacitor and inductor active tuning techniques are summarized in Table 6-4. 

Table 6-4. Summary of loss distribution and efficiency for active tuning techniques 

Inverter loss (each module) Winding loss Output power & efficiency 

Under aligned condition  

Pcondution_M [W] Pswitch_M [W] Pcondution_D [W] Ptx [W] Prx [W] Pout [W] ηcoil [%] ηdc [%] 

13.80 0.19 0.28 26.80 28.07 3000 98.20 96.40 

Under misaligned condition (No regulation) 

Pcondution_M [W] Pswitch_M [W] Pcondution_D [W] Ptx [W] Prx [W] Pout [W] ηcoil [%] ηdc [%] 

51.07 1.28 2.01 88.50 45.46 4878.8 97.33 93.25 

Under misaligned condition (Before C0 active tuning: conventional α → π method) 

Pcondution_M [W] Pswitch_M [W] Pcondution_D [W] Ptx [W] Prx [W] Pout [W] ηcoil [%] ηdc [%] 

48.5 1.23 1.96 86.47 44.42 4768.2 97.33 91.77 

M0  Pcondution_M = 87.0W Pswitch = 0W Pcondution_D = 2.15W  

Under misaligned condition (After C0 active tuning: conventional α → π method) 
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Pcondution_M [W] Pswitch_M [W] Pcondution_D [W] Ptx [W] Prx [W] Pout [W] ηcoil [%] ηdc [%] 

64.0 0.46 0.43 104.23 53.45 5740.5 97.33 91.70 

M0  Pcondution_M = 117.2W Pswitch = 0W Pcondution_D = 6.78W  

Under misaligned condition (Before C0 active tuning: improved α → 0 method) 

Pcondution_M [W] Pswitch_M [W] Pcondution_D [W] Ptx [W] Prx [W] Pout [W] ηcoil [%] ηdc [%] 

57.8 0.66 1.06 98.45 50.58 5428.9 97.33 93.20 

M0  Pcondution_M = 4.46W Pswitch = 0.25W Pcondution_D = 2.99W  

Under misaligned condition (After C0 active tuning: improved α → 0 method) 

Pcondution_M [W] Pswitch_M [W] Pcondution_D [W] Ptx [W] Prx [W] Pout [W] ηcoil [%] ηdc [%] 

65.5 0.39 0.49 104.06 53.47 5738.4 97.33 93.07 

M0  Pcondution_M = 2.36W Pswitch = 0.17W Pcondution_D = 4.09W  

Under misaligned condition (Before L0 active tuning: improved α → π method) 

Pcondution_M [W] Pswitch_M [W] Pcondution_D [W] Ptx [W] Prx [W] Pout [W] ηcoil [%] ηdc [%] 

50.0 1.28 2.02 88.50 45.45 4879.5 97.33 93.35 

M0  Pcondution_M = 0W Pswitch = 0W Pcondution_D = 0W  

Under misaligned condition (After L0 active tuning: improved α → π method) 

Pcondution_M [W] Pswitch_M [W] Pcondution_D [W] Ptx [W] Prx [W] Pout [W] ηcoil [%] ηdc [%] 

67.5 0.48 0.47 104.65 53.73 5767.5 97.33 93.16 

M0  Pcondution_M = 0.87W Pswitch = 0W Pcondution_D = 0W  

In summary, improved capacitor and inductor active tuning techniques can reduce the 

reactive power and improve the output power capacity significantly with very little sacrifice of 

ηdc. Besides that, the improved α → 0 capacitor active tuning method can automatically correct 

the current phase delay to reduce the reactive power. It should be noted that ηcoil maintains the 

same under misaligned condition with and without the proposed active tuning methods.  

Compared with aligned condition, the transmitter and receiver winding loss ratio is 

increased with and without active tuning methods during misaligned condition, because the 

transmitter current has to be increased to achieve the same amount of output power due to the 

reduction of mutual coupling. The increase of transmitter current leads to the increase of 

transmitter side magnetic field. According to chapter 4 section 3, the magnetic field distribution 

can be tuned by adjusting the current phase difference, which will lead to the reduction of power 

transfer efficiency. The limitation of the phase manipulation method has not been evaluated 

quantatively. In addition, the root cause for the reduction of power transfer efficiency has not 

been identified. Besides that, it’s beneficial to develop a compensation topology that can adjust 
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the transmitter and receiver current ratio and current phase difference to manipulate the air-gap 

magnetic field distribution without degrading the power transfer efficiency. 

6.5 Active compensation design method to manipulate field 

distribution 

A parallel resonant compensation circuit with resistive load, shown in Fig. 6-19 (a), can 

be transformed into the series one, shown in Fig. 6-19 (b). 

L

C R

 

L Ceq

Req

 

Leq

Req

 
(a) Parallel resonant circuit (b) Equivalent series circuit (c) Simplified circuit 

Fig. 6-19. Parallel resonant compensation circuit and its equivalent series version 

Assuming the resonant angular frequency is ω0, the relationship between L and C is 

ω0
2LC = 1, then the relationship between parallel resonant circuit and equivalent series version is 

Req = 
R

1 + ω0
2C2R2 , Ceq = C + 

1

ω0
2CR2  = C + ∆C, ∆C = 

1

ω0
2CR2                    (6.6) 

From above expression, it’s easy to find that the parallel resonant circuit is equivalent to 

increase C by ∆C of the conventional LC series resonant circuit. In addition, increasing C in the 

parallel LC resonant circuit is equivalent to increase C in the series LC resonant circuit. This can 

also explain that increasing the receiver side resonant compensation capacitor Crx in SP topology 

is equivalent to increasing Crx in SS topology. Besides that, the inherent smaller current phase 

difference of SP topology can also be achieved by SS topology through increasing Crx by ∆C 

with little sacrifice of the coil-to-coil efficiency ηcoil. The equivalent impedance Zeq of the 

equivalent series version shown in Fig. 6-19 (b) can be calculated as 

Zeq = jω0L + 
1

jω0(C + ∆C)
 + Req = jω0 

L∆C

C + ∆C
 + Req = jω0Leq + Req             (6.7) 

Where Leq = 
L∆C

C + ∆C
 = 

L

1 + ω0
2C2R2. 
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Therefore, the equivalent series version shown in Fig. 6-19 (b) can be further simplified 

into Fig. 6-19 (c) under resonant operating frequency.  

If Crx is increased by δCrx and the variation of M is ∆M, inductive WPT system with 

series and parallel resonant compensated receivers under resonant operating frequency f0 can be 

simplied into Fig. 6-20 using transformer T-model.  
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(a) Series compensated receiver topology 
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(b) Simplified series compensated receiver topology 
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(c) Parallel compensated receiver topology 
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(d) Simplified parallel compensated receiver topology 

Fig. 6-20. Series and parallel compensated receiver topologies using transformer T-model 

Assuming that the loads RLss and RLsp are the optimal loads for maximum ηcoil. 

RLss = Rrx
2  + 

Rrx

Rtx
 ω0

2 M2 , RLsp = 
Rtx ω0

4
 Lrx

4

Rrx M
2
 ω0

2
 + Rtx Rrx

2
 
                  (6.8) 
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The equivalent parameters RLsp_eq in SP topology can be calculated 

RLsp_eq = 
RLsp

1 + ω0
2(Crx + δCrx)2RLsp

2                                       (6.9) 

In SS topology, ∆Lrxss is caused by the increase of Crx and can be calculated as 

∆Lrxss = 
Lrx δCrx

Crx + δCrx
                                                    (6.10) 

In SP topology, ∆Lrxsp is caused by the increase of Crx and the transformation from SP 

topology to SS topology, ∆Lrxsp_eq can be calculated as 

∆Lrxsp_eq = 
1 + ω0

2 RLsp
2  (Crx + δCrx) δCrx

1 + ω0
2 RLsp

2  (Crx + δCrx)2  Lrx                                     (6.11) 

∆Lrxsp_eq = 








1 – 
ω0

2 RLsp
2  (Crx + δCrx) Crx

1 + ω0
2 RLsp

2  (Crx + δCrx)2  Lrx                                   (6.12) 

From (6.10) and (6.12), it’s easy to find that both ∆Lrxss and ∆Lrxsp_eq increase when 

δCrx increases, which means the receive and transmitter current phase differences of both SS and 

SP topologies will reduce when the receiver side resonant compensation capacitor Crx increases. 

That can help reduce the z-direction magnetic flux density and provides an access to reduce the 

air-gap region magnetic field. 

Under misaligned condition, when M changes to M + ∆M, the receiver and transmitter 

current ratio can be calculated by 



Irx

Itx ss
  = 

jω0(M + ∆M)

Rrx + RLss + jω0∆Lrxss
                                           (6.13) 



Irx

Itx sp
  = 

jω0(M + ∆M)

Rrx + RLsp_eq + jω0∆Lrxsp_eq
                                    (6.14) 

Due to the variation of M, and additional ∆Lrxss and ∆Lrxsp_eq, the current ratio will also 

change under misaligned condition. However, it should be noticed that the current phase 

differnece is not affected by the variation of M. 

A design example with conventional magnetic shield is evaluated. The winding radius is 

300 mm, the ferrite shield radius is 600 mm, a circular aluminum plate with radius 800 mm is 
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used to emulate the vehicle metal chassis. When the lateral misalignment is 200 mm, the 

reduction of M is 30%. The winding parameters are summerized in Table 6-5 

Table 6-5. Summary of winding parameters with conventional shield 

Ltx [μH] Rtx [mΩ] Lrx [μH] Rrx [mΩ] M [μH] (Aligned) Mmis [μH] (Lateral misalign: 200 mm) 

26.09 29.7 25.91 29.9 5.39 3.80 

Whether using series or parallel resonant compensation topologies at the receiver side, 

the required receiver side resonant compensation capacitor Crx is the same as 1/(ω0
2 Lrx). When 

Crx + δCrx varies from 1/(ω0
2 Lrx) to 2/(ω0

2 Lrx), the current ratio abs(Itx/Irx), Irx, current phase 

difference θ, and ηcoil with the same output power Pout = 3 kW are compared in Fig. 6-21. 
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Fig. 6-21. Current and efficiency comparison with different Crx + δCrx 

 As shown in Fig. 6-21 (a), when Crx + δCrx increases, the current ratio abs(Itx/Irx) 

increases for both compensation topologies, and the current ratio under misaligned condition is 
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about 50% higher than the aligned condition, which means the transmitter has to generate high 

magnetic field to support the same Pout. Besides that, abs(Itx/Irx) of the series topology is higher 

than that of the parallel topology when δCrx is above 0. 

According to Fig. 6-21 (b), when Crx + δCrx increases, Irx remains constant with series 

topolgogy since it’s the same as the load current, while Irx increases linearly with parallel 

topology. Besides that, there is no difference under aligned and misaligned conditions.  

Based on Fig. 6-21 (c), the parallel topology has wider current phase difference range, 

and θ remains the same for aligned and misaligned conditions. In Fig. 6-21 (d), the parallel 

topology ηcoil reduces faster than the series topology. However, it should be noted that it’s θ that 

affects the air-gap field distribution. When analyzing ηcoil, it should be corresponded to θ. The 

relationship between ηcoil and θ is plotted in Fig. 6-22. 
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Fig. 6-22. The relationship between ηcoil and θ 

 As shown in Fig. 6-22, with the same θ, the parallel topology ηcoil is not lower than the 

series topology ηcoil even under misaligned condition. Therefore, parallel resonant compensation 

topolog at the receiver side is better to maintain high ηcoil and low air-gap magnetic field even 

under misaligned condition. 

 Under aligned condition, when Pout = 3kW, the air-gap magnetic field distributions are 

compared in Fig. 6-23 with different δCrx using SS and SP compensation topologies. 
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(a) Air-gap magnetic field distribution using SS topology (δCrx = 0) 
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(b) Air-gap magnetic field distribution using SP topology (δCrx = 0) 
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(c) Air-gap magnetic field distribution using SS topology (δCrx = 0.06Crx) 
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(d) Air-gap magnetic field distribution using SP topology (δCrx = 0.015Crx) 

Fig. 6-23. Air-gap magnetic field distributions using SS and SP topologies (Aligned condition) 

 As shown in Fig. 6-23 (a) and (b), when δCrx = 0, compared with SS topology, SP 

topology can reduce Bagcppk from 649.54 μT to 587.63 μT by 9.5% with only a sacrifice of 

0.03% ηcoil. This result verified previous theoretical analysis. Bagcppk can be further reduced by 

increasing δCrx as shown in Fig. 6-23 (c) and (d). δCrx is tuned to 0.06Crx for SS topology and 
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0.015Crx for SP topology to achieve the minimum Bagcppk. If δCrx is further increased, the 

increase of Bx will lead to higher Bagcppk. Although after tuning δCrx, SS topology can achieve 

nearly the same Bagcppk as SP topology, the reduction of ηcoil in SS topology is 0.05% higher 

than the SP topology. This result verified that ηcoil with the receiver side parallel compensation 

is not lower than ηcoil with the receiver side series compensation, when θ is the same. 

 Under 200 mm lateral misalignment condition, when Pout = 3kW, the air-gap magnetic 

field distributions are compared in Fig. 6-24 with different δCrx using SS and SP topologies. 

δCrx is the same as the aligned condition to achieve the minimum Bagcppk. 
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(a) Air-gap magnetic field distribution using SS topology (δCrx = 0) 
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(b) Air-gap magnetic field distribution using SP topology (δCrx = 0) 
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(c) Air-gap magnetic field distribution using SS topology (δCrx = 0.06Crx) 
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(d) Air-gap magnetic field distribution using SP topology (δCrx = 0.015Crx) 

Fig. 6-24. Air-gap magnetic field distributions using SS and SP topologies (200 mm lateral 

misalignment) 

 As shown in Fig. 6-24, through increasing δCrx, Bagcppk of the receiver side series 

compensation can be very close to Bagcppk of the receiver side parallel compensation. However, 

the reduction of ηcoil in SS topology is higher than the SP topology. Therefore, SP topology is 

recommended due to low air-gap magentic field and low ηcoil reduction during active tuning. 

Compared with aligned condition, the minimum achievable Bagcppk under 200 mm lateral 

misalignment is 692.92 μT, which is 22.1% higher than the minimum achievable Bagcppk under 

aligned condition (567.48 μT). One reason is that the current ratio abs(Itx/Irx) increases nearly 

50% using SS and SP topologies, which leads to high magnetic field at the transmitter side. If the 

current ratio can be maintained close to 1 under misalignment, the transmitter side magnetic field 

can be reduced. It is a possible way to reduce the air-gap magnetic field. 

Impedance transformation network is necessary to transform the receiver side impedance 

to manipulate the current ratio, ηcoil may be reduced due to the migration from optimal load. 

LCC network is selected as an example. The system topology using LCC compensation network 

and its equivalent circuits are shown in Fig. 6-25. 
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(a) System toplogy using LCC compensation network 
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(b) Equivalent system toplogy using transformer T-model 
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(c) Simplified equivalent system toplogy using transformer T-model 
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(d) Equivalent system toplogy using transformer T-model and Norton conversion 
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(e) Simplified equivalent system toplogy using transformer T-model and Norton conversion 

Fig. 6-25. System topology using LCC network and its equivalent circuits 

The resonant relationships in LCC network are  

Lf1 = 
1

 Cf1 ω0
2 , Ltx = 

1

 Ctx ω0
2  + 

1

 Cf1 ω0
2 , Lf2 = 

1

 Cf2 ω0
2 , Lrx = 

1

 Crx ω0
2  + 

1

 Cf2 ω0
2      (6.15) 

 The load RL can be transformed into R’L by 

R’L = 
Lf2

Cf2 RL
 = 

ω2
0L 2

f2

RL
                                                   (6.16) 

 From the load transformation relationship, when RL is 0, R’L is ∞, which acts like open 

circuit. When RL is ∞, R’L is 0, which acts like short circuit. It should also be noted that the LCC 

network can be transformed into series compensation as shown in Fig. 6-25 (c). R ’L can be 

optimized to the optimal load RLss of SS toplogy to achieve higher ηcoil with the same RL, such 

as the optimal load RLsp of SP toplogy. 
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The transmitter and reciver current ratio can be calculated as 

Itx

Irx
  = 

Rrx + R ’L

jω0M
                                                          (6.17) 

It’s well-known that there can’t be no load (RL can’t be 0 or ∞) in SS and SP topologies. 

Otherwise, the transmitter side will act like short circuit, the inverter is shorted by the transmitter 

winding and its compensation capacitor. However, when LCC compensation network is used, 

there can be no load due to the current source input property. 

Following above analysis, two design directions can be adopted to achieve low air-gap 

magnetic field and high ηcoil. One desgin direction is manipulating the transmitter and reciver 

current ratio, another design direction is regulating the value R’L close to RLss. 

If the transmitter and reciver current ratio abs(Itx/Irx) is set as 1 under 200 mm lateral 

misalignment (Mmis = 0.7M), then the required R’L can be calculated from (6.17) as 

abs(Itx/Irx) = 






Itx

Irx
  = 







Rrx + R ’L

jω0Mmis
 = 1, R’L = 

ω2
0L 2

f2

RL
  = ω0Mmis – Rrx           (6.18) 

The load RL is maintained as RLsp under aligned condition 

RL = RLsp = 
Rtx ω0

4
 Lrx

4

Rrx M
2
 ω0

2
 + Rtx Rrx

2
 
                                    (6.19) 

Combining (6.18) and (6.19), the required Lf2 can be calculated as 

Lf2 = 
(ω0Mmis – Rrx) RLsp

ω0
                                            (6.20) 

In order to achieve high ηcoil under misaligned condition, the required R ’L can also be set 

as the optimal RLss under misalignment 

R’L = 
ω2

0L 2
f2

RL
  = RLss_mis = Rrx

2  + 
Rrx

Rtx
 ω0

2 Mmis
2                           (6.21) 

If RL is also maintained as RLsp under aligned condition, then the required Lf2 is 

Lf2 = 
RLss_mis RLsp

ω0
                                                (6.22) 
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 Comparing (6.20) and (6.22), there is no big difference between these two design 

directions if ω0Mmis – Rrx is very close to RLss_mis, which is ture for the given design example. 

In the given design example ω0Mmis – Rrx = 2.36 Ω, while RLss_mis = 2.40 Ω. 

 In the following analysis, higher ηcoil is selected as priority. (6.22) is used to calculate 

Lf2. Then the required Cf2 and Crx can be calculated based on (6.15). The transmitter side 

compensation components are set the same as the receiver side to simplify the design effort. The 

component parameters for LCC network are summarized in Table 6-6. 

Table 6-6. Summary of parameters for LCC compensation network 

Lf1 [μH] Cf1 [nF] Ctx [nF] Lf2 [μH] Cf2 [nF] Crx [nF] 

21.68 116.83 598.51 21.68 116.83 598.51 

According to Fig. 6-25 (d), the receiver side Lrx is compensated by series connected Cf2 

and Crx together. The required capacitance to compensate Lrx is 97.75 nF. Increasing Crx can 

reduce the current phase difference as SS topology. Compared with SS topology, the benefit 

using LCC network is that the resonant frequency will be shifted smaller with the same 

increment of Crx, which can bring smaller reduction of ηcoil. It’s easier for implementation. 

Under 200 mm lateral misalignment condition, when Pout = 3kW, the air-gap magnetic 

field distribution using LCC network is shown in Fig. 6-26. 
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Fig. 6-26. Air-gap magnetic field distribution using LCC network when δCrx = 0 

 As shown in Fig. 6-26, the magnetic field distribution around the transmitter and receiver 

windings are nearly the same due to the current ratio manipulation using LCC network. 

However, compared with SP topology, Bagcppk is increased from 716.39 μT to 768.34 μT by 

7.3%. Fortunately, Bagcppk,x is reduced from 411.73 μT to 339.95 μT by 17.4%, which gives 
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access to reduce by Bagcppk tuning Crx. In addition, ηcoil is increased to 97.52%. When Crx + 

δCrx is increased to 1.5 Crx and Pout = 3kW, the air-gap magnetic field distribution under 200 

mm lateral misalignment is shown in Fig. 6-27. 
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Fig. 6-27. Air-gap magnetic field distribution using LCC network when δCrx = 0.5 Crx  

 As shown in Fig. 6-27, after increasing δCrx to 0.5 Crx, Bagcppk is reduced from to 768.34 

μT to 643.86 μT by 16.2%, which is nearly the same as SS topology under aligned condition. 

Besides that, ηcoil is maintained higher than SS and SP topologies under misalignment. 

 The magnetic field distribution and ηcoil under SS, SP and LCC-LCC with different δCrx 

under 200 mm lateral misalignment are compared and summarized in Table 6-7. 

Table 6-7. Magnetic field distribution and ηcoil under SS, SP and LCC-LCC with different δCrx 

 SS SP LCC-LCC 

δCrx / Crx 0 0.06 0 0.015 0 0.5 

Bagcppk [μT] 791.66 710.52 716.39 692.92 768.34 643.86 

Bagcppk,x [μT] 403.91 432.81 411.73 417.36 339.95 387.5 

ηcoil [%] 97.37 97.28 97.37 97.35 97.52 97.39 

 From Table 6-7, using LCC resonant compensation topology can achieve the lowest 

Bagcppk while maintaining high ηcoil. 

6.6 Summary 

In this chapter, the performance under misaligned condition is first analyzed. Reactive 

power at the transmitter side reduces the output power capability due to primary current phase 

delay. The output power capability can be improved by reducing the primary side resonant 

compensation capacitance using capacitor and inductor active tuning methods. Conventional 

capacitor active tuning method leads to lower DC-to-DC efficiency due to high switch 
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conduction loss. Developed low loss capacitor and inductor active tuning methods can highly 

reduce the switch conduction loss and improve the DC-to-DC efficiency. Improved gate signal 

generation method can correct the current phase delay automatically.  

Although the transmitter side reactive power can be compensated, SS and SP topologies 

will lead to the increase of transmitter side magnetic field and the whole air-gap magnetic field. 

The air-gap magnetic field can be reduced by using current phase difference θ manipulation 

method and tuning the transmitter and receiver current ratio. The receiver side resonant 

compensation capacitor can be increased to reduce θ and the air-gap magnetic field with a little 

sacrifice of the coil-to-coil efficiency ηcoil. It is also found that with the same θ, the parallel 

topology ηcoil is not lower than the series topology ηcoil even under misaligned condition. 

However, the transmitter and receiver current ratio can’t be manipulated by SS or Sp topologies. 

Through tuning the compensation parameters in LCC network, the current ratio can be 

configured. Combining with the phase manipulation method, the air-gap magnetic field can be 

reduced while maintaining high ηcoil. 
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Chapter 7  Conclusions, Contributions, and 

Proposed Remaining Work 

7.1 Research conclusions 

The following list summarizes the key new conclusions reached via this research. 

7.1.1 Analytical modeling of the air-gap magnetic and electric fields 

• Compared with rectangular, square, double-square, and double-D windings, circular winding 

can achieve the lowest air-gap magnetic and electric fields, and highest efficiency. 

• The air-gap center plane peak magnetic flux density (Bagcppk) of aligned air-core WPT coils 

is not always located at the air-gap center plane central point due to the leakage flux. 

• The air-gap center plane peak electric field intensity (Eagcppk) is independent of the coil 

terminal clearance in loosely coupled inductive WPT system. 

• Placing the transmitter coil terminal and the receiver coil terminal at opposite positions can 

balance the air-gap electric field distribution. 

7.1.2 Multi-kW loosely coupled inductive WPT system design methodologies 

• The maximum achievable coil-to-coil efficiency (ηcoil) is fundamentally determined by the 

efficiency factor ω2M2/(RtxRrx). 

• The general design variables are identified in sequence as operating frequency f0, transfer 

distance dag, winding radius rw, number of turns Ntx & Nrx, and inter-turn distance dint. 

• ηcoil can be improved by increasing f0, reducing dag, increasing rw, increasing Ntx or Nrx, or 

reducing dint (within a finite range where the skin and proximity effects are not dominant). 

• Bagcppk can be reduced by increasing f0, increasing dag, increasing rw, reducing Ntx or Nrx, 

or reducing dint. 

• Eagcppk can be reduced by reducing f0, increasing dag, reducing rw, reducing Ntx or Nrx, or 

increasing dint. 



331 

• ηcoil can be improved by using winding configurations with low copper and dielectric losses. 

• Bagcppk can be reduced by flux shaping techniques and current phase manipulation method. 

• Bagcppk and Eagcppk can be reduced simultaneously with “I” type shielding technique while 

maintaining ηcoil. 

7.1.3 Low copper loss, low dielectric loss, and low spatial voltage stress 

winding configurations  

• The dielectric losses can be reduced by using low loss materials, by increasing the equivalent 

dielectric resistance, and by reducing the spatial voltage stress.  

• Emulating the 3D printed SSW by using copper tubing, a large spatial clearance can be 

obtained to reduce the copper loss, the dielectric loss, and the spatial voltage stress. 

• By adding another conductor in parallel, the surface spiral parallel winding can be designed 

to reduce ESR and maintain mutual inductance, thereby improving the efficiency. 

• By twisting two parallel windings in opposite direction, the surface spiral antiparallel 

winding can be designed to equalize the spatial voltage stress and maintain low ESR.  

7.1.4 Magnetic shielding design methodologies for low air-gap B&E fields  

• Adding magnetic shields below the transmitter and above the receiver has a negligible effect 

on Eagcppk, but increases Bagcppk by around 7%. 

• Adding copper rings along the winding periphery can reduce the leakage flux nearly 9% by 

canceling it in the return path, with close to 0.3% reduction of ηcoil due to eddy current loss. 

• Adding a soft magnetic piece at the winding center can reduce the leakage flux nearly 14% 

by providing a shorter flux return path and maintain ηcoil due to improved mutual coupling. 

• The “I” type magnetic shield can shape the magnetic flux path to reduce Bagcppk up to 60% 

without degrading the mutual coupling and ηcoil. 

• The “I” type magnetic shield can effectively reduce the air-gap electric field up to 60% by 

confining the electric field within the shielding structure instead of decaying in the air-gap. 
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• The “I” type shielding structure general design variables are identified in sequence as initial 

winding parameters, especially rw, outer ferrite radius rout, and inner ferrite radius rin. 

• The “I” type shielding structure performance metrics are identified as ηcoil and maximum 

power transferred through the air-gap within safety standard Pagm. 

• With “I” type magnetic design, ηcoil can be improved by increasing rout, or reducing rin. 

• When rin is smaller than rout, the “I” type magnetic design Pagm increases linearly as the rin 

increases. In addition, Pagm is nearly the same for designs that have same rin and rw. 

• When rin is close to rout, the “I” type magnetic design Pagm reduces slightly as rin increases. 

• The “I” type magnetic shield can be optimized with reduced mass by only keeping the 

important shielding part that can shape the magnetic flux and confine the electric field.  

• Hollow “I” type magnetic shield can be used to reduce the ferrite usage by nearly 70% 

without degrading the air-gap B&E field distributions, and ηcoil. 

• Ferrite blocks with a small gap between each block can be used to replace the ferrite plate 

with very little sacrifice of air-gap field distributions and ηcoil. 

• The inner ferrite above the winding should be kept to maintain the air-gap field distributions, 

while segments of the ferrite below the winding can be removed to reduce ferrite usage. 

7.1.5 Power scaling law within safety standard 

• The maximum output power within safety limits Pmout is dominated by f0, the area enclosed 

by the coil A0, and dag. 

• Pmout is proportional to equivalent mutual inductance (M/(Ntx Nrx)) and f0. 

• The ratio of Pmout to A0 is nearly the same for the circular, square, and rectangular windings. 

• When f0 increases, Pmout within electrostimulation safety limit first increases, limited by the 

magnetic field, then it decreases limited by the electric field. 

• The reduction rate of Bagcppk due to the increase of f0 is lower than the reduction rate of the 

tissue heating safety limit. 
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• Higher Pmout can be achieved through increasing rw, reducing N, or increasing dag. 

• When the number of turns increases, planar spiral winding Pmout reduces due to the reduction 

of equivalent mutual inductance. 

• When the number of turns increases, SSW can maintain the equivalent mutual inductance 

and Pmout with higher ηcoil due to low copper loss. 

• When rw increases, the air-core winding Pmout first increases quadratically, then increases 

linearly. 

• Increasing the magnetic shield size of the conventional magnetic design has negligible effect 

on Pmout, which is about 35% lower than air-core winding. 

• The “I” type magnetic design Pmout can be improved by increasing rw, rin, or rout within a 

finite range. 

• When rin is smaller than rout, the “I” type magnetic design Pmout increases linearly as the rin 

increases. In addition, Pmout is nearly the same for designs that have same rin and rw. 

• When rin is close to rout, the “I” type magnetic design Pmout reduces slightly as rin increases. 

• When rin is close to rw, the “I” type magnetic design can achieve the same Pmout as the air-

core winding. 

• No additional cooling is required, since the temperature increase is less than 6 °C with “I” 

type shielding design when transferring 10 kW based on the developed power scaling law. 

7.1.6 Tunable matching network for operation under misalignment 

• Under misalignment, the transmitter current has phase delay, which reduces the output power 

capability and can be compensated by reducing the transmitter compensation capacitance. 

• Conventional α → π capacitor tuning method can pull the current phase delay back to reduce 

the reactive power and improve the output power capability by more than 10%. 

• Conventional α → π capacitor tuning method can reduce the DC-to-DC efficiency due to 

high conduction loss in the tuning switch, that is almost equal to the inverter conduction loss. 
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• In the conventional α → π capacitor tuning method, the tuning switch gate signal is aligned 

with current, which is difficult to implement under misalignment due to current phase delay. 

• In the improved α → 0 capacitor tuning method, the tuning switch gate signal is aligned with 

inverter gate signal, which can automatically correct the current phase delay. 

• The improved α → 0 capacitor tuning method can improve the output power capability to be 

the same as the conventional one with ultra-low tuning switch conduction loss. 

• In the conventional α → π inductor tuning method, the tuning switch gate signal is aligned 

with voltage, which is difficult to implement under misalignment due to voltage phase delay. 

• In the improved α → π inductor tuning method, the switch gate signal is aligned with the 

inverter gate signal with a 90° phase delay, which is easy to implement and has a current 

phase delay automatic correction property. 

• The improved α → π inductor tuning method can achieve the lowest tuning switch losses 

with high reliability due to inductor high voltage and current ratings. 

7.1.7 Active compensation design method to manipulate the air-gap magnetic 

field 

• Reducing the transmitter and receiver current phase difference θ can reduce the z-axis flux 

density Bz, but increase the radial-axis flux density Br. 

• Through reducing θ, Bagcppk can be reduced by nearly 10%, with less than 0.05% reduction 

of ηcoil under aligned and misaligned conditions. 

• θ can be reduced by increasing the receiver side resonant compensation capacitor Crx for SS 

and SP topologies. 

• Compared with SS topology, SP topology can achieve lower Bz due to inherently smaller θ. 

• With the same θ, SP topology ηcoil is not lower than SS topology ηcoil under aligned and 

misaligned conditions. 

• Under aligned and misaligned conditions, θ remains the same if other settings are the same. 
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• During misalignment with SS and SP topologies, the transmitter and receiver current ratio 

increases, which leads to the increase of transmitter side magnetic field. 

• Using LCC compensation network at the receiver side, the transmitter and receiver current 

ratio can be reduced by decreasing L in the LCC network to control the air-gap B-field. 

• Using LCC compensation network at the receiver side, θ can be reduced by increasing the 

capacitor in series with receiver winding to control the air-gap B-field. 

• Using LCC compensation network at the receiver side to regulate the current ratio and phase 

difference, Bagcppk can be reduced by ~16% under aligned condition while maintaining ηcoil. 

7.2 Research contributions 

The following list summarizes the key contributions made by this research. 

7.2.1 Developed a general, scalable loosely coupled inductive WPT system 

design methodology 

• Developed fast converging air-gap magnetic (B) and electric (E) fields analytical models and 

verified using FEA. 

• Developed a closed-form system analytical model that captures the effects of general design 

variables on air-gap B&E fields and power transfer efficiency and verified using simulation. 

• Identified the trends between relevant performance metrics and loosely coupled inductive 

WPT system key design variables to give general design guidelines. 

• Developed low copper loss and low dielectric loss winding configurations and verified using 

FEA and experimental tests. 

• Developed low loss active and passive shielding design methodologies to achieve low air-gap 

B&E fields while maintaining high power transfer efficiency and verified using FEA. 

• Developed power scaling laws with air-gap B&E fields satisfying the safety standard. 

• Developed inherently low air-gap B&E fields, and high efficiency design even under 

misalignment conditions using the design methodology developed in this research. 
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7.2.2 Developed low copper and dielectric losses winding configurations 

• Developed a copper tubing SSW winding design to simultaneously achieve low spatial 

electric field, low skin effect and proximity effect copper losses, and low dielectric loss. 

• Developed a surface spiral parallel winding configuration to further reduce the copper loss 

and the dielectric loss, thereby increasing the coil-to-coil transfer efficiency. 

• Developed a surface spiral antiparallel winding configuration to equalize the spatial voltage 

stress between adjacent turns, thereby improve the power scalability, while maintaining low 

dielectric loss and low copper loss. 

7.2.3 Developed low loss passive shielding design methodologies 

• Developed low eddy current loss copper ring shielding structure to reduce the leakage flux by 

canceling it in the return path. 

• Developed a flux shaping design by adding a soft magnetic piece at the coil center to reduce 

the leakage flux by providing a shorter flux return path and improve the mutual coupling. 

• Developed an “I” type magnetic shield configuration to shape the leakage flux return path 

and confine the electric field to effectively reduce the whole air-gap region B&E fields. 

• Identified the relation between performance metrics, such as air-gap B&E fields and power 

transfer efficiency, and key design variables of the “I” type shielding. 

• Developed “I” type shielding structure optimized design with nearly 70% reduction of ferrite 

usage without degrading the air-gap B&E field distributions and efficiency. 

• Developed “I” type shielding structure power scaling law within safety standard and 

demonstrated with a 10kW design example. 

7.2.4 Developed low loss tunable matching network 

• Identified the limitations of conventional α → π capacitor active tuning method. 

• Developed α → 0 capacitor active tuning technique to reduce the reactive power and improve 

output power capability during misaligned condition with a very small sacrifice of efficiency. 
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• Developed α → π inductor active tuning technique to reduce the reactive power and improve 

output power capability during misaligned condition with a very small sacrifice of efficiency. 

• Developed easy-to-implement tuning switch gate signal generation methods for capacitor and 

inductor active tuning techniques, which can automatically correct the current phase delay. 

7.2.5 Developed active transmitter and receiver current phase difference and 

current ratio tuning methods to manipulate the air-gap magnetic field 

• Identified the relationship between the transmitter and receiver current phase difference and 

performance metrics, such as air-gap B&E fields and efficiency, and verified using FEA. 

• Developed receiver side compensation capacitor tuning method to manipulate the current 

phase difference and reduce the air-gap magnetic field even under misaligned condition. 

• Developed LCC compensation network parameter tuning method to adjust the current ratio to 

manipulate the air-gap magnetic field distribution. 

• Developed LCC compensation network parameter tuning method to adjust the current phase 

difference to manipulate the air-gap magnetic field distribution. 

7.3 Recommended future work 

Following the research that has been done, the recommended future work is presented. 

• Investigation of closed-loop control strategies with high Q tunable matching network  

In this research, low loss active tuning method is developed to compensate reactive 

power and manipulate current phase differnence. Reducing the total loss of the active tuning 

method can further improve the quality factor of the tunable matching network. 

In the real world, the winding parameters, such as self-inductance and ESR, and the 

compensation capacitors can change due to various reasons. That can cause the migration of the 

resonant frequency and operating point, then reactive power and field distribution change are 

unavoidable. High Q tunable matching network is beneficial for high power transfer efficiency 

and closed-loop control design. It’s recommended to investigate method to improve the quality 
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factor of the tunable matching network and develop closed-loop control strategies to ensure 

output power capability, power transfer efficiency, and air-gap B&E fields within safety standard 

even under misaligned condition. 

• Experimental evaluation of “I” type field shaping design 

In this research, “I” type field shaping design is developed to reduce air-gap B&E-fields 

significantly without mitigating the power transfer efficiency. Loss and thermal distribution FEA 

analysis showed that no additional cooling technique is required for the winding and ferrite 

shielding due to relatively small temperature increase. In addition, following the developed 

power scaling law, low magnetic and electric fields can be achieved inherently. That won’t cause 

magnetic saturation. Magnetic material performance, such as permeability and permittivity, will 

remain nearly the same during operation. It’s recommended to evaluate the magnetic material 

properties and the performance of “I” type field shaping design experimentally. 

• Investigation of winding position self-sensing technique 

In this research, methods to mitigating the reactive power and variations of magnetic field 

distribution and amplitude during unavoidable misalignment are developed. In order to maintain 

high power transfer efficiency, high output power capability, low reactive power and low air-gap 

B&E-fields, it’s recommended to develop winding position self-sensing technique, which can be 

combined with EV auto-parking function to reduce misalignment. 

• Investigation of low loss online tunable LCC compensation network  

In this research, it’s identified that through tuning the LCC compensation network 

parameters, the load equivalent impedance can be regulated, and the air-gap magnetic field can 

be manipulated, even under misaligned condition. Low loss online tunable LCC compensation 

network will provide an access to regulate the load equivalent impedance and the air-gap field 

distributions without interruption. 
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• Investigation of system control strategies with well-behaved transient field distributions 

There is power overshoot when the system starts very quickly from low power level to 

high power level. A feasible transient trajectory is necessary to ensure that the transient magnetic 

and electric field distributions are within the safety limit during the startup process. 

• Investigation of alternative flux shaping magnetic shield structures 

The proposed “I” type shielding structure is very effective to shape the magnetic flux 

path. However, it would be beneficial to have alternative flux shaping techniques to further 

reduce the leakage field and improve the output power capability within the safety limits. 
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